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Summary
In modern information technology, increasingly powerful electronic circuits are required for the
targeted generation of complex signals with well-defined amplitudes and phases. In circuits of this
type, oscillators frequently form the central element because of its phase noise and stability, which
essentially determines the achievable precision in the signal generation. Further requirements are
derived from the electronic definability of the signal properties and the operational behavior of the
oscillators. Conventional oscillator circuit models autonomous circuits, mainly consist of a passive
frequency-selective or phase-selective network and an active amplifier element, which together
produce an oscillatory circuit via a suitable feedback. At first glance, the circuit topology seems to be
quite simple and can often be explained quite visibly. However, when it comes to describing in
particular the very important phase noise dynamics and stability of oscillators, it very soon becomes
apparent that highly complex structures are involved. A fundamental difficulty in the theoretical
description arises due to the non-linear behavior of oscillators, the understanding of which is crucial
for a reliable description of jitter and oscillator phase noise. The resonant condition of oscillators
arises due to the fact that the noise in the oscillator circuit is always present in the system for T > 0
degree Kelvin, which is amplified in a frequency-selective manner to the extent that a stable oscillation
arises at most at a fixed frequency because of non-linear limitation of the amplification. The frequency
selectivity arises due to the frequency selectivity or phase selectivity of the mainly passive feedback
path. The non-linear limitation of the amplification in the oscillator normally results in a very reliable
control of the amplitude noise of the output oscillation. It is well understood that any particular
oscillator’s phase noise could be improved by increasing the generated signal amplitude or increasing
the quality factor of the resonant network. Increasing the signal level is limited by the utilized supply
voltage or the break down limits of transistors and cannot be increased further to improve the phase
noise. Accordingly, the remaining phase noise, which can normally be minimized via resonating
circuits with pronounced phase selectivity and therefore a high quality factor resonator, is of great
importance for oscillators. Traditional high Q-factor resonators (ceramic resonator, surface acoustic
wave, bulk acoustic wave, dielectric resonator, YIG resonator, Whispering gallery mode resonator,
Optoelectronic resonator, etc.) are usually 3-dimensional structures and bulky for both handheld and
test-measurement equipments and does not offer integration using current foundry technology. The
4th generation wireless communication market is pushing the need for miniaturization to its limits.
Printed coupled transmission line resonator is a promising alternative due to its ease of integration
and compatibility with planar fabrication processes but limited by its large physical size and low
quality factor, making it a challenging choice to design low phase-noise oscillators. This problem is
more prominent in integrated circuits (ICs) where high degrees of thin conductor losses reduce the
quality factor by orders of magnitude compared to hybrid circuit technologies.
This thesis describes the design and investigation of a variation of printed resonators using Möbius
slow-wave structures for the applications in oscillator circuits. A novel Möbius slow-wave modecoupled structure offers additional degrees of freedom (higher Q-factor and multi-band
characteristics) as compared to conventional transmission line printed resonators. A design study has
been carried out to optimize the phase noise performance by using the novel resonant structures
(mode-coupled, slow-wave, Möbius strips, evanescent mode, negative index metamaterial) in
conjunction with mode coupling, and injection locking for improving the overall performances, beyond
the limits imposed by conventional limitations. The thesis also covers a broad spectrum of research on
DRO and OEO ranging from practical aspects of circuit implementation and measurement through to
sophisticated design and the modeling of complex circuits and resonator structures. This thesis is
research work carried out from 2004-2014, organized in 11 chapters, theoretical and experimental

iii

results documented by a range of specific measurement results and substantiated by over 150
publications in scientific conferences and over dozen patents approved, which are listed below:
1. Metamaterial Resonator Based Oscillators, US Patent applications No. 61976185, April 2014
2. BALUN, US Patent applications No. 61976199, April 2014
3. Integrated production of self injection locked self phase loop locked Opto-electronic Oscillators, US
Patent application no. 13/760767 (Feb 06, 2013).
4. User-definable, low cost, low phase hit and spectrally pure tunable oscillator, European Patent No. 1
783 893 - January, 9, 2013
5. Self Injection Locked Phase Locked Looped Optoelectronic Oscillator, US Patent application No.
61/746, 919 (Dec 28, 2012).
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- October 5, 2012
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Chapter 1
Introduction
1.1
Abstract
The current generation radio communication market has been experiencing tremendous
growth and will continue to do so in the next decade. Future radio communication units will
require higher speed for faster data transmit rate, higher operating frequency to accommodate
more channels and users, more functionality, light weight, lower power consumption, and low
cost. Oscillators are vital components of any radio frequency (RF) communications system. They
are necessary for the operation of phase-locked loops commonly used in frequency
synthesizers and clock recovery circuits, and are present in digital electronic systems, which
require a reference clock signal in order to synchronize operations. Phase noise is of major
concern in oscillators, as it affects adjacent channel interference and bit-error-rate, ultimately
limiting the overall performance of communication systems. In general, an oscillator’s phasenoise determines the overall communication system’s capability and places inflexible
requirements on the performance of other transceiver modules.
The oscillator theory is complex and mystifying. It is still an open issue despite significant
gains in practical experience and modern CAD tools for design. To this end, the oscillator noise
theory, on how the resonant circuit builds the transient and stable resonance condition,
resonator structure, active device noise mechanism, optimum drive level and conduction angle,
the nature of signals generated, and the effect of flicker noise are often considered as research
topics. Rohde [1] has formulated a unified noise equation for predicting the phase noise within
reasonable degree of accuracy for a given resonator Q-factor and circuit operating condition.
However, improving the resonator Q-factor is a challenging task under the given constraints of
planar and integrable solutions in miniaturized size and cost. The design of a low noise octaveband VCOs is challenging and difficult because maintaining uniform Q of the resonator/tuning
network for wideband is a complex phenomenon. It is a major challenge to find ways to realize
low phase noise with low Q-factor components at a higher operating frequency that supports
multi-octave-band tunability. This thesis describes the design and investigation of a variation of
printed resonators using Möbius slow-wave structures for the applications in tunable low phase
noise oscillator circuits, including design basis of optical fiber delay resonator based Optoelectronic Oscillators. A novel Möbius slow-wave mode-coupled structure offers additional
degrees of freedom (higher quality factor, multi-band characteristics, compact size, and phasehits insensitivity) as compared to conventional transmission line printed resonators.
1.2
Motivation
The need for miniaturization of signal sources for application in modern communication
systems has presented new challenges to the design of high quality factor compact resonators.
The miniaturization of electronic components has received a lot of attention in the last decades
due to the rapid development of the telecommunication industry. Traditional high Q-factor
resonators (ceramic resonator, dielectric resonator, YIG resonator, Whisper gallery mode
resonator, Optoelectronic resonator, etc.) are usually too heavy and bulky for the both
7

handheld and test-measurement equipments and does not offer integration using current
foundry technology. The 4th generation wireless communication market is pushing the need for
miniaturization to its limits. Printed coupled transmission line resonator is a promising
alternative due to its ease of integration and compatibility with planar fabrication processes but
is limited by its large physical size and low quality factor, making it a challenging choice to
design low phase-noise oscillators. This problem is more prominent in integrated circuits (ICs)
where high degrees of thin conductor losses reduce the quality factor by orders of magnitude
compared to hybrid circuit technologies.
Different techniques have been developed to achieve miniaturization of printed resonators,
such as negative index resonator network, Möbius coupled resonator network, and slow wave
mode-coupling methods using capacitively loaded transmission lines (CLTL) [2]. The CLTL
concept has been explored to reduce the size of printed coupled resonator circuits for low cost
high performance signal source solutions [3]. The research work done is towards developing
mode-coupled slow-wave metamaterial resonator (MCSWMR) topology for multi-band multimode resonance condition for switchable band modern radio architecture. In multi-band multimode radio architectures, a number of local oscillator (LO) frequencies are required in order to
process the information in various frequency bands. Since oscillators consume a substantial
part of the IC chip area, and battery power the design approach of slow-wave resonator based
tunable multi-band multi-mode injection-locked oscillator offers concurrent multiple
frequencies with the user having an option of choosing a frequency or combination of them
that eliminate the need of lossy switches for switching the frequency band, thereby improves
the throughput. Various techniques, such as switching between VCOs for separate bands,
utilizing inter-modal multiple frequency, using switched resonators for band selection have
been proposed in past for the realization of multi-octave-band oscillators. But these result in
large size of the circuit, current hungry, narrow band, and poor phase noise performances.
Switched inductors or capacitor banks suffer from the resistive and capacitive parasitics
associated with the switches [4].
1.3
Problem Statement
The definition of problem undertaken in this research work is to investigate the complex
resonant structures (mode-coupled, slow-wave, Möbius strips, evanescent mode, negative
index metamaterial), including active and high-order resonant circuits, capable of overcoming
the limited quality-factor of current planar hybrid and IC fabrication technologies. The research
described here explores a different novel topology for both narrowband (<5% tuning) and
wideband oscillators (>50% tuning), including the optimization of the performance for low
phase-noise signal source applications. The proposed methods can be applied and suited for
miniaturized low phase-noise voltage controlled-oscillator solutions at microwave and mmwave frequencies using hybrid or integrated circuit fabrication technologies.
Furthermore, this work examines systems of coupled oscillators using N-push/push-push
configuration in conjunction with slow-wave planar resonator networks, and points out the
realization of integrated SiGeHBT/GaAsHBT based MMIC solutions at higher frequencies (2-40
GHz). For millimeter wave application, the active devices are often pushed near to their physical
limits of operation, resulting in degraded noise performance of the integrated oscillator/VCOs
circuit. The N-push/push-push oscillator basically enhances the even mode harmonics and
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suppresses the odd mode output, doubling the frequencies, so higher oscillating frequencies
can be obtained beyond the limitation caused by the cut-off frequency of the available three
terminal active devices and the tuning diodes. The monolithic VCO implementations suffer from
poor phase noise performance partly due to the low quality factor Q of the resonator networks.
A design study has been carried out to optimize the phase noise performance by incorporating
the N-push/push-push approach to compensate for the low Q-factor in the integrated VCO
implementation.
1.4
Definition of the Task and Oscillator Figure of Merit (FOM)
Tunable oscillators are considered as most important RF module, used in portables and test &
measurement equipments (spectrum analyzers, frequency sweepers, network analyzers, etc.).
The demand of broadband oscillators is increasing in modern communication systems for
enabling 4G features. Frequency domain test and measurement systems pose design challenges
for wideband VCOs design due to the constraint of size, cost, power-consumption, and phase
noise performance. The phase noise performance of the oscillator is very critical, and it is the
governing figure of merit for overall system performances. The challenge is to build an ultra
low phase noise signal source; but the difficulties related with measurement of low phase noise
oscillators using modern phase noise measurement equipments are paramount. Chapters 3 & 4
are dedicated for oscillator phase noise dynamics and phase noise measurement related issues
with concluding remarks about the noise model and measurement techniques.
The monolithic VCO implementations suffer from poor phase noise performance partly due to
the low quality factor Q of the printed resonator at high frequencies. It is a common-practice to
design oscillators using single resonators. However, in this case, the achievable oscillator Q is
determined and limited by the resonator technology used. In particular, planar resonators
suffer from excessive conductor and substrate losses limiting their achievable quality-factor.
Therefore, conventional low phase-noise oscillator design techniques rely on reducing the
losses in single resonators by manipulating their circuit designs and layouts. A design study has
been carried out to optimize the phase noise performance by incorporating the resonant
structures (mode-coupled, slow-wave, Möbius strips, evanescent mode, negative index
metamaterial) for high performance signal source applications.
It will be investigated as to how the Q-factor of resonator can be improved, and identifying
the effects that limit the tuning range, which leads to the development of the several
electromagnetic coupling scheme towards improving the phase noise performance. The
objective is to realize low cost, tiny and high performance signal sources using novel planar
resonator oscillator for the applications of current and later generation communication
systems. Several design examples are discussed in Chapters 5-11 for the validation of the new
approaches based on the following tasks listed as follows:






general closed form expression for quality factor of active and passive resonators
exploring architecture of high quality factor slow-wave planar resonator
exploring architecture of Möbius strips planar resonator for low phase noise
exploring architecture of metamaterial resonator for multi-band operation
exploring architecture multi-mode multi-band VCOs operation
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This dissertation deals with the design, fabrication, and testing of various wideband VCOs
using slow-wave multi-coupled resonators based oscillators. A miniaturized printed coupled
transmission line resonator using slow wave structure is developed and the methodology for
obtaining high quality factor resonator is discussed. The new resonator structure is
characterized for various oscillator topology using metamaterial resonators.
The tunable oscillators considered in this work are based on the commercially available
discrete Si and SiGe HBTs using abrupt and hyper abrupt varactor diodes for wideband tuning.
The manufacturers S-parameters data available for the transistor is valid for small-signal cases
but oscillator circuits are large signal circuit operations. As most designers do not have
elaborate and expensive equipment for device parameter extraction, the large signals Sparameters are generated using a synthesis-based approach. The high performance oscillators
proposed in this thesis offers significant improvement in figure of merit (FOM) for a given phase
noise, tuning range, and power consumption. A spot phase noise number is difficult to
compare, unless it is compared at the same frequency offset from the carrier and the same
carrier frequency for a given tuning range and output power. Comparing oscillators operating at
different frequencies, tuning range, and output power levels, a figure of merit (FOM) with a
single number has long been desired. In order to make a fair comparison of performances of
VCOs (voltage-controlled oscillators) at different operating frequencies are given by FOM
(figure-of-merit) in (
|

) and PFTN (power-frequency tuning-normalized) in dB, defined as [5]
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is the oscillation frequency, (
) is the phase-noise at the offset frequency
, k is the Boltzmann constant,
is tuning range, T is temperature in
Kelvin, and
is the total consumed DC power in milli-watts. From [5], larger values of
|
| ( ) and
(dB) values relates to superior oscillators. From (1.1) and (1.2), the
FOM for integrated phase noise in dBc from 1 kHz to 1 MHz can be given by
|
where
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where

The novel Möbius coupled slow wave resonator based X-band oscillator proposed in the
thesis (Chapter-10) allows for the design of oscillator with state-of-the-art phase-noise
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performance, close to the phase-noise of the expensive high Q-factor DROs (shown in Table
1.1), while providing compact and planar structures compatible with hybrid and integrated
circuit fabrication technologies. Table 1.1 shows the state-of-the-art oscillators using different
fabrication technologies for comparative analysis. Table 1.2 shows the printed resonator based
oscillators for comparative analysis. Table 1.3 shows the comparative analysis for tunable
voltage controlled oscillator circuits based on FOM (figure-of-merit) in ( ) and PFTN (powerfrequency tuning-normalized) parameters. As shown in Tables 1.1, 1.2, and 1.3, this work
shows superior FOM and PFTN performance of tunable voltage controlled oscillators (VCOs)
compared to published result to date for a given class and topology [6]-[31].
Table 1.1 Comparison of High Q resonator based oscillator circuits performance and this work
DC-RF
Efficiency

Reference

Oscillator

Technology

ref [6]
ref [7]
ref [8]
ref [13]
This work
Ch-4: Fig. 4-23
This work
Ch-9: Fig. 9-21

DRO
DRO
DRO
DRO

Non Planar
Non Planar
Non Planar
Non Planar

23.8
6.7
8
25.9

3.3
14
14.5
6.5

3.4%
3.1%
2%
3.4%

OCXO

Non Planar

0.1

15

11.2%

DRO

Non Planar

10

11

This work
Ch-9: Fig. 9-28

DRO

Planar Hybrid

10.24

This work
Ch-10: Fig. 10-71

OEO

Non Planar

10

(

) @1MHz

(

)

-146
-155
-162
-122
-183.4 @
100kHz

-215.6
-202.5
-208.6
-188.9

2.58%

-162

-215.1

10

8.3%

-160

-218.4

10

1%

-170

-220

-218.9

Table 1.2: Comparison of Planar resonator oscillator circuits performance and this work
Reference

Resonator

ref [9]

Microstrip ring
Microstrip hairpin

ref [10]
ref [11]

IC- FBAR

Ref [12]

Ring

This work
Ch-5: Fig. 5-36
This work
Ch -6: Fig. 6-22c

DC-RF
Efficienc
y

Technolog
y
Planar

12

5.3

48.7%

( )@
1MHz
-116.2

Planar

9

9

4.5%

-129

-185.6

2.4

-2.5

1.9%

-144

-195.7

10

-15

1%

-110

-185.2

QuasiIntegrated
CMOS
Integrated

(

)

-189.3

Active Resonator

Planar

3.2

5

2.1%

-162

-210.3

Slow Wave
Resonator (SWR)

Planar

0.622

5

3.16%

-170

-205.8

11

This work
Ch -6: Fig. 6-22c
This work
Ch -6: Fig. 6-22c
This work
Ch -7: Fig. 7-8
This work
Ch -7: Fig. 7-8
This work
Ch -7: Fig. 7-8
This work
Ch -8: Fig. 8-27

Slow Wave
Resonator (SWR)
Slow Wave
Resonator (SWR)
Hybrid Coupled
Resonator
Möbius Coupled
Resonator
Mode-Locked
Möbius Coupled
Resonator
Mode-Coupled
Slow-Wave
Metamaterial
Resonator

Planar

2.488

4.2

2.63%

-155

-202.9

Planar

4.2

3.3

2.14%

-150

-202.4

Planar

10

2.88

1.2%

-138

-195.9

Planar

10

3.3

1.3%

-145

-202.9

Planar

10

4.5

1.7%

-147

-204.9

Planar

10.21

5.83

1.276%

-147

-202.4

Table 1.3: Comparison of tunable oscillator circuits performance published and this work
Reference
ref [14]
ref [15]
ref [16]
ref [17]
ref [18]
Ref [19]
ref [20]
ref [21]
ref [22]
ref [23]
ref [24]
ref [25]

Technolog
y
CMOS
(0.18-m)
CMOS
(0.18-m)
CMOS
(0.18-m)
CMOS
(0.18-m)
CMOS
(0.18-m)
CMOS
(0.13-m)
CMOS
(90-nm)
CMOS
(0.18-m)
CMOS
(0.18-m)
CMOS
(0.12m
SOI)
CMOS
(65-nm)
RTD/HBT

Tuning
Range
25.1

11

-4.2

20.9

40.32

-6.83

19.9

39

-3

20.7

10.8

-21.12

40

6

28

12

20.9

6.3

18.95

3.3

21.37

3.5

44

7.5

38.4

80

17.65

1.42

3.01 GHz
(12%)
2.17 GHz
(10.4%)
0.51 GHz
(2.6%)
1.8 GHz
(8.7%)
1.12 GHz
(2.8%)
1.87 GHz
(6.7%)
0.647 GHz
(3.1%)
0.678 GHz
(3.58%)
1.089 GHz
(5.1%)
4.312 GHz
(9.8%)

-9.0

6.873 GHz
(17.9%)
0.37 GHz
(2.1%)

( )@
1MHz

(

)

PFTN
(dB)

-99.94

-177.5

-14.7

-111.67

-181.5

-11.5

-111

-181.06

-24.6

-108.67

-181.06

-24.6

-109

-193.26

-14.44

-113

-191.151

-6.304

-117.2

-195.61

-8.540

-110.82

-191.187

-11.712

-109.8

-190.955

-8.8704

-101

-185.118

-9.034

-97.5

-170.156

-18.764

-112

-195

-12.13

12

ref [26]

SiGe HBT

41

280

ref [27]

SiGe
BiCMOS

22.1

11.1

-11.3

This Work
Ch-6: Fig. 6-19c

Si- Bipolar

2.615

240

3

Si- Bipolar

2.6

400

4

Si- Bipolar

2.5

150

-3

Si- Bipolar

1.341

200

3

Si- Bipolar

1.5

200

-3

SiGe HBT

7.92

300

-3

SiGe HBT
SWMR

3

120

3

This Work
Ch-6: Fig. 6-20b
This Work
Ch-6: Fig. 6-21c
This Work
Ch-6: Fig. 6-26a
This Work
Ch-6: Fig. 6-26b
This Work
Ch-6: Fig. 6-28e
This Work
Ch-8: Fig. 8-21b

1.5

10.78 GHz
(26.3%)
4.552 GHz
(20.6%)
1390 MHz
(53.1%)
2000 MHz
(76.9%)
1000 MHz
(40%)
1543MHz
(115%)
2041 MHz
(136%)
4644 MHz
(58.5%)
2000 MHz
(66.6%)

-110

-177.784

-7.794

-109

-181.435

-2.265

-150

-194.4

15.08

-135

-177.2

1.02

-156

-202.1

20.26

-148

-187.6

16.02

-157

-197.5

26.20

-118

-171.2

-7.41

-142

-190.75

13.25

Overview of the Thesis

This thesis is organized in 12 chapters. The scientific chapters are structured in such a way that
graduate students and engineers can easily follow the state-of-the art oscillator technology and
phase noise measurement scheme for the validation of the approach and techniques discussed.
Chapter 1 – briefly discusses a short introductory abstract, motivation, problem statement,
defines the task and oscillator figure of merit (FOM) in order to make a fair comparison of
performances of different oscillator topologies operating at different frequencies and DC bias
condition, and provides an overview of the contents of this thesis.
Chapter 2 – summarizes important principles of oscillator theory and describes oscillator
topologies and important properties of oscillators such as selection of resonator networks and
performance matrices (frequency range and tuning characteristics, tuning linearity, tuning
sensitivity, tuning speed, post-tuning drift, phase noise, output power, harmonic-suppression,
spurious response, pushing and pulling). For the device characterization, large signal Sparameter measurements are carried out for bipolar and field effect transistors. In addition to
this, the selection criteria and performance comparison of new technology using active
inductor, active capacitor and MEMS based resonator is being discussed for giving brief insights
about the emerging Silicon-based MMIC technology and application in oscillators.
Chapter 3 - devoted to the principles of oscillator noise and presents different noise models. To
supplement this, different methods for the measurement and simulation of oscillator noise are
then presented and evaluated in Chapter 4.
Chapter 4 - describes the phase noise measurement techniques and limitations, prediction and
validation of oscillator phase noise measured on commercially available different PN
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equipments ((Agilent E5052B, R&S FSUP, Holzworth, Noise XT-DCNTS, and Anapico APPH6000IS), phase noise measurement evaluation in Faraday Cage, CAD simulation and phase noise
measurement of 100 MHz OCXO circuits. The selection of 100 MHz OCXO is done based on ongoing demand of ultra low phase noise reference frequency sources, validated during IEEE
sponsored 2012 IMS Symposium in Canada, and 2013 IMS Symposium in Seattle, USA for giving
brief insights about the uncertainty in phase noise measurement.
Chapter 5 – The different procedures for the implementation of phase-selective feedback
networks in microwave oscillators are introduced. Passive and active microwave resonators are
considered, provides an overview of definitions of microwave resonators, resonator quality
factor, figure-of-merit, resonator design criteria, and oscillator design methodology using active
resonator for low phase-noise applications, oscillator topology using passive and active printed
resonator and a method for miniaturization of oscillator circuit using active resonator network,
Active resonators are analyzed and a design procedure is presented to optimize their
performance for low-noise applications. The fundamental options for the implementation of
microwave resonators and the normal procedures for their characterization are set out and
evaluated in the light of the thesis research work.
Chapter 6- describes printed transmission line resonator networks, resonant properties of
capacitively loaded transmission line resonator, and slow wave resonator dynamics, and the
discussion focuses on how the phase speed on the line structures can be reduced via capacitive
load. The key element of this chapter is the use of evanescently coupled resonance modes,
wherein an increased phase selectivity of the resonance modes can be achieved using slow
wave resonator (SWR) through the coupling of different modes. Different coupling models are
investigated and implemented oscillators with different resonator concepts are presented and
compared. The new oscillator structure using slow wave resonator (SWR) shows significant
advantages in terms of size, power consumption and frequency tunability, prototype examples
are validated and built over million for radio applications. The state-of-the-art technology is
disclosed in public domain and also protected with US copyrights and patented.
Chapter 7 – deals with printed planar resonators according to the Möbius principle,
characterizes the Q and coupling coefficient of the newly developed Möbius resonator
structure, presents a range of oscillator implementations with excellent properties for this
purpose. Furthermore, use of Möbius strips for microwave sensors and RFID (real time signal
retention device) applications is discussed.
Chapter 8 –deals with a microwave-engineering subject that has been highly newsworthy for a
number of years and investigates the extent to which Metamaterials can be appropriately used
to implement microwave resonators with advantageous properties. The chapter begins with an
introduction to the fundamental properties of Metamaterials, wherein negative-index
Metamaterials in particular are considered for high Q-factor resonator applications, different
resonator concepts are then proposed, explores the principle behind evanescent mode
propagation and explains how it can be applied to store the evanescent mode energy for
improving the group delay, investigated in details and used within microwave oscillators. Most
of these resonators are singly or multiply coupled resonators, which could also be considered
without touching on the concept of Metamaterials, but, as a result of developments in the
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implementation of Metamaterials, resonator concepts of this type have since been subjected to
closer examination. A brief description of metamaterial component is discussed for the
realization of slow wave characteristics in tunable oscillator circuits. As the thesis is focused on
slow-wave planar resonators, a common type namely the multiple-coupled slow wave
resonator is explored and used. The complex oscillator circuits are subsequently shown and
characterized with measurement and simulation results. Very impressive results from specific
microwave oscillator implementations in building high performance frequency synthesizer are
presented.
Chapter 9 - high-performance oscillators for the X-band are presented which are essentially
based on dielectric resonators. The design methodology and implementations of low noise 10
GHz DRO (Dielectric Resonator Oscillators) circuit is described for RADAR applications.
Furthermore, inexpensive surface mounted DRO Circuit is fabricated that offers integrable and
cost-effective alternative of connectorized version of large size DRO circuits. The choice of DRO
is done to prove that Möbius Coupled DRO improves the tuning range without degradation of
phase noise performances.
Chapter 10 – deals with Opto-electronic oscillator (OEO) concepts which are based on the
phase selectivity of long lines in the form of very low-attenuation optical fibers. The concepts
presented are then employed in the present thesis primarily in combination with the previously
introduced printed multi-mode microwave resonators. Furthermore, this Chapter discusses
elaborately on OEO Circuit Theory, different OEO (Opto-Electronic Oscillator) topologies, Novel
Design Concepts of Passively Temperature Compensated OEOs, Self Injection Locking (SIL) using
Electrical Feedback, Self Injection Locking (SIL) using Optical Feedback, Dual-Injection-Locked
(DIL) OEO, Optical Mode-Locking, Self Phase Locked (SPL) Oscillator using Fiber Optic Delay, Self
Phase Locking (SPL) with Multiple Delays, Optimum Fiber Delay Length (Novel Approach),
Whispering Gallery Mode (WGM) Based OEO, Raman Amplification in Photonic Crystal Fibers,
new methods in OEO using Composite Fiber of SMF-28 and HC-PCF to Achieve Passive
Temperature Compensation, Composite Fiber with Raman Amplifier, Modification in ILPLL
Oscillator using novel concept of OEO self-ILPLL and Optimum Parameter Selection, Key
features added as result of novel design approach, Phase Noise Reduction Techniques in OEO
Circuit, Coupled OEO, Integrated 10 GHz OEO Solution, Design Challenges: Monolithic OEO
Circuits.
Chapter 11 - concludes the thesis with a summary of the work presented herein and suggests
future works (IC fabrication at microwave and millimeter-wave frequencies based on patented
techniques) for the benefit of research scientists and engineers.
Chapter 12- Abbreviation and Symbols listed for the abbreviations used throughout the thesis.
Appendices- Appendix‐A describes, “Noise Analysis of the N‐Coupled Oscillator “, Appendix‐B

discusses, “Active Resonator using Gain Feedback loop”, Appendix‐C describes, “Planar
Resonator Oscillators”, Appendix‐D explores the, “Multi‐Mode Resonator Oscillators”,
Appendix‐E describes about the, “Radio over Fiber (RoF) Link Characterization”, Appendix‐F
investigates the, “Forced Oscillations Using Self‐Injection Locking”, Appendix‐G describes about
the, “Forced Oscillations Using Self‐Phase Locking“, Appendix‐H describes “Forced Oscillations
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Using Self–Injection Locking and Phase Locked Loop (SILPLL)”, Appendix‐I describes the design
methodology and implementation of the, “Phase Noise Performance of OEO Circuit Using
Optical Transversal Filters”.
1.6
Publications and Patent Applications arising from this research work
This thesis covers a broad spectrum of research ranging from practical aspects of circuit
implementation and measurement through to sophisticated design and the modeling of
complex circuits and resonator structures. The results are documented by a range of specific
measurement result and backed up by over hundred publications in scientific conferences and
several dozen patent applications. The scientific chapters are mainly structured in such a way
that certain principles providing an introduction to the subject are presented in very concise
form, and in most cases, the relationship between the oscillator circuits and the previously
introduced principles is not explained in detail and must be deduced by the reader himself.
Based on of this research work, over 200-technical papers have been published in IEEE journals,
conferences, workshops, and over two dozen patent applications filed.
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Chapter 2
General Comments on Oscillators
2.1
Theory of Operation
An oscillator is an autonomous circuit consisting of a frequency selective positive feedback
network [1]. The noise present in the active device or power supply turn-on transient leads to
the initial oscillation build-up [2]. As a basic requirement for producing a self-sustained, nearsinusoidal oscillation, an oscillator must have a pair of complex-conjugate poles on the
imaginary axis i.e. in the right half of an s-plane with >0 [3].
(

)

(2.1)

While this requirement does not guarantee an oscillation with a well-defined steady state
(squeaking), it is nevertheless a necessary condition for any oscillator. When subjected to an
excitation due to the power supply turn-on transient or noise associated with the oscillator
circuit, the right half plane RHS-poles in the equation above produce a sinusoidal signal with an
exponentially growing envelope given as
( )

(

)

(

)

( )

is determined by the initial conditions and the growth of the signal amplitude
eventually limited by the associated nonlinearities of the oscillator circuit.

(2.2)
(2.3)
( ) is

Oscillators are fundamentally a feedback amplifier with a resonator in the feedback path and
if enough gain exists for given oscillation conditions, noise will be amplified sufficiently enough
to eventually stabilize the gain via non-linearity effects and create an output signal that consists
of narrow band noise. This narrow-band profile of the noise characteristics in the oscillator is
the prime issue of the oscillator design. The two methods used for analyzing and understanding
noise issues for oscillators are the feedback model approach and the negative resistance model.
Using either the feedback model approach or the negative resistance model, one can perform
the analysis of the oscillator. Depending on the oscillator topology and characteristics, one
approach is preferred over the other. The condition of oscillation build-up and steady state
oscillation will be discussed using both approaches. The application of either the feedback
model or the negative-resistance model is sufficient for analyzing the linear behavior of the
oscillator circuit, and it must be unstable about its bias point or, equivalently, have poles in the
RHP if an oscillation buildup is to take place. The feedback model is shown in Figure 2-1, where
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an oscillator circuit is decomposed into a frequency-dependent forward loop gain block H1(j)
and a frequency-dependent feedback network H2(j), both of which are typically multi-port
networks. If the circuit is unstable about its operating point (poles in the right half of the splane), it can produce an expanding transient when subject to an initial excitation. As the signal
becomes large, the active device in the circuit behaves nonlinearly and limits the growth of the
signal. When oscillation starts up, the signal level at the input of the amplifier (forward loop
gain block) is very small, and the amplitude dependence of the forward amplifier gain can be
initially neglected until it reaches saturation.

H1 ()
Forward loop-Gain

+

X()
+
kT (Noise):Vin ()

Y()
Vo ()

H2 ()
Feedback-Network
Figure 2-1: Block diagram of basic feedback model-oscillator [4]

The closed loop transfer function (T.F) and output voltage Vo() are given by [4]
(

(

(

)

)

(

)

( )

( )

)

[

(

( )

(
(

)
)

(

]

)

(

( )

)
)

(

)

(2.4)

(2.5)

For an oscillator, the output voltage Vo is nonzero even if the input signal Vi = 0. This is only
possible if the forward loop gain is infinite (which is not practical), or if the denominator
( ) ( )
at some frequency o; that is the loop gain is equal to unity for some
values of the complex frequency s=j. This leads to the well-known condition for oscillation
) (
)
(the Nyquist criterion), where at some frequency o, (
and can be
mathematically expressed as
(

and

)
(

(
)

)
(

(2.6)
)

(

)

(2.7)

When the above criterion is met, the two conjugate poles of the overall transfer function are
located on the imaginary axis of s-plane, and any departure from that position will lead to an
increase or a decrease of the oscillation amplitude of the oscillator output signal in time
domain, which is shown in Figure 2-2.
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Figure 2-2: Frequency domain root locus and the corresponding time domain response [4]

In practice, the equilibrium point cannot be reached instantaneously without violating some
physical laws. As an example, high Q oscillators take longer than low Q types for full amplitude.
The oscillator output sine wave cannot start at full amplitude instantaneously after the power
supply is turned on. The design of the circuit must be such that at start-up condition, the poles
are located in the right half plane, but not too far from the Y-axis. However, the component
tolerances and the nonlinearities of the amplifier will play a role. This oscillation is achievable
with a small signal loop gain greater than unity, and as the output signal builds up, at least one
parameter of the loop gain must change its value in such a way that the two complex conjugate
poles migrate in the direction of the Y-axis and that the parameter must then reach that axis for
the desired steady state amplitude value at a given oscillator frequency.
Figure 2-3 shows the general schematic diagram of a one-port negative resistance model.
The oscillator circuit is separated into a one-port active circuit, which is a nonlinear time variant
(NLTV) and a one-port frequency determining circuit, which is a linear time invariant (LTIV)
system. The frequency determining circuit, or resonator, sets the oscillation frequency, and it is
signal-amplitude independent. The function of the active-circuit is to produce a small-signal
negative resistance at the operating point of the oscillator and couple it with the frequencydetermining circuit while defining the oscillation frequency. Assuming that the steady state
(
) can be
current at the active circuit is almost sinusoidal, the input impedance
expressed in terms of a negative resistance and reactance as
(

)

(

)

(

)

(2.8)
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where A is the amplitude of the steady state current and f is the resonance frequency.
Rd ( A, f ) and X d ( A, f ) are the real and imaginary parts of the active circuit and depend on
the amplitude and frequency. Since the frequency determining circuit is amplitudeindependent, it can be represented as
( )

( )

( )

(2.9)

where Z r ( f ) is the input impedance of the frequency determining circuit, Rr ( f ) and X r ( f )
are the loss resistance and reactance associated with the resonator/frequency determining
circuit.

Active-Circuit
3-Terminal Device
(Biploar/FET)

Frequency
Determining
Network

Zd(A,f)

Zr(f)

Figure 2-3: Shows the 1-port negative resistance model for the realization of resonant condition using impedance
function (compensating the loss resistance associated with the frequency determining network) [4]

)
To support the oscillator build-up, (
is required so the total loss associated with
the frequency determining circuit can be compensated. Oscillation will start build-up if the
product of the input reflection coefficient ( ), looking into the frequency determining circuit
(
) of the active part of the oscillator circuit is unity
and the input reflection coefficient
at
and
. The steady state oscillation condition can be expressed as
(

)

( )

(

)

( )

(2.10)

Figure 2-4 shows the input reflection coefficient  d ( A0 , f 0 ) and  r ( f 0 ) , which can be
represented in terms of the input impedance and the characteristic impedance Z 0 as

(

( )

)

( )
( )

(

)

(

)

(2.11)

(2.12)
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The characteristic equation
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( )
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)
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)

)

( )

]

( )

( )

(2.13)
(2.14)
(2.15)

can be written as

(

)

( )

(2.16)

(

)

( )

(2.17)

This means that the one-port circuit is unstable for the frequency range (
)(
(
)(
( )
where. (
)
)

Active-Circuit
3-Terminal Device
(Biploar/FET)

),

Frequency
Determining
Network

d (A0 ,f0 )

r(f0 )

Figure 2-4: Shows the oscillator model for the realization of resonant condition using reflection coefficient (),
(  d ( A0 , f 0 ) is input reflection coefficient for active circuit which depends on the signal amplitude A0 and operating
frequency f0 ;  r ( f 0 ) is reflection coefficient for resonator and depends mainly on the oscillating frequency f0) [4]

At the start-up oscillation, when the signal amplitude is very small, the amplitude dependence
)is negligible and the oscillation build-up conditions can be given as [7, Ch-6]
of the (
( )
And

( )

( )
( )

( )
( )

( )
( )

(2.18)
(2.19)

where f x denotes the resonance frequency at which the total reactive component equals
zero. The conditions above are necessary, but are not sufficient conditions for oscillation buildup, particularly in a case when multiple frequencies exist to support the above- shown
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conditions. To guarantee the oscillation build-up, the following condition at the given frequency
needs to be met [1]:
( )

( )

(2.20)

( )

( )

(2.21)

( )

( )

(2.22)

Alternatively, for a parallel admittance topology,
( )

( )

(2.23)

( )

( )

(2.24)

( )

( )

(2.25)

( )

( )

(2.26)

Figure 2-5 shows the start-up and steady-state oscillation conditions.

Figure 2-5: Plot of start and steady state oscillation conditions [3]
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As discussed earlier, if the closed-loop voltage gain has a pair of complex conjugate poles in
the right half of the s-plane, close to the imaginary axis, then due to an ever-present noise
voltage generated in the circuit or power-on transient, a growing, near-sinusoidal voltage
appears. As the oscillation amplitude grows, the amplitude-limiting capabilities, due to the
change in the transconductance from a small signal [gm] to the large signal [gm(t)=Gm] of the
amplifier, produce a change in the location of the poles. The changes are such that the
complex-conjugate poles move towards the imaginary axis and at some value of the oscillation
amplitude; the poles reach to the imaginary axis giving steady-state oscillation as [2]:
(

) (

)

(2.27)

In the case of the negative resistance model, the oscillation will continue to build as long as
Rd ( A, f ) f1  f  f 2  0
Rd ( A, f ) f  f  f  Rr ( f ) .
1

The

frequency

of

2

oscillation

by Rd ( A0 , f 0 )  Rr ( f 0 )  0 ,

determined

and

X d ( A0 , f 0 )  X r ( f 0 )  0 might not be stable because Z d ( A, f ) is frequency and amplitudedependent. To guarantee stable oscillation, the following condition is to be satisfied as [1]
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In the case of an LC resonant circuit, Rr ( f ) is constant and the equation above can be
simplified to
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(2.30)

Alternatively, for a paralleled tuned circuit, the steady-state oscillation condition is given as
Yd ( f 0 )  Yr ( f 0 )  0 (where Yd and Yr are respective admittances of active circuitry and
resonator networks) [5]

Gd ( f 0 )  Gr ( f 0 )  0

(2.31)

Bd ( f 0 )  Br ( f 0 )  0

(2.32)
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(2.33)

2.2
Specifications of Tunable Oscillators
Today, oscillators are used in test and measurement equipment and communication
equipment]. The largest group of users is for the use of two-way radios and “handies” (cell
phones). For these applications, oscillators have to meet a variety of specifications, which
affect the quality of the operational system. The properties of an oscillator can be described in
a set of parameters [6]. The following is a list of the important and relevant parameters, as
they need to be discussed with oscillators.
2.2.1 Frequency Range and Tuning Characteristics
The output frequency of Voltage Controlled Oscillators (VCOs) can vary over a wide range.
The frequency range is determined by the architecture of the oscillator. A standard tunable
oscillator has a frequency range typically less than 2:1; multi-octave-band slow-wave resonator
(SWR) oscillator can have 4:1 tuning range (Figure 2-6). This specification shows the
relationship, depicted as a graph, between the VCO operating frequency and the tuning voltage
applied. Ideally, the correspondence between operating frequency and tuning voltage is linear.
2.2.2 Tuning Linearity
For stable oscillator, a linear deviation of frequency versus tuning voltage is desirable. It is
also important to make sure that there are no breaks in tuning range, for example, that the
oscillator does not stop operating with a tuning voltage of 0V.
2.2.3 Tuning Sensitivity, Tuning Performance
This datum, typically expressed in megahertz per volt (MHz/V), characterizes how much the
frequency of a VCO changes per unit of tuning voltage change.
2.2.4 Tuning Speed
This characteristic is defined as the time necessary for the VCO to reach 90% of its final
frequency upon the application of a tuning voltage step. Tuning speed depends on the internal
components between the input pin and the tuning diode, including, among other things, the
capacitance present at the input port. The input port’s parasitic elements, as well as the tuning
diode, determine the VCOs maximum possible modulation bandwidth.
2.2.5 Post-tuning Drift
After a voltage step is applied to the tuning diode input, the oscillator frequency may
continue to change until it settles to a final value. The post-tuning drift is one of the
parameters that limit the bandwidth of the VCO input and the tuning speed.
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Figure 2-6: Plot of tuning range (300-1200 MHz) of SWR VCO (0.75X0.75X0.18 inches)

2.2.6 Phase Noise
An important feature is the stability of the oscillator (low phase noise) and its freedom from
spurious signals and noise. While the oscillator is almost always used as a voltage-controlled
oscillator (VCO) in a frequency synthesizer system, its free-running noise performance outside
the loop is still extremely important and solely determined by the oscillator.

Figure 2-7: Measured phase noise of SWR VCO (300-1200 MHz) (0.75X0.75X0.18 inches)
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Unfortunately, oscillators do not generate perfect signals. The various noise sources in and
outside of the active device (transistor) modulate the VCO, resulting in energy or spectral
distribution on both sides of the carrier due to modulation and frequency conversion. AM and
FM noise is expressed as the ratio of noise power in a 1 Hz bandwidth divided by the output
power. It is measured at frequency offset of the carrier. Figure 2-7 shows a typical measured
phase noise plot of a VCO (300-1200 MHz) using printed slow-wave coupled resonator (SWR) in
compact size (0.75X0.75X0.18 inches). The x-axis is the frequency offset from the carrier on a
logarithmic scale. The y-axis is the phase noise in dBc/Hz.
The stability or phase noise of an oscillator can be determined in the time or frequency
domain. Phase noise is a short-term phenomenon and has various components. Figure 2-8 (a)
shows the typical illustration of the stability and phase noise in the time and frequency domain.
The major noise contributors are thermal noise, Schottky noise and the flicker noise from the
active device. Flicker noise depends on the transistor type and its biasing. The noise
contribution from the resonator is mainly thermal noise. The minimum phase noise is at far
(
)
offsets from the carrier, the best number being
(
)
(large-signal noise figure of the oscillator transistor in dB); all per 1Hz bandwidth.

Figure 2-8 typical characterization of the noise sideband in the time and frequency domain and its contributions:
(a) time domain and (b) frequency domain. Note that two different effects are considered, such as aging in (a) and
phase noise in (b) [2].
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2.2.7 Output Power
The output power is measured at the designated output port of the oscillator circuit.
Practical designs require one or more isolation stages between the oscillator and the output.
The VCO output power can vary as much as 2 dB over the tuning range. A typical output level
ranges from 0 to +10 dBm.
2.2.8 Harmonic Suppression
The oscillator/VCO has a typical harmonic suppression of better than 15 dB. For high
performance applications, a low pass filter at the output will reduce the harmonic contents to a
desired level. Figure 2-9 shows a typical second harmonic suppression plot of a 300-1200 MHz)
using printed slow-wave coupled resonator (SWCR) in compact size (0.75X0.75X0.18 inches).

Figure 2-9: Measured harmonics at the output of a slow-wave coupled resonator (SWCR) VCO

2.2.9 Output Power as a Function of Temperature
All active circuits vary in performance as a function of temperature. The output power of an
oscillator over a temperature range varies for broadband SWR VCO (300-1200 MHz) as shown
in Figure 2-10. Therefore tracking filter with buffer amplifier is needed to enable less than a
specified value variation, such as 1 dB over multi-octave-band tuning ranges.
2.2.10 Spurious Response
Spurious outputs are signals found around the carrier of an oscillator, which are not
harmonically related. A good, clean oscillator needs to have a spurious-free range of 90 dB, but
these requirements make it expensive. Oscillators typically have no spurious frequencies
besides possibly 60 Hz and 120 Hz pick-up. The digital electronics in a synthesizer generates
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many signals, and when modulated on the VCO, are responsible for these unwanted output
products.
2.2.11 Frequency Pushing
Frequency pushing characterizes the degree to which an oscillator’s frequency is affected by
its supply voltage. For example, a sudden current surge caused by activating a transceiver’s RF
power amplifier may produce a spike on the VCOs DC power supply and a consequent
frequency jump. Frequency pushing is specified in frequency/voltage form and is tested by
varying the VCOs DC supply voltage (typically  1V) with its tuning voltage held constant.
Frequency pushing must be minimized, especially in cases where power stages are close to the
VCO unit and short pulses may affect the output frequency. Poor isolation can make phase
locking impossible.

Figure 2-10: Measured output power as a function of temperature of SWR VCO (300-1200 MHz)

2.2.12 Sensitivity to Load Changes
To keep manufacturing costs down, many wireless applications use a VCO alone, without the
buffering action of a high reverse-isolation amplifier stage. In such applications, frequency
pulling, the change of frequency resulting from partially reactive loads is an important oscillator
characteristic. Pulling is commonly specified in terms of the frequency shift that occurs when
the oscillator is connected to a load that exhibits a non-unity VSWR (such as 1.75, usually
referenced to 50), compared to the frequency that results with unity-VSWR load (usually
50).
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2.2.13 Power Consumption
This characteristic conveys the DC power, usually specified in milliwatts and sometimes
qualified by operating voltage, required by the oscillator to function properly.
2.3
History of Microwave Oscillators
Early microwave oscillators were built around electron tubes and great efforts were made to
obtain gain and power at high frequencies [8]-[12]. Starting from simple glass triodes
(lighthouse tubes) and coaxial ceramic triodes, a large number of circuits designed to obtain
reasonable performance were built. After using the Lecher lines (quarter-wave length Ushaped parallel wires, shorted at the end, with a few centimeters spacing), the next step was
the use of coaxial systems, which became mechanically very difficult and expensive. At higher
frequencies, cavities dominated the application and many publications dealt with the various
resonant modes. For special applications such as microwave ovens and radar applications,
magnetrons and reflex klystrons were developed. Today, the good understanding of the planar
structures, such as microstrip, stripline, and coplanar waveguide have been instrumental in
extending the practical frequency range up to 100 GHz and higher [13]-[20].
Early transistors followed the same trend. Siemens at one time produced a coaxial microwave
transistor, Model TV44 and Motorola offered similar devices. Today, microwave transistors,
when packaged, are also in microstrip form or are sold as bare die, which can be connected via
bond wires to the circuit. These bond wires exhibit parasitic effects and can be utilized as part
of the actual circuit. The highest form of integration is RFICs, either in gallium arsenide (GaAs)
or in silicon germanium (SiGe) technology. The SiGe circuits are typically more broadband
because of lower impedances and GaAs FETs are fairly high impedance at the input. From an
application point of view, in oscillators, SiGe seems to be winning. From a practical design, both
transistor types can be considered a black box with a set of S parameters, which are bias and
frequency dependent [2].
We will see that the transistor operates in large-signal condition, and historically, people have
used FETs to demonstrate that there is little change in parameters from small to large-signal
operation. Bipolar transistors have much more pronounced changes. Early pioneers have
invented a variety of oscillator circuits, which are named after them. The following picture,
Figure 2-11, shows a set of schematics, applicable for both bipolar and field-effect transistors
[7]. The ones using magnetic coupling are not useful for microwave applications. For
Frequencies above 400 MHz resonators are built around helical resonators, ceramic resonators
(CR), dielectric resonators (DR), or resonant transmission lines (microstrip or coplanar
waveguides) to name a few. Constraints on high-Q resonators used in high performance VCO
circuits are particularly demanding, and a MMIC integrable solution has been the dream for
decades [13 In general, a high Q resonator element is required in order to achieve low phase
noise characteristics in a VCO, but the realization of planar high-Q resonators is difficult due to
the higher loss characteristics of the resonator at high frequency.
The DR (Dielectric resonator) offers high Q factor, and is well known for high spectral purity
signal sources at radio and microwave frequencies [14]-[19]. However, a VCO employing a DR
has a narrow tuning range, is sensitive to vibration, costly, and not suited for current fabrication
process in MMIC technology.
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One cost-effective and alternative way to eliminate the DR is to use a printed resonator,
which is appropriate for current semiconductor manufacturing processes. However, phase
noise characteristics of a VCO using a printed resonator is inferior to that of the VCO using a DR
(DR Q factor is much higher than the printed resonator) [28]-[34]. Planar resonators, such as
ring, hairpin, spiral, and coupled resonators, are implemented easily in practical MMIC
fabrication process at the cost of large size and low Q in comparison to the commercially
available DR [35]-[40]. Figure 2-12 shows the typical DR for giving brief insights about the
possible resonant condition for given parameters (L, a, r), where L is the length of DR, a, is the
radius, and r is the relative permittivity. Figure 2-13a shows the typical high performance DRO
circuit using the DR in Push-Push configuration. It offers low phase noise but limited in tuning
and poor sub-harmonic rejection [16]-[18]. As depicted in Figure 2-13 (b), the exact placement
of the DR disc between the two parallel microstripline is critical and slight variation may lead to
higher harmonics and poor phase noise performance.

Figure 2-11: Six different configurations which can be built either around bipolar transistors or FETs. Some of the
modern microwave oscillators are built around the Colpitts and Clapp oscillator circuits [7].
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In addition to this, DR resonant frequencies may differ from the measured result due to the
slight variation in temperature that causes problems in integration and mass production. The
above problems limit the utility of DRs and the frequency drift is not a straightforward function
of the temperature changes (due to different thermal expansion coefficients for the cavity and
the dielectric puck. To overcome the above problems and reduce the thermal sensitivity of the
DRO, temperature compensation and frequency locking using a PLL (phase locked loop) circuit
are needed. However, it is still not a cost-effective solution or suitable for integration [30].

Figure.2-12: A typical DR TE01 mode and Hz field distribution [21]

Standard integrated circuits are planar circuits, so only those resonators having a planar
structure are suitable in a MMIC/RFIC environment. But integrable planar resonators lack
sufficient Q (quality factor) and therefore are a limiting factor of the VCO’s phase noise
performance. The reason for the poor phase noise performance is due to the slow rate of phase
change, and associated group delay characteristics of the resonator over the desired tuning
range.
Recent publications explore the possibility of replacing the DR with techniques to improve the
Q factor of the planar resonators for VCO applications, which have advantages for low cost, low
phase hits, wide tuning range, and suited for on-chip realization [19]-[22].

(a)

(b)

Figure 2-13: (a) DR microstrip coupling EM field distribution, (b) Tunable 12 GHz Push-Push DRO circuit [21]

32

The low temperature co-fired ceramic (LTCC) resonator (Figure 2-14) is a possible alternative.
It exhibits high-Q factor, and is amenable for integration in MMIC process, but is very difficult to
integrate in a compact system configuration [14]. Printed helical resonators at microwave
frequencies exhibit high Q factor for a given size, and are a strong contender for low phase
noise VCO applications. Figure 2-15 depicts a typical 3-D layout of the inductively coupled
helical resonator with two ¾ turn loops connected together using a via-hole [37].

Figure 2-14: Layout of LTCC resonators (resonators are embedded in multilayer LTCC blocks for implementing
integrated system in package) [38]

Figure 2-15: 3-D layout of inductively coupled helical resonator [36]

Edward [36], proposed a novel high-Q compact multilayer integrable printed helical resonator
that offers optimum QL/Q0 ratio (loaded quality factor/unloaded quality factor) for minimum
phase noise for a given VCO topology. Figure 2-16 illustrates the integrable planar helical
resonator coupled to coplanar waveguide (CPW) line for high performance VCO applications
[6]. The drawbacks of the reported [37]-[38] high-Q helical resonators are limited tuning
capability for a given phase noise, size, and cost requirement. For low cost, broadband
tunability, and integrable solutions, a new approach is discussed, which is based on the tunable
active inductor where total dimensions of the resonator are unaltered while exhibiting wider
33

tuning and improved Q factor. The solution is reconfigurable and reduction in the number of
manufacturing process steps.

Figure 2-16: Typical planar helical resonator coupled to CPW line [37]

2.4
Resonator Choice
Extensive research work is being done in the area of resonator networks such as passive and
active resonator for the applications as the frequency selective element in voltage controlled
oscillator applications.
2.4.1 LC Resonator
Figure 2-17 shows the circuit diagram of a simple resonator. The coupling to the port is
accomplished by a very small capacitor. The lumped resonator consists of a lossy 2pF capacitor
and a lossy 1.76nH inductor with a 0.2pF parasitic capacitor. The capacitor has a lead inductor
of 0.2nH and 0.2  losses. Likewise, the inductor has the same value loss resistor. To measure
the operating quality factor Q (definition of quality factor is discussed in Ch-5), the simplified
method is to connect the tuned network as shown in Figure 2-17 to a network analyzer, which
determines S11. For passive network, the quality factor Q is calculated by dividing the center
frequency by the 3 dB bandwidth of S11. Alternatively, the quality factor Q is defined as the
ratio of stored energy to the dissipated energy. If there is no energy loss or resonator loss is
100% compensated, resulting Q is infinite, therefore new definition of quality factor is needed
for analyzing active resonator networks (see Ch-5, section 5.4).
To determine the operating quality factor Q of the circuit as shown in Figure 2-17, let us
calculate the Q of the individual branches representing the resonator. The equivalent quality
factor Q of the circuit can be calculated by combining the two individual Q values (Q1 and Q2)
using the equation [2]:
Q=

Q 1  Q2
Q 1  Q2

(2.34)

Q1 = 2    2.4 GHz  1.76nH/0.2 = 133, Q2 = 165, Q = 73. The reason for the low Q is due
to the 0.2 loss resistor. It should be possible to reduce this by more than a factor of two.
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Figure 2-17: A typical circuit diagram of a parallel tuned circuit with lossy components and parasitics loosely
coupled to the input [3]

2.4.2 Transmission Line Resonator
The same parallel-tuned circuit shown in Figure 2-17 can be generated by using a printed
transmission line instead of the lumped inductor and maintain the same capacitance. This is
shown in Figure 2-18. Since the transmission line has losses due to the material, they need to
be considered. It is not practical to calculate these by hand, but rather use a CAD program
(Ansys-Nexxim, ADS 2013, AWR, and CST) which does this accurately.

Figure 2-18: Shows a typical 2.4 GHz resonator using both lumped and distributed components [7]
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Figure 2-19: A typical CAD simulated reflection coefficient S11 to determine the operating Q. Since this material has
fairly high losses, an operating Q of only 240 was achieved [3].

These references describe how to get the Q factor from S11 measurements. The Q can be




determined from the 3dB bandwidth   f  shown in Figure 2-19 and was determined to be
 f0 
240. This is also valid if the Y or Z parameters are used. This is a typical value for a microstrip
resonator. Values up to 300 are possible if the appropriate layout and material is used [1].
2.4.3 Integrated Resonator
The circuit of Figure 2-17 can be generated not only using printed circuit board material, but
also in GaAs or silicon. Figure 2-20 shows the schematic of a parallel tuned circuit using a
rectangular inductor and an inter-digital capacitor. The ground connections are achieved
through vias. At 2.4 GHz, the number of turns and size of the inductor would be significant.
The same applies to the capacitor. This arrangement should be reserved for much higher
frequencies, above 5 GHz. The inductor losses, both in GaAs and silicon, are substantial and
this case is only shown for completeness [7]. For optimum performance, wherever possible an
external resonator should be used.
Referring to integrated resonators, a high Q resonator consisting of two coupled inductors
has been developed. Figure 2-21 shows a three-dimensional array where the two coupled
resonators are easily identifiable. One side of the resonator is connected to ground through a
via. The 3-D layout can be reduced to a two-dimensional layout as shown in Figure 2-22, which
gives further details about the resonator.
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Figure 2-20: Parallel tuned circuit using a rectangular inductor (spiral could also be used) and an interdigital
capacitor. If implemented on GaAs or silicon, it exhibits low Q [7].

The resonator analysis was done using Ansoft Designer (now known as Ansys Nexxim),
specifically the 2.5-D simulator. A more conventional resonator analysis can be performed,
using the S-parameters obtained from the structure. Figure 2-23 shows the electrical
equivalent circuit of the coupled microstrip line resonator [4, 7].

Figure 2-21: A typical 3-D view of the coupled resonator (U.S. patent Nos. 7,088,189 B2 and 7,292,113 B2) [4].
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Figure. 2-22: 2-D view of the coupled microstrip resonator (U.S. patent Nos. 7,088,189 B2 and 7,292,113 B2) [4]

Finally, the S11 resonant curve is analyzed. The curve seen in Figure 2-24 shows a coupled
micro-stripline resonator response, and the resulting Q is determined to be 560. These
structures and application covered by U.S. patents 7,088,189 B2 and 7,292,113 B2 [4, 7]. This
type of resonator, as shown in Figure 2-21, plays a major role in the design of ultra wide-band
oscillators. Figure 2-25 shows the typical circuit layout of a coupled resonator oscillator as it is
built on a multi-layer printed circuit board. It is a 1.1-4.5 GHz multi-octave, low-noise oscillator,
and this was achieved in our patented approach, US copyright registration No.VAU 603984 [3,
4, and 7]. Besides the coupled resonator, which determines the resonant frequency, there is an
additional resonator used for noise filtering. Figure 2-26 shows the measured phase noise plot
for this oscillator circuit. Oscillators operate under large-signal conditions.

Figure 2-23: Electrical equivalent of the coupled microstrip line resonator [7]

38

Figure. 2-24: Frequency response of the coupled microstrip line resonator.

2

Figure 2-25: An example of a 1.1-4.5 GHz VCO with coupled resonators on a 0.5 X 0.5 inch PCB (U.S. patent Nos.
7,088,189 B2 and 7,292,113 B2) [4, 7]
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Figure 2-26: Measured phase noise plots of the oscillator layout shown in Figure 2-25

The circuit operates at 5V, 18 mA, and delivers output power better than 3dBm over
operating frequency range (1350MHz-3850 MHz). Over few million pieces produced on pick &
place machine and commercialized for the applications in Radio and test & measurement
equipments, the design layout is stable over temperature and vibration. Under large-signal
conditions, the RF currents and voltages are of the same magnitude as the DC values. The most
accurate result will be obtained by switching from linear to nonlinear analysis.
2.5
Large Signal S-Parameter Analysis
The description of linear, active or passive 2-ports can be explained in various forms. In the
early days Z-parameters were commonly used which then were replaced by the Y-parameters.
Z-parameters are open-ended measurements and Y-parameters are short circuit measurements
relative to the output or input depending on the parameter. In reality, however, the open
circuit condition does not work at high frequencies because it becomes capacitive and results in
erroneous measurements. The short-circuit measurements also suffer from non-ideal
conditions as most “shorts” become inductive. Most RF and microwave circuits, because of the
availability of 50 coaxial cables, are now using 50Ω impedances. Component manufacturers
are able to produce 50 termination resistors, which maintain their 50Ω real impedance up to
tens of GHz (40 GHz). The 50 system has become a defacto standard. While the Z- and Yparameter measurements were based on voltage and currents at the input and output, the Sparameters refer to forward and reflected power [2]-[5].
2.5.1 Definition
For low frequency applications, one can safely assume that the connecting cable from the
source to the device under test or the device under test to the load plays no significant role [7].
The wavelength of the signal at the input and output is very large compared to the physical
length of the cable. At higher frequencies, such as microwave frequencies, this is no longer
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true. Therefore, a measuring principle was founded that would look at the incoming and the
outgoing power waves at the input and the output port. The following is a mathematical
explanation of the S-parameters, which can be described by [2]-[7]
(2-35)
(2-36)
or, in matrix form,
[ ]

[

][ ]

(2-37)

Where, referring to Figure 2-27:
a1 = (incoming signal wave at Port 1)
b1 = (outgoing signal wave at Port 1)
a2 = (incoming signal wave at Port 2)
b2 = (outgoing signal wave at Port 2)
E1, E2 = electrical stimuli at Port 1, Port 2

Figure 2-27: Two-port S-parameter definition [2]

From Figure 2-27 and defining linear equations, for E2 = 0, then a2 = 0, following parameters can
be derived [2, pp. 205-206]:
[ ]

[

]
(2-38)

[ ]

[

]
(2-39)

Forward Transducer Gain =

(2-40)
(2-41)
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Similarly at Port 2 for E1=0, then a1=0, and [2, pp. 205-206]:
[

]
(2-42)

[

]
(2-43)

Reverse Transducer Gain=

(2-44)

Since many measurement systems display S-parameter magnitudes in decibels, the following
relationships are particularly useful:
(2-45)
(2-46)
(2-47)
(2-48)
2.5.2 Large Signal S-Parameter Measurements
Assume S11 and S21 are functions only of incident power at port 1 and S22 and S12 are functions
only of incident power at port 2. Note: the plus (+) sign indicates the forward voltage wave and
the minus (-) sign would be the reflected voltage wave [3].
(

),

(

)

(2-49)

(

),

(

)

(2-50)

The relationship between the traveling waves now becomes

V1  S11(V1 )V1  S12(V2  )V2 
V2   S21(V1 )V1  S22(V2  )V2 

(2-51)
(2-52)

Measurement is possible if V1+ is set to zero,


S12 (V2 ) 

V1



V2



(2-53)

Check the assumption by simultaneous application of V1+ and V2+
V1   F1 (V1  ,V2  )
  = 

 
V2  F2 (V1 ,V2 )

(2-54)
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If harmonics are neglected, a general decomposition is [3]
V1  (V1  ,V2  )  S11(V1  ,V2  )
    =


V2 (V1 ,V2 ) S21(V1 ,V2 )

S12(V1  ,V2  )  V1  
  
S22(V1  ,V2  ) V2  

(2-55)

If the signal from the signal generator is increased in power, it essentially has no impact on
passive devices until a level of several hundred watts is reached where intermodulation
distortion products can be created due to dissimilar alloys. However, active devices, depending
on the DC bias point, can only tolerate relatively low RF levels to remain in the linear region.
In the case of the oscillator, there is a large RF signal, that is, a large voltage and current,
imposed on the DC voltage/current. Assuming an RF output power from 0dBm to 10dBm, and
assuming 10-15 dB gain in the transistor, the RF power level driving the emitter/source or
base/gate terminal is somewhere in the vicinity of –15dBm.
An RF drive of –15dBm will change the input and output impedance of the transistor, even if
the transistor operates at large DC currents. It is important to note that the input and output
impedances of field-effect transistors are much less RF voltage-dependent or power-dependent
than the bipolar transistor. The generation of “large-signal S-parameters” for bipolar
transistors is, therefore, much more important than for FETs.
Figure 2-28 shows the test fixture, which was used to measure, the large-signal S-parameters
for the device under test (DUT). The test fixture was calibrated to provide 50 to the transistor
leads. The test set-up shown in Figure 2-29 consists of a DC power supply and a network
analyzer for combined S-parameter measurements. The R&S ZVR network analyzer, as shown
in Figure 2-29, was chosen because its output power can be varied between -60dBm and
+10dBm. This feature is necessary to perform these measurements.
The picture shown in Figure 2-28 demonstrates the experimental setup for large signal Sparameter measurement. The experimental set up is very simple, but unfortunately, very
expensive. Currents and voltages follow Kirchhoff’s law in a linear system. A linear system
implies that there is a linear relationship between currents and voltages. All transistors, when
driven at larger levels show nonlinear characteristics.
The FET shows a square law characteristic, while the bipolar transistor has an exponential
transfer characteristic. The definition of S-parameters in large-signal environment is ambiguous
compared to small-signal S-parameters. When driving an active device with an increasingly
higher level, the output current consists of a DC current and RF currents: the fundamental
frequency and its harmonics. When increasing the drive level, the harmonic content rapidly
increases. S12, mostly defined by the feedback capacitance, now reflects harmonics back to the
input. If these measurements are done in a 50 system, which has no reactive components,
then we have an ideal system for termination.
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Figure 2-28: Test fixture to measure large signal Sparameters. A proper de-embedding has been
done (DC Operating condition, 2V, 20mA) [7]

Figure 2-29: Rohde & Schwarz 3 GHz network analyzer
to measure the large-signal S-parameters at different
drive levels (DC Operating condition, 2V, 20mA) [7].

In practical applications, however, the output is a tuned circuit or matching network, which is
frequency selective. Depending on the type of circuit, it typically presents either a short circuit
or an open circuit for the harmonic. For example, say the matching network has a resonant
condition at the fundamental and second harmonic frequency or at the fundamental and third
harmonic frequency (quarter wave resonator). Then a high voltage occurs at the third
harmonic, which affects the input impedance, and therefore, S11 (Miller effect).
This indicates that S-parameters measured under large-signal conditions in an ideal 50
system may not correctly predict device behavior when used in a non-50 environment.
A method called “load pull”, which includes fundamental harmonics, has been developed to
deal with this issue [5]. In the case of an oscillator, however, there is only one high-Q resonator,
which suppresses the harmonics of the fundamental frequency (short circuit). In this limited
case, the S-parameters, measured in a 50 system are useful. The following tables show two
sets of measurements generated from the Infineon transistor BFP520 under different drive
levels.
Since the oscillator will be in quasi-large-signal operation, we will need the large-signal Sparameters as a starting condition for the large-signal design (output power, harmonics, and
others). The S-parameters generated from this will be converted into Y-parameters, defined
under large-signal conditions and then used for calculating the large-signal behavior. We will
use the symbol Y+ to designate large-signal Y-parameters. In general, the Y parameters
computed from the S-parameters with the following equations [7]
((

) (

)

)

((

) (

)

)

(2-56)
(2-57)
(2-58)
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(2-59)
Where,

) (

((

))

(

)

Tables 2-1 and 2-2 show the large-signal S-parameters for –20dBm and –10dBm. However, in
some cases the analysis starts at small-signal conditions.
The following four plots, Figures 2-30, 2-31, 2-32, 2-33, show S11, S12, S21, and S22 measured
from 50 MHz to 3000 MHz with driving levels from –20dBm to 5dBm.
The DC operating conditions were 2V and 20mA as shown in Figure 2-29.
Table 2-1: Frequency Dependent S-Parameters [7]

(S-Parameters at -20 dBm)
Freq (Hz)

S11(Mag)

S11(Ang)

S12(Mag)

S12(Ang)

S21(Mag)

S21(Ang)

S22(Mag)

S22(Ang)

1.0E+08

0.78

-17.15

29.57

-160.6

0.01

69.66

0.96

-7.63

1.5E+08

0.74

-19.95

30.87

-175.17

0.01

73.05

0.94

10.27

2.0E+08

0.71

-23.01

30.87

174.87

0.01

73.61

0.92

12.8

2.5E+08

0.69

-26.34

30.43

167.17

0.01

73.11

0.9

-15.25

3.0E+08

0.66

-29.8

29.8

160.76

0.01

72.13

0.87

-17.61

3.5E+08

0.64

-33.28

29.08

155.2

0.01

70.91

0.85

-19.92

4.0E+08

0.61

-36.73

28.3

150.22

0.01

69.59

0.83

-22.16

4.5E+08

0.59

-40.1

27.5

145.68

0.02

68.24

0.81

-24.33

5.0E+08

0.56

-43.36

26.68

141.5

0.02

66.91

0.78

-26.44

5.5E+08

0.53

-46.47

25.85

137.62

0.02

65.66

0.76

-28.44

6.0E+08

0.51

-49.42

25.02

134

0.02

64.51

0.73

-30.33

6.5E+08

0.48

-52.19

24.18

130.62

0.02

63.5

0.7

-32.07

7.0E+08

0.46

-54.78

23.35

127.46

0.02

62.63

0.68

-33.64

7.5E+08

0.44

-57.2

22.54

124.52

0.02

61.9

0.65

-35.04

8.0E+08

0.42

-59.44

21.74

121.76

0.02

61.3

0.63

-36.26

8.5E+08

0.39

-61.53

20.98

119.19

0.02

60.82

0.6

-37.31

9.0E+08

0.38

-63.48

20.24

116.77

0.03

60.43

0.58

-38.2

9.5E+08

0.36

-65.29

19.53

114.51

0.03

60.13

0.56

-38.95

1.0E+09

0.34

-66.99

18.85

112.38

0.03

59.88

0.54

-39.57

1.5E+09

0.22

-80.06

13.7

96.21

0.04

58.66

0.41

-41.5

2.0E+09

0.14

-91.02

10.61

85.03

0.04

57.04

0.33

-40.51

2.5E+09

0.09

-105.04

8.64

76

0.05

54.51

0.29

-39.1

3.0E+09

0.06

-129.69

7.27

68.07

0.06

51.33

0.25

-37.7
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Figure 2-30: Measured large-signal S11 of the Infineon BFP520 [7]
Table 2-2 Frequency Dependent S-Parameters [7]

(S-Parameters at -10 dBm)
Freq (Hz)

S11(Mag)

S11(Ang)

S12(Mag)

S12(Ang)

S21(Mag)

S21(Ang)

S22(Mag)

S22(Ang)

1.00E+08

0.81

-12.8

14.53

179.18

0.02

39.17

0.55

-20.62

1.50E+08

0.79

-14.26

14.51

170.01

0.02

51.38

0.6

-24.42

2.00E+08

0.77

-16.05

14.46

163.78

0.02

57.11

0.65

-27.11

2.50E+08

0.76

-17.94

14.4

158.86

0.03

60.47

0.67

-28.33

3.00E+08

0.74

-19.85

14.31

154.78

0.03

62.9

0.69

-28.28

3.50E+08

0.73

-21.74

14.21

151.32

0.03

64.83

0.7

-27.33

4.00E+08

0.72

-23.62

14.1

148.32

0.03

66.46

0.71

-25.99

4.50E+08

0.71

-25.51

13.99

145.65

0.03

67.72

0.73

-24.6

5.00E+08

0.7

-27.42

13.88

143.19

0.03

68.57

0.74

-23.39

5.50E+08

0.68

-29.37

13.76

140.87

0.03

68.99

0.76

-22.5

6.00E+08

0.67

-31.38

13.65

138.62

0.04

68.98

0.77

-21.93

6.50E+08

0.66

-33.45

13.54

136.4

0.04

68.59

0.77

-21.68

7.00E+08

0.64

-35.56

13.42

134.2

0.04

67.95

0.78

-21.68

7.50E+08

0.63

-37.71

13.31

132

0.04

67.2

0.78

-21.89

8.00E+08

0.61

-39.88

13.19

129.83

0.04

66.31

0.77

-22.25

8.50E+08

0.59

-42.06

13.07

127.7

0.04

65.37

0.77

-22.62

9.00E+08

0.58

-44.23

12.95

125.6

0.04

64.48

0.76

-23.26

9.50E+08

0.56

-46.4

12.82

123.57

0.04

63.69

0.76

-24.04

1.00E+09

0.54

-48.55

12.69

121.6

0.04

62.82

0.75

-24.71

1.50E+09

0.37

-70.76

11.35

104.37

0.05

52.76

0.67

-33.77

2.00E+09

0.21

-91.19

9.99

88.64

0.05

46.68

0.48

-43.79

2.50E+09

0.12

-107.2

8.43

77.36

0.06

49.37

0.33

-43.13

3.00E+09

0.07

-130.38

7.18

68.7

0.06

48.69

0.27

-40.46
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Figure 2-31: Measured large-signal S12 of the Infineon BFP520 [7].

When using a SPICE type simulator, or a harmonic balance simulator, then one must use the
non-linear model parameters as shown in Figure 2-35. Modern foundries supply relevant data
for GaAs and for BiCMOS devices.

Figure 2-32: Measured large-signal S21 of the Infineon BFP520 [7].
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Figure 2-33: Measured large-signal S22 of the Infineon BFP520 [7].

The choice of which model to use is not always simple: for bipolar transistors, here the
advanced Gummel Poon model [43]-[44] is preferred similar to Figure 2-34. A modification to
the base-emitter diffusion capacitance is preferred. Recent publications address this issue in
greater detail. For GaAs devices the modified Materka model gives very good results.

Figure 2-34: A modern equivalent circuit of a bipolar transistor [7, 54]
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Figure 2-35: SPICE parameters and package equivalent circuit of the Infineon transistor BFP520 [7, 54].

Figure 2-36: A survey of MOS model development [5]
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Modeling a JFET using the Materka model also yields very accurate RF results. For oscillator
circuits a well-documented MOS level-3 models and the EKV3 model can provide accurate
simulation. For RF applications, the final optimum model is still undefined [3].
Figure 2-36 shows the developments in MOS models and the large number of model
parameters used in modern models. The accompanied parameter extraction to measure the
model parameters is similarly complex.
Recently JFETs have found many applications in the higher microwave frequencies and hence
their large-signal measurement seems important and useful. The large-signal measurement has
been done for the comparative analysis and tabulated in Table 2-3 below for Vishay-Siliconix
U310 device [4]. Figure 2-37 shows the test fixture for the measurement of the large-signal Sparameters for the device under test (DUT). The test fixture was calibrated to provide 50 to
the transistor leads. The test set-up consists of a DC power supply and a network analyzer for
combined S-parameter measurements.

Figure 2-37: Test Fixture to measure large signal S-parameters (A proper de-embedding has been done) [5]

The following four plots, Figures 2-38, 2-39, 2-40, 2-41, show S11, S12, S21, and S22 measured
from 1 MHz to 250 MHz with driving levels from –20dBm to 14dBm. The DC operating
conditions were Vd = 11.08V and Idss = 29.9mA. Using bipolar and JFET models, the basic
topology of frequency selective RF components such as active inductor for the application of
oscillator circuits has been developed. The flicker corner frequency for JFET is very small and
lends itself for the oscillator application [4]-[5].
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Table 2-3 Frequency Dependent S-Parameters [5]

(S-Parameters at “+14 dBm)
Freq (Hz)

S11(Mag) S11(Ang)

S12(Mag)

S12(Ang)

S21(Mag) S21(Ang)

S22(Mag)

S22(Ang

1.00E+06

0.98345

-0.6073

0.74017

89.3810

0.00107

44.775

0.6269

-0.0649

2.25E+06

0.95209

-0.7645

0.86255

88.8784

0.00232

45.111

0.6280

0.1060

3.49E+06

0.96476

-1.1922

0.84378

88.6739

0.00367

45.013

0.6260

0.3203

4.74E+06

0.95307

-1.9398

0.81611

88.2794

0.00499

44.972

0.6275

0.6962

5.98E+06

0.93467

-2.6662

0.80225

87.9766

0.00632

45.142

0.6464

1.7483

7.23E+06

0.92762

-3.0482

0.79989

85.5399

0.00791

43.0187

0.70588

-3.3434

8.47E+06

0.89881

-3.8119

0.75921

85.2842

0.00882

43.5229

0.62900

-1.8441

9.72E+06

0.89923

-3.8251

0.73575

85.4880

0.01008

43.8067

0.62435

-1.0041

1.10E+07

0.871265

-4.3860

0.74061

84.9388

0.01137

43.9555

0.62619

-0.4083

1.22E+07

0.884173

-3.9785

0.72533

85.4212

0.01275

43.9893

0.63400

0.29481

1.47E+07

0.880928

-4.1217

0.77674

85.0598

0.01656

43.6024

0.74762

0.07063

1.59E+07

0.882721

-4.2752

0.77538

82.7885

0.01769

41.3358

0.72471

-4.3161

1.97E+07

0.886499

-5.1844

0.74990

81.9078

0.02064

40.8239

0.64484

-4.2865

2.09E+07

0.893321

-5.4519

0.75055

81.6994

0.02184

40.7588

0.64001

-4.1749

3.09E+07

0.882245

-9.4792

0.75864

78.5515

0.03133

39.6213

0.62872

-4.4518

4.08E+07

0.794566

-14.058

0.77894

74.8303

0.04116

38.4796

0.62595

-5.4101

5.08E+07

0.808368

-15.156

0.77562

72.9086

0.05139

37.1143

0.62392

-6.4615

6.08E+07

0.778217

-17.871

0.78890

70.4619

0.06128

35.6020

0.62098

-7.6297

7.07E+07

0.762356

-20.385

0.79244

68.2558

0.07102

34.0935

0.61712

-8.8125

8.07E+07

0.728494

-23.219

0.73504

65.6099

0.08018

32.6745

0.61335

-9.9117

9.06E+07

0.703721

-26.369

0.74215

63.2074

0.08934

31.0434

0.61201

-11.293

1.09E+08

0.652596

-30.981

0.71722

59.2158

0.10492

28.4931

0.60218

-13.437

1.21E+08

0.650091

-32.487

0.71241

57.3856

0.11439

26.9777

0.59779

-14.723

1.30E+08

0.640495

-34.903

0.70960

55.8557

0.12275

25.6739

0.59396

-15.893

1.40E+08

0.635605

-37.384

0.70058

54.2899

0.13108

24.3462

0.59106

-17.032

1.50E+08

0.620072

-40.849

0.69715

52.5803

0.13916

22.9388

0.58622
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Figure 2-38: Measured large-signal S11 of the Vishay-Siliconix U310. Frequency swept from 1MHz to 250MHz [5].

Figure 2-39: Measured large-signal S21 of the Vishay-Siliconix U310. Frequency swept from 1MHz to 250MHz [5].
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Figure 2-40: Measured large-signal S12 of the Vishay-Siliconix U310. Frequency swept from 1MHz to 250MHz [5].

Figure 2-41: Measured large-signal S22 of the Vishay-Siliconix U310. Frequency swept from 1MHz to 250MHz [5].
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2.6
Passive and Active Inductor Based Resonator Network
Extensive work is being done in the area of passive RF components such as inductor for
applications as the frequency selective element in voltage-controlled oscillators. Inductors are
essential elements for resonators, filtering and impedance matching purposes within a
multitude of circuit solutions for RFICs/MMICs applications. Largely, inductor dictates their cost
and performance. Passive integrated spiral inductors occupy large die area and increase costs.
The magnetic coupling among inductors on a device initiates cross talk and deteriorates the
overall circuit performance. It is also difficult to realize a broadband spiral inductor, especially
with high inductance, because of stray capacitances. This motivates the need for alternative
solutions such as the active inductor topology, which offers smaller die-area, high Q factor and
easier floor planning.
The current trend moves towards multi-standard terminals and the application of active
inductors paves the way for inductor-less reconfigurable radio-frequency circuit solutions.
Voltage dependent variable capacitors (varactors) show high Q-factor but are limited in tuning
range due to the influence of package parasitics, especially at higher operating frequencies.
Tunable inductors offer the advantage of a wide tuning range in a small chip area and enable
this technology as a cost-effective alternative for applications in filters, phase shifters, couplers,
power dividers, and tunable oscillators.
2.6.1 Passive Inductor
Generally, passive inductors occupy large expensive die area. When fabricated on lowresistivity substrates, much of the electromagnetic energy leaks into the substrate resulting in
low Q-factors. On the other hand, since the only noise generation mechanism is the loss due to
the series resistance and leakage, passive inductors perform better than active inductors in
terms of noise and linearity. Figure 2-42 shows a typical die photograph, inductance and quality
factor of a 2.5 turn passive spiral inductor using a standard CMOS process [4]. Even though the
maximum Q-factors are between 4 and 7 at 4-7 GHz, the Q-factor at 2GHz are as low as 3
because of the thin aluminum metallization and the conductive substrate. Figure 2-43 shows
the schematic and layout of a 2GHz GaAs FET oscillator using passive spiral inductors [6, pp.
243]. Figures 2-44 and 2-45 show the load line and phase noise plots for the passive spiral
inductor oscillator (shown in Figure 2-43). As shown in Figure 2-43, the two inductors (L1 and L2)
in the circuit layout determine most of the surface die area, and are therefore not a costeffective solution.

Figure 2-42: A typical 2.5 turn spiral inductor: (a) Die photograph, (b) Plot of Q-factor and (c) Plot of inductance
value with frequency [8]
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The idea is to explore the possibility to replace the large spiral inductor with an active device
requiring only a fraction of its size. It is also necessary to find a solution that gives equal if not
better noise and dynamic range at microwave frequencies, as compared with spiral inductor.

Spiral
Passive
Inductor

L1

L1

L2

RF Out

Spiral
Passive
Inductor

L2

Layout

Schematic of 2GHz GaAs FET Oscillator
Figure 2-43: Schematic and layout of a 2 GHz GaAs FET
Oscillator [5, 7]

Figure 2-44: DC-IV and load line of the GaAs FET in
the oscillator

Phase Noise Plot

The measured values are - 100dBc/Hz at 100kHz and -120dBc/Hz at
1 MHz offset within 2-3 dB deviation compared to simulation

Figure 2-45: CAD simulated phase noise plot of oscillator shown in Figure 2-42 [5, 7]
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2.6.2 Active Inductor
Active inductors are implemented based on the well-known gyrator-C architecture consisting
of two transistors in feedback generating inductive impedance [5, 8]. In general, the grounded
active inductor topology is commonly used to implement high Q tunable active inductors (TAIs).
To enhance the inductance and Q of this active inductor, the introduction of a tunable feedback
resistance Rf is incorporated as shown in Figure 2-46 [8].

Figure 2-46: Active inductor circuit and its die photograph [8]

Figure 2-47: Plot of inductance and Q-factor [8]

The tunable feedback resistance increases the effective inductance,
and decreases the
equivalent series resistance simultaneously, which enhances its quality factor [8]. The tunability
has also been improved as all the three parameters namely
, Q and the frequency,
associated with the maximum Q can be tuned independently.
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Detailed analysis of the grounded TAI suggests a direct trade-off between the achievable
range of tunable inductance, quality-factor and the output noise that calls for an optimization
guideline. From the gyrator-C architecture and the noise analysis, the dependence of
Q,
and the output noise on the design parameters is given as [8]

Leff 

Rf

(2-60)

g m1 g m 2
1
Rf

(2-61)

vn  R f  gm1  gm 2

(2-62)

fQ 

where gm1 and gm2 are the small-signal transconductance of the transistors M1 and M2 shown
in Figure 2-47. Since gm1 and gm2 are related to each other from the expression for the effective
inductance, the dependence on gm1 can be eliminated. To analyze the effects of the remaining
two design variables on the performance, the simulated effective inductance and the, output
noise voltage are plotted vs. the two variables for a fixed frequency of 2 GHz and a fixed g m1 =
20mS, as illustrated in Figure 2-48.

Figure 2-48: CAD simulated plot: (a) effective inductance (b) output noise voltage versus g m2 and fixed gm1 =20mS
[8]
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It is observed that the effective inductance and the output noise voltage shown in Figure 2-48
follow similar trends as in Equation (2-60) and Equation (2-61). The degradation of noise with
increasing feedback resistance is prominent from Figure 2-48(b). Higher feedback resistance
also decreases the frequency of maximum Q, i.e., the frequency of operation. On the other
hand, the range of tunable inductance increases with the range of the tunable feedback
resistance. This leads to a direct trade-off between tunable inductance and the frequency of
operation on one hand, and low-noise performance on the other. Thus, to achieve wide
tunability and high frequency operation for a low output noise, the design parameters need to
be optimized based on the 3D-plots of all the performance criteria under consideration.
The optimized active inductor has been fabricated using 0.18µm CMOS technology. The TAI
achieved an inductance tuning range of 0.1-15nH with Q > 50 for frequencies between 0.54GHz, as shown in Figure 2-46. The active inductor consumes around 7.2mW from a 1.8V supply
and occupies a very small area of 100 x 50 µm2.
Noise is a major drawback of active inductors. An approximate equivalent output noise
voltage due to the thermal and flicker noise sources as shown in Figure 2-49 can be evaluated.
It can be observed that the total noise increases with an increase in the feedback resistance and
with decrease in the device size. However, both the resistance and the sizing of devices have a
significant effect on the inductance and the frequency of operation that leads to the trade-off
between the inductance and the operating frequency on one side and the output noise on the
other.

Figure 2-49: Active inductor circuit with its equivalent noise sources [8]

2.7
Selection Criteria and Performance Comparison
The performance comparison criterion (Q-factor, Die-Area, Power Consumption, Linearity,
Noise, EMI and Floor Planning) establishes important design guidelines for selection of
inductors per particular applications. Table 2-4 describes the comparative analysis of the
passive and active inductor for RF and microwave applications. Thus, in spite of the drawbacks
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such as noise and linearity, active inductors have a significant advantage over passive inductors
in terms of die area, quality factor, and issues regarding EMI and floor planning. Additionally,
the potential of extensive tunability of active inductors could be harnessed for multi-standard
and wideband applications.
2.8
Tunable Active Inductor Oscillator
The conventional VCO circuit uses a negative-resistance generating network to compensate
the loss associated with the passive resonators. For low cost MMIC solution active inductor
[51]-[53] is incorporated to replace the negative resistance generating active circuit of the
conventional VCO, thereby the active inductor solution features broadband tuning
characteristics without tuning diodes.
Figure 2-50 shows the differential PMOS and NMOS cross-coupled VCO with a 400 MHz
tuning range (around 3-3.4GHz) using a 1.5nH passive spiral inductor that occupies an area
of
. The VCO core consumes 10mA current from a 2.7V supply and the
measured phase noise is -104.3dBc/Hz at 1MHz offset frequency. For comparison, Figure 2-51
shows the single-ended 500MHz tunable inductor Colpitts oscillator with 80% tuning range
implemented in 0.18µm Si CMOS technology. The output power varies from -29 to -20.8dBm
with the power consumption of 13.8mW from a 1.8V supply and occupies an area of
300x300µm2. The measured phase noise is typically -80dBc/Hz at 1MHz offset, which is inferior
in comparison to commercially available passive inductor oscillator for similar power
consumption.
Thus, in spite of the higher phase-noise, the active inductor VCO achieves a much higher
tuning range, consumes considerably lower power and occupies 1/8th of the die area. The
phase-noise performance could be improved by the use of a differential active inductor in the
resonator or a differential VCO topology using injection and mode locking techniques.
Table 2-4: Comparative analysis of the passive and active inductor for RF & MW applications
Performance
parameter
Q-factor

Passive Inductor

Active Inductor

Low Q-factor

High Q-factor

(Q-factor can be relatively
improved by incorporating
shielding or differential inductors
topology but at added cost and
large die- area)

(Active inductor offers higher Q than the passive
spiral inductor, including the Q and the frequency
of maximum Q are independently tunable.

Tunability

Fixed/Limited

Large tuning range

Die-Area

Large die-area

Small die-area

Power Consumption

Zero

Significant
(Active inductor consumes power for generating
inductance with negative loss resistance,
resulting in high Q factor that offsets the power
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consumption due to reduction in losses)
Linearity

Good Linearity

Poor Linearity
(Active inductor circuit is driven under largesignal condition, causing a shift in operating
point, distortion, and impedance fluctuations)

Noise

Superior Noise Performance

Poor Noise Performance
(The operating frequency and inductance values
of the active inductor depend on device size and
feedback resistance Rf but at the cost of the noise
and dynamic range, therefore, they trade each
other)

EMI

Significant EMI problems

EMI insensitive

(Electromagnetic fields associated
with the large metallic structure of
the spiral inductors causing EMI)
Floor-Planning

Poor

Not required

(The large unused area in the
neighborhood of the inductors due
to large die- area makes difficult
floor-planning)

2.9
RF MEMS Technology
Cost-effective, power-efficient and compact RF modules such as tunable VCOs, filters, and
mixers are critical components in reconfigurable receiver architectures. RF MEMS are expected
to address reconfigurable and concurrent solutions by exploiting RF MEMS technology.

Figure 2-50: Schematic and die of differential spiral inductor VCO [8]
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Figure 2-51: Schematic and die of the active inductor VCO [8]

2.9.1 RF MEMS Components
Figure 2-52 shows a typical RF MEMS enhanced dual-loop wideband receiver, which
dynamically reconfigures the desired operating frequency from 100MHz to 10GHz [40]-[41]. As
shown in Figure 2-52, an array of MEMS mixer-filters, down-convert the received signal from
the GHz frequency band to a unique intermediate frequency (IF) in MHz range, set by the
resonant conditions of the MEMS device.
Figure 2-53 shows a typical die photograph of an RF MEMS filter that comprises a 0.09mm 2
6nH symmetrical spiral inductor surrounded by four 0.13mm2 MEMS capacitors in Jazz
Semiconductor’s SiGe60 four-metal BiCMOS process. Figure 2-54 shows the plot of the
measured insertion loss of the RF MEMS filter, which is typically 7dB for a reconfiguration of
490MHz between 1.87GHz (flow) to 2.36GHz (fhigh).

Figure 2-52: RF MEMS enhanced dual-loop wideband
receiver [40]

Figure 2-53: RF MEMS filter in the Jazz
Semiconductor SiGe60 4-metal BiCMOS process
(Cdc and Ctank switch from 550ff to 250ff and 800ff
to 300ff, respectively [40]
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Figure 2-55 shows a typical differential cross-coupled oscillator using SiGe BJTs to compensate
the losses in a LC tank consisting of a 6.2nH symmetrical MEMS inductor and MEMS capacitors.
The capacitors switch between 0.18pF and 1pF. Implementation is in the Jazz Semiconductor
SiGe60 4-metal BiCMOS process with total die area 0.87 mm2 [5, 42].
Figure 2-56 shows the measured phase noise plot, which is typically lower than -122dBc/Hz at
1MHz offset from the carrier frequency of 2.8GHz. The DC operating point is 2.5V with a core
current 1.1mA. The resulting figure of merit is 187dB. Figure 2-57 shows a CAD simulated and
measured plot of Q-factor of a RF MEMS mixer filter in the Jazz Semiconductor SiGe60 4-metal
BiCMOS process.

Figure 2-54: The Measured plot of insertion loss of RF
MEMS filter [40]

Figure 2-55: RF MEMS VCO in the Jazz Semiconductor
SiGe60 4-metal BiCMOS process [40]

Figure 2-56: Measured phase noise of an RF MEMS
VCO in the Jazz Semiconductor SiGe60 4-metal BiCMOS
process [40]

Figure 2-57: CAD simulated and measured Q of an RF
MEMS mixer filter in the Jazz Semiconductor SiGe60
4-metal BiCMOS process [40]
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2.9.2 Tunable Inductor Using RF MEMS Technology
Figure 2-58 shows the tunable inductor using RF MEMS technology in which tunability is
achieved by incorporating thermal actuators that control the spacing between the main and
secondary inductor. For planar inductors parasitic capacitance and low resistivity are the main
sources of losses [42]. By lifting the inductor off the substrate the losses can be minimized for
improved quality factor. Figure 2-58(b) shows two inductors (inner inductor and outer inductor)
that are connected in parallel. The inner inductor is raised off the substrate due to residual
stress between the metal and the poly silicon layer. The outer inductor is attached to a beam,
which is connected to an array of thermal actuators. When the array is actuated, the beam
buckle lifts up the outer inductor. The control of the angle separating the two inductors allows
tuning the mutual component of the total inductance. The OFF and ON states of the actuator
correspond respectively to the maximum and the minimum inductance value.

a)

A typical Lumped model

b)

Layout of inner and outer inductors

c)

Layout of inductors with beam
and actuators

Figure 2-58: (a) Lumped equivalent model of the MEMS tunable inductor, (b) A photograph showing the two
inductors with the beam and the actuator, and (c) A photograph showing the inner and the outer inductors [42].

The resulting typical values for the off state are Loff = 1.185nH, Roff = 11.5, Coff = 0.238pF and
for the ON state are Lon = 1.045nH, Ron = 14.9, Con = 0.224pF. Notice that the resistance value is
too high and the yield and realization is warranted. Low-cost packaging still remains a
challenge.
The MEMS tunable inductor offers a cost-effective integrable solution for applications in
tunable oscillators but at the cost of large series resistance and limited tuning range [5]. In
addition to this, negative mutual inductance associated with the MEMS structure can further
restrict the operating frequency and tuning range, therefore they are not suitable for high
frequency, low phase-noise signal-source applications.
2.10 Active Capacitor
Figure 2-59 shows the active capacitance circuit using BJT in common-emitter configuration
where the frequency response can be controlled by adjusting feedback element (R, L, and C)
[46].
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Figure 2-59: Block diagram of the proposed circuit (a) and its equivalent circuit (b) [48].

As shown in Figure 2-60, the input impedance of the circuit can be described by [48]
(2.63)
Where,
(

)
(

,

(

)

and

)
(

(

))

(2.64)

Since
do not dominate over the negative resistance and equivalent
capacitance, the input admittance can be approximated as

(2.65)

Figure 2-60: For high frequency, small signal equivalent circuit [48]
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From Equation (2.65), the equivalent value of the negative resistance and capacitance given
by [48]
( (

)

(

[

(

)

)

)

(

(2.66)

)

]

(2.67)

Where,
(

)

(

(

)

)

(2.68)

From Equation (2.66), the frequency range in which the circuit exhibits the negative loss
resistance evaluated as [48]
√

(

(

√

)

)

(2.69)

The frequency, which shows the maximum and minimum negative resistance, given by [5]
(

(

)

√

(

(

)
(

)
)

)

(2.70)

The dynamics of the negative resistance network can be stabilized by properly optimizing the
behavior estimated by Equation (2.66) – Equation (2.70).
Figure 2-61 shows the comparative plots of CAD simulated and measured impedance data of
an active capacitance network for the given feedback parameters: L=23nH, C=10pF and R=46 
[4, 46].
As shown in Figure 2-61, the measured active capacitance circuit behaves as a parallel
network, consisting of frequency dependent equivalent capacitance and negative resistance,
thereby, typically suitable for narrow band applications.
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Figure 2-61: Simulated and measured input impedance of an active capacitance circuit using BJT [48].

2.10.1 Diplexer using Active Capacitor Circuit
Figure 2-62 shows the typical example of active duplexer using the active capacitance
network of Figure 2-61 (implemented by Infineon SiGe HBTs, BFP 620F).
As illustrated in Figure 2-62, an active duplexer consists of two active BPFs at the cellular
Rx/Tx bands. The active duplexer is designed at the Rx band (824~849 MHz) and the Tx band
(869~894 MHz), and fabricated using lumped components with the design parameters given in
Table 2-5 [48]. Figure 2-63 shows the typical layout of the active duplexer circuit. The DC bias
condition is 1V at 5mA.
Figure 2-64 shows the CAD simulated results for the Rx and Tx active BPFs. The duplexer
insertion loss is typically less than 1dB and a return loss of 13dB [48].
Table 2-5 Design Parameters [48]

Active duplexer circuit
Rx BPF

Tx BPF

Feedback element

Matching network

(optimized)

(optimized)
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Figure 2-62: Schematic diagram of an active duplexer [48].

Figure 2-63: Photograph of the fabricated active duplexer [48].
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Figure 2-64: Simulated S-parameters and NF of the active duplexer (1: Antenna port, 2: Tx port, 3: Rx
port) [48].

Figure 2-65: A typical schematic of active capacitance circuit realized by active devices (Transistors)
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2.10.2 Oscillator using Active Capacitor Circuit
Figure 2-65 shows the typical Clapp-Gouriet oscillator using the active capacitance in a highperformance oscillator circuit [5].
Transistors Q1 exhibits a negative resistance at its base terminal for a given frequency range
and Q2 acts as a current source. The negative impedance at the input terminal is generated by
capacitive feedback. The circuit can be loaded for stable RF output at the collector terminal of
Q1 (Figure 2-67). From Figure 2-65, the input impedance is given by
(

)

(2.71)

Figures 2-66 and 2-67 show simulated plots of the negative loss resistance and capacitive
impedance at Port 1 for a given operating frequency of 500 MHz to 3GHz. Care must be taken
while optimizing the feedback capacitor C1. The base to emitter capacitance of transistor Q1
may dominate C1 and must be taken into account.
Figure 2-68 shows a 2000 MHz oscillator schematic using the active capacitance network of
Figure 2-65 for the validation of the active capacitance in a high performance oscillator.

Figure 2-66: Simulated plot of Re [Z11], shows the negative input resistance at Port 1
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Figure 2-67: Simulated plot of Im [Z11], shows the capacitive characteristics at Port 1

Figure 2-68: 2000 MHz oscillator schematic using an active capacitance network
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Figure 2-69: The CAD simulated phase noise performance of the 2000 MHz oscillator (Figure 2-67)

As shown in Figure 2-69, the CAD simulated phase noise performance @ 10 kHz offset is
better than -122dBc/Hz, indicating a cost-effective and promising topology for application in
modern wireless communication systems.
Although, the oscillator circuit shown in Figure 2-67 is a cost-effective alternative of SAW and
ceramic resonator frequency references, the lack of tunability is restrictive. Frequency lock to a
reference using PLL is still needed to counteract the effect of frequency drift caused by
component tolerances, extreme operating temperature, package parasitics, and aging.
2.10.3 Tunable Oscillator using Active Capacitor Circuit
Figure 2-70 shows the typical tunable active capacitance network using a varactor diode for
the realization of tunable oscillator circuits [46, 48].
Figure 2-71 shows a broadband oscillator circuit using an active tunable capacitor network.
The main drawback of this topology is the limited tuning and stability over the desired
operating frequency and temperature, which stems from the active capacitor that comprises
the resonator network.
To overcome the limited tunability characteristics, the concept of the tunable active inductor
oscillator has been reported throughout the short history of electronics [5].
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Figure 2-70: (a) A tunable capacitance circuit using a varactor and (b) its equivalent circuit [46]

Figure 2-71: A narrow band oscillator with an active capacitance circuit and varactor diode circuit (excluding the
bias circuit) [46].

2.11

Conclusion

In this chapter, brief oscillator theory is discussed, including the selection of resonator
networks, and performance matrices (frequency range and tuning characteristics, tuning
linearity, tuning sensitivity, tuning speed, post-tuning drift, phase noise, output power,
harmonic suppression, spurious response, pushing and pulling). The selection criteria and
performance comparison of new technology using active inductor, active capacitor and MEMS
based resonator is being discussed for giving brief insights about the emerging Silicon-based
MMIC technology and application in oscillators. The challenging task is to develop correct
lumped and distributed model for passive and active device including the study of package
parasitics and electromagnetic coupling for RF & microwave system applications [70]-[75].
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Chapter 3
Noise Analysis of the Oscillators
3.1
Oscillator Noise
Noise is associated with all the components of the oscillator circuit; however, the major
contribution of the noise in an oscillator is from the active device, which introduces AM
(amplitude modulation) noise and PM (phase modulation) noise [1]. The conventional wisdom
is to ignore AM component of the noise because the gain limiting properties of the active
device operating under saturation, allows very little variation in the output amplitude in
comparison to PM noise component, which directly affects the frequency stability of the
oscillator and creates noise sidebands [2]. But in reality, many oscillator topologies create
significant AM noise, therefore effective noise contribution is the combination of 1/f spectrum
with the 1/f2 effect in all phase modulation, makes the low-frequency noise much greater, and
that's where the information in most modulated signals reside [2]-[4].
3.1.1 Sources of Noise
There are mainly two types of noise sources in bipolar oscillator circuit: broadband noise
sources due to thermal and shot noise effects and the low-frequency noise source due to 1/f
(flicker noise effects) characteristics. In FET oscillator, high-field diffusion noise is dominant
source of noise generation.
The current flow in a transistor is not a continuous process but is made up of the diffusive
flow of large number of discrete carriers and the motions of these carriers are random and
explains the noise phenomenon up to certain degree, however many of them are unknown. In
conventional terms, the thermal fluctuation in the minority carrier flow and generationrecombination processes in the semiconductor device generates thermal noise, shot noise,
partition-noise, burst noise and 1/f noise [4]. But in reality, this is not the case, the source of 1/f
noise is still a subject of research, physicists are still arguing about what causes it.
Figure 3-1(a) shows the equivalent schematic of the bipolar transistor in a grounded emitter
configuration, and the high frequency noise of a silicon bipolar transistor in common emitter
configuration can be modeled by using the three noise sources as shown in equivalent
schematic (hybrid-) in Figure 3-1(b). The emitter junction in this case is conductive and this
generates shot noise on the emitter. The emitter current is divided in to a base (Ib) and a
collector current (Ic) and both these currents generate shot noise. There is the collector reverse
current (Icob), which also generates shot noise. The emitter, base and collector are made of
semiconductor material and have finite value of resistance associated with them, which
generates thermal noise. The value of the base resistor is relatively high in comparison to
resistance associated with emitter and collector, so the noise contribution of these resistors can
be neglected.
For noise analysis three sources are introduced in a noiseless transistor and these noise
generators are due to fluctuation in DC bias current (ibn), DC collector current (icn) and thermal
noise of the base resistance (vbn). In Silicon transistor the collector reverse current (Icob) is very
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small and noise (icon) generated due to this can be neglected.
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Figure 3-1: (a) - configuration of the GE-bipolar transistor and (b) - configuration of CE-bipolar transistor with
noise sources [4]

For the evaluation of the noise performances, the signal-driving source should also be taken
into consideration because its internal conductance generates noise and its susceptance affects
the noise figure through noise tuning.
The mean square values of the noise generator in a narrow frequency interval f is given by
[4]
2
ibn
 2qI b f

(3.1)

icn2  2qI c f

(3.2)

2
icon
 2qI cob f

(3.3)

2
vbn
 4kTrb' f

(3.4)
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2
v sn
 4kTRs f

(3.5)

Ib, Ic and Icob are average DC current over f noise bandwidth.
The noise power spectral densities due to noise sources is given as [4]
S (icn ) 
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f

(3.6)
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rb' and Rs are base and source resistance and Zs is the complex source impedance.
3.1.2 Oscillator Noise Model Comments
The phenomenon of phase noise generation in oscillators/VCOs has been the focus of
important research efforts, and it is still an open issue despite significant gains in practical
experience and modern CAD tools for design. In the design of VCOs, minimizing the phase noise
is usually an important task and these objectives have been accomplished using empirical rules
or numerical optimizations, and to this end, are often held as trade secrets by many
manufacturers [5]-[12]. The ability to achieve optimum phase noise performance is paramount
in most RF design and the continued improvement of phase noise in oscillators is required for
the efficient use of frequency spectrum.
The degree to which an oscillator generates constant frequency throughout a specified period
is defined as the frequency stability of the oscillator and the cause of the frequency instability is
due to the presence of noise in the oscillator circuit that effectively modulates the signal,
causing a change in frequency spectrum commonly known as phase noise. Phase noise and
timing jitter are both measures of uncertainty in the output of an oscillator. Phase noise defines
the frequency domain uncertainty of an oscillator, whereas timing jitter is a measure of
oscillator uncertainty in the time domain [13]-[19]. But in reality, phase noise and time jitter
correlate each other and tells same thing. The main distinction is just that "jitter" is applied
primarily to digital sources [20]-[33]. The Equation for ideal sinusoidal oscillator in time domain
is given by

Vout (t )  A cos(2 f 0 t   )

(3.10)

where A, f0 and  are the amplitude, frequency and fixed phase of the oscillator.
The Equation of the real oscillator in time domain is given by

Vout (t )  A(t ) cos[0 t   (t )]  [ A   (t )] cos[2 f 0 t   (t )]

(3.11)
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where A(t), (t), and f0 are the time variable amplitude fluctuation, time variable phase
fluctuation, frequency respectively.
Because of the fluctuations, the spectrum of a practical oscillator is broadened near the
carrier frequency. In practice, amplitude noise (AM noise) is smaller than phase-noise (PN) due
to the amplitude-restoring mechanism in LC oscillators, this is illustrated by the limit cycle of an
ideal LC oscillator as shown in Figure 3-2 [34]-[37].

Fig. 3-2 A typical limit cycle of an ideal LC oscillator (The current noise perturbs the oscillator’s voltage by ΔV and
the perturbed signal restores its stable amplitude whereas its phase is free to drift, causing strong random phase
variations) [34].

As shown in Figure 3-2, the current noise perturbs the signal and causes its phasor to deviate
from the stable trajectory, producing both amplitude and phase-noise. The amplitude deviation
is resisted by the stable limit cycle, whereas the phase is free to drift. Therefore, oscillators
almost exclusively generate phase-noise near the carrier [38]-[42]
Figures 3-3 (a), (b), and (c) illustrate the frequency spectrum and time jitter of ideal and real
oscillators, and the typical oscillator phase noise plot. From Equations (3.10) and (3.11), the
fluctuation introduced by A(t) and (t) are functions of time and lead to sidebands around the
center frequency f0. In the frequency domain, the spectrum of the oscillator consists of Diracimpulses at  f0. The SSB phase-noise £(f) is usually expressed in the frequency domain and
described in units of dBc/Hz, representing the noise power relative to the carrier contained in a
1 Hz bandwidth centered at a certain frequency offset from the carrier [43]-[46].
In the order of increasing complexity, noise models are grouped into one of the three
categories as: (i) linear time invariant (LTIV) model, (ii) linear time variant model (LTV), and (iii)
nonlinear time variant model (NLTV) [47]-[68]. The first noise model is proposed by Leeson [1],
based on LTIV (Linear-time-invariant) properties of the oscillator, such as resonator Q, feedback
gain, output power, and noise figure; a second model is proposed by Lee and Hajimiri [35],
based on time-varying properties of the oscillator RF current waveform (LTV); and a third is
proposed by Kaertner, Demir, and Ngova using a perturbation model based on numerical
techniques (NLTV) [38, 39, 46, 47].
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Fig 3-3: (a) Frequency spectrum of ideal and real oscillators and (b) Jitter in time domain relates to phase noise in
the frequency domain, and (c) a typical phase noise plot of real oscillator [4].
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Nallatamby et al. [6] revisited the Lesson’s noise model, providing a detailed and enlightening
analysis, demonstrating its applicability to several oscillator circuits. The theories proposed by
Hajimiri and Lee, and from Kaertner and Demir are based on time-domain approaches for
harmonic oscillator circuits (like LC resonator) [40]-[48]. The approach from Hajimiri and Lee
can be seen as a particular case of the theory of Kaertner [46] and Demir [38, 42, 47], as it can
be shown in the analytical comparison between time and frequency-domain techniques for
phase noise analysis, carried out by Suárez et al. [7]. The Impulse Sensitivity Function (ISF)
proposed by Hajimiri [45] and Lee can be employed to optimize the phase noise performances
of a given oscillator and ISF can be obtained from Harmonic Balance (HB) as shown by Ver
Hoeye et al. [8]. More insight and improvements of phase noise analysis that can be
implemented [49]-[66] using commercially available HB tools that can be found in the paper
Rizzoli [9], and Sancho et al. [9]-[10].
It is important to distinguish noise dynamics in resonator-based oscillators (harmonic
oscillators) with a sharply contrasting oscillator type, time/waveform based oscillator (like
relaxation, ring, and multivibrator) [67]-[68]. Generically this comprises a single reactance,
usually a capacitor, a regenerative memory element such as a flip-flop or Schmitt trigger, and a
means of charging and discharging the capacitor (as shown in Figure 3-4) [69].

Figure 3-4: A typical simplified relaxation oscillator circuit [69]

Typically, harmonic oscillators can be characterized by equivalence to two energy storage
reactive elements (inductor and capacitor), exchanging electrical and magnetic energy at
resonance in order to give a periodic output signal. The actual LC resonant element can be high
quality factor SAW (surface acoustic wave) resonator or Quartz Crystal resonator or Dielectric
Resonator, YIG resonator or printed transmission line or lumped inductor-capacitor resonator.
The time/waveform based RC oscillator circuits (like relaxation, ring, and multivibrator) use one
energy storage reactive element typically “capacitor” for determining oscillation frequency.
The single reactance is not frequency selective like the resonator, and the regenerative element
makes this into a discrete-time feedback loop [69].
The basis of noise dynamics is fluctuation-dissipation theorem of thermodynamics in
conjunction with probability viewpoints using the concept of Brownian motion (Wiener
process), which dictates a lower limit for phase noise in RC oscillators. Specifically, the phase
noise due to the distinct characteristics of threshold crossing in RC oscillators can be expressed
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as functions of temperature, power dissipation, frequency of oscillation and the offset
frequency [50]-[54].
In the family of inductor less oscillator, ring oscillator is most useful for current and later
generation communication systems. As shown in Figure 3-5, the ring oscillator derives its
frequency from the cumulative delay in the stages making up the ring. It follows by symmetry
that if all the stages are identical, then as the sine wave traverses each stage of the ring, its
amplitude remains unchanged, and it experiences a phase lag of 45° [69]. For simplification in
analysis, one can assume that only one of the delay stages in the ring generates noise, and the
other stages are noiseless so that at frequencies fc, the ring oscillator can be characterized as a
single noisy differential pair with negative feedback from the output to the input through an
ideal delay line, td (as shown in Figure 3-5). Therefore, the unity gain delay line models the
other three noiseless stages because its gain is one (at resonant frequency), and the effective
delay of the entire ring is given by td = 1/ (2fc) [69].

Figure 3-5: A typical simplified Ring Oscillator circuit using CMOS device and equivalent model to calculate the
additive noise transfer function [69].

To have a better insight of the noise effects in the oscillator design, it is necessary to
understand oscillator topologies and how the noise arises in active (transistors) and passive
devices. The designer has very limited control over the noise sources in a transistor, only being
able to control the device selection and the operating bias point. However, using knowledge
about how noise affects oscillator waveforms, the designer is able to substantially improve
phase-noise performance of the oscillator circuits by the optimization of the key parameters
(large signal noise factor, output waveform symmetry, circuit topology, drive-level, and noise
filtering techniques) [4]-[11].
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3.2
Leeson’s Phase Noise Model
Phase noise is usually characterized in terms of the single sideband noise spectral density. It
has units of decibels below the carrier per hertz (dBc/Hz) and is defined as [4]
P
(  , 1Hz ) 
L total{}  10  log sideband 0

Pcarrier



where, Psideband (0  , 1Hz) represents the single sideband power at a frequency offset of 
from the carrier with a measurement bandwidth of 1Hz [1].
Leeson’s phase noise equation is given by [1]
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(3.12)

£(fm) = ratio of sideband power in a 1Hz bandwidth at fm to total power in dB
fm = frequency offset from the carrier
f0 = center frequency
fc = flicker frequency
QL = loaded Q of the tuned circuit
Q0 = unloaded Q of the tuned circuit
F = noise factor
kT = 4.1  10-21 at 300 K (room temperature)
Po = average power at oscillator output
It is important to understand that the Leeson model is based on linear time invariant
characteristics (LTIV) and is the best case since it assumes the tuned circuit filters out all the
harmonics. Assuming the phase-noise as a small perturbation, Leeson linearizes the oscillator
circuit around the steady-state point in order to obtain a closed-form formula for phase-noise.
In all practical cases, it is hard to predict what the operating Q and noise figure will be. The
predictive power of the Leeson model is limited due to the following, which is not known prior
to measurement: the output power, the noise figure under large signal conditions, and the
loaded Q [18].
This classic paper [1] is good design guide with the basic understanding that the "noise factor"
as shown in Equation (3.12) is not what we understand; but a measure of the upconverted 1/f
noise. Since Leeson's model does not try to account for this, it cannot possibly provide useful
noise predictions. The drawback of this approach is the fact that the up-conversion of the low
frequency flicker noise components to around carrier phase-noise, which is a necessary input to
the equation; the RF output power, the loaded Q, and the noise factor of the amplifier under
large signal condition, are not known. In addition to this Equation (3.12) predicts an infinite
phase-noise power as f 0.
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3.2.1 Leeson’s Phase Noise Model (Linear Time Invariant Approach)
Since an oscillator can be viewed as an amplifier with feedback as shown in Figure 2-1
(Chapter 2), it is helpful to examine the phase noise added to an amplifier that has a noise
factor F. With F defined as [4]
F

S / N in N out N out


S / N out N in G GkTB

(3.13)

N out  FGkTB

(3.14)

N in  kTB

(3.15)

1peak 
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2

FkT
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(3.16)

FkT
Psav

(3.17)

where Nin is the total input noise power to a noise-free amplifier, F is the noise factor, T is
temperature in Kelvin, k is the Boltzmann constant (kT= 4.1  10-21 at 300 K), Psav is average
output power.
Figure 3-6 shows the typical representation of noise power versus frequency of a transistor
amplifier with an input signal applied. The input phase noise in a 1 Hz bandwidth at any
frequency f0 + fm from the carrier produces a phase deviation as shown in Figure 3-7.

Figure 3-6: Noise power vs frequency of a transistor amplifier with an input signal applied [4, pp. 124]

Since a correlated random phase noise relation exists at f0  fm, the total phase deviation
becomes
 RMStotal  FkT / Psav

(SSB)

(3.18)

The spectral density of phase noise becomes
2
S  f m    RMS
 FkTB / Psav
where B = 1 for a 1 Hz bandwidth. Using

(3.19)
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kTB  174 dBm

(B = 1 Hz, T = 300K)

(3.20)

allows a calculation of the spectral density of phase noise that is far away from the carrier
(that is, at large values of fm). This noise is the theoretical noise floor of the amplifier. For
example, an amplifier with +10 dBm power at the input and a noise figure of 6 dB gives

S  f m  f c   174 dBm  6 dB  10 dBm  178 dBm

(3.21)

Only if Pout is > 0 dBm can we expect L (signal-to-noise ratio) to be greater than -174dBc/Hz (1
Hz bandwidth.) For a modulation frequency close to the carrier, S (fm) shows a flicker or 1/f
component, which is empirically described by the corner frequency fc. The phase noise can be
modeled by a noise-free amplifier and a phase modulator at the input as shown in Figure 3-8.

Figure 3-7: Phase noise added to the carrier (the input phase noise in a 1 Hz bandwidth at any frequency f0 + fm
from the carrier produces a phase deviation) [4, pp. 125].
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Figure 3-8 Phase noise modeled by a noise free amplifier and phase modulator [Ref. 4, pp. 126, Fig. 7-3]

The purity of the signal is degraded by the flicker noise at frequencies close to the carrier. The
phase noise can be described by
f 
FkTB 
1  c 
(B = 1)
(3.22)
Psav 
fm 
No AM-to-PM conversion is considered in this equation. The oscillator may be modeled as an
amplifier with feedback as shown in Figure 3-23.
S  f m  

The phase noise at the input of the amplifier is affected by the bandwidth of the resonator in
the oscillator circuit in the following way.
The tank circuit or bandpass resonator has a low pass transfer function

H  m  

1
1  j 2QL m / 0 

where 0 / 2QL  2 B / 2

(3.23)

where 0 / 2QL  2 B / 2 , is the half bandwidth of the resonator, QL is the loaded quality
factor. These equations describe the amplitude response of the bandpass resonator; the phase
noise is transferred un-attenuated through the resonator up to the half bandwidth [4].
Leeson’s phase-noise formula was derived for an oscillator using a single resonator with the
transfer function given in (3.10); thus one might question its validity for oscillators using more
complex resonant structures such as slow-wave-resonator (SWR) with different H(ωm).
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Figure 3-9: Equivalent feedback models of oscillator phase noise [4, pp. 126, Fig. 7-4]

In fact, by replacing H(ωm) in (3.23) with its Taylor series expansion around the resonant
frequency, one can easily show that the Lesson’s phase-noise formula remains valid and can be
applied to oscillators with complex resonators, provided that the loaded quality-factor is
defined as [39]-[41]

O  A()    () 
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2
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(3.24)

where A(ω) and θ(ω) are the amplitude and phase of the resonator’s transfer function H(ωm).
The closed loop response of the phase feedback loop as shown in Figure 3-9 is given by
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 in  f m 
 out  f m   1 
j 2QL m 


(3.25)

The power transfer becomes the phase spectral density
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(3.26)

where S in was given by Equation (3.9).
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This equation describes the phase noise at the output of the amplifier (flicker corner
frequency and AM-to-PM conversion are not considered). The phase perturbation Sθin at the
input of the amplifier is enhanced by the positive phase feedback within the half bandwidth of
the resonator, f0/2QL. Depending on the relation between fc and f0/2QL, there are two cases of
interest, as shown in Figure 3-10.
Finally, £ ( f m ) , which is the single sideband phase noise

For the low Q case, the spectral phase noise is unaffected by the Q of the resonator, but the £
(fm) spectral density will show a 1/f 3 and 1/f 2 dependence close to the carrier. For the high Q
case, a region of 1/f 3 and 1/f should be observed near the carrier. Substituting Equation (3.22)
in (3.27) gives an overall noise of [4, pp.128]:
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Figure 3-10: A typical representation of oscillator phase noise plots for high and low Q-factor resonator oscillator
[4, pp. 128]]
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Examining Equation (3.27) gives the four major causes of oscillator noise: the up-converted
1/f noise or flicker FM noise, the thermal FM noise, the flicker phase noise, and the thermal
noise floor, respectively.
QL (loaded Q) can be expressed as

QL 

oWe
Pdiss,total



oWe
Pin  Pres  Psig



reactive power
total dissipated power

(3.29)

where We is the reactive energy stored in L and C,

We  12 CV 2

(3.30)

oWe
Qunl

(3.31)

Pres 

More comments on the Leeson formula are found in [36]-[39]. The practical oscillator will
experience a frequency shift when the supply voltage, is changed. This is due to the voltage
and current dependent junction capacitances of the transistor. To calculate this effect, we can
assume that the fixed tuning capacitor of the oscillator is a semiconductor junction, which is
reverse biased. This capacitor becomes a tuning diode [4].

[

(

) ](

)

Phase
Perturbation

Input Power over
Reactive Power
Resonator Q

Flicker Effect

Signal Power over
reactive power

(3.32)

This tuning diode itself generates a noise voltage and modulates its capacitance by a slight
amount, and therefore modulates the frequency of the oscillator by minute amounts. The
following calculates the phase noise generated from this mechanism, which needs to be added
to the phase noise calculated above.
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It is possible to define an equivalent noise Raeq that, inserted in Nyquist’s equation,
Vn  4kTo Raeq f

(3.33)

where kTo = 4.2  10-21 at T0=300 Kelvin, R is the equivalent noise resistor, f is the bandwidth,
determines an open noise voltage across the tuning diode. Practical values of Raeq for carefully
selected tuning diodes are approximately 100, or higher. If we now determine the voltage,
Vn  4  4.2  10 21  100 , the resulting voltage value is 1.265  10-9 V Hz.

This noise voltage generated from the tuning diode is now multiplied with the VCO gain,
resulting in the rms frequency deviation:

(frms )  K o  (1.265109 V ) in 1 Hz bandwidth

(3.34)

In order to translate this into the equivalent peak phase deviation,

Ko 2
(1.265  10 9 rad ) in 1 Hz bandwidth
fm
or for a typical oscillator gain of 10 (MHz/V),

d 

(3.35)

0.00179
( rad in 1 Hz bandwidth)
(3.36)
fm
For fm= 25 kHz (typical spacing for adjacent channel measurements for FM mobile radios), the
d = 7.17  10-8. This can be converted into the SSB signal-to-noise ratio

d 

L ( fm )  20log10

c

 149dBc / Hz
(3.37)
2
Figure 3-11 shows a plot with an oscillator sensitivity of 10 kHz/V, 10 MHz/V, and 100 MHz/V.
The center frequency is 2.4 GHz [4]. The lowest curve is the contribution of the Leeson
equation. The second curve shows the beginning of the noise contribution from the diode, and
the third curve shows that at this tuning sensitivity, the noise from the tuning diode by itself
dominates as it modulates the VCO. This is valid regardless of the Q. This effect is called
modulation noise (AM-to-PM conversion), while the Leeson equation deals with the conversion
noise. Rohde modified the Leeson phase noise Equation (3.12) with the tuning diode
contribution, following Equation allows us to calculate the oscillator phase noise as [4, 98]
2
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(3.38)

where
L (fm) = ratio of sideband power in a 1 Hz bandwidth at fm to total power in dB
fm = frequency offset
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f0 = center frequency
fc = flicker frequency
QL = loaded Q of the tuned circuit
F = noise factor
kT = 4.1  1021 at 300 K0 (room temperature)
Psav = average power at oscillator output
R = equivalent noise resistance of tuning diode (typically 50  - 10 k)
Ko = oscillator voltage gain
The limitation of this equation is that the loaded Q in most cases has to be estimated and the
same applies to the noise factor. The microwave harmonic-balance simulator, which is based
on the noise modulation theory (published by Rizzoli), automatically calculates the loaded Q
and the resulting noise figure as well as the output power [40].

Figure 3-11 Simulated phase noise following Equation (3.24) [4]
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When adding an isolating amplifier, the noise of an LC oscillator system is determined by

S ( f m )  a R F04  a E ( F0 / (2QL )) 2  / f m3





  2GFkT / P0  F0 /  2QL 
  2a R Q L F

3
0

/ f

 / f
2

2
m

(3.39)

2
m

 a E / f m  2GFkT / P0
where
G = compressed power gain of the loop amplifier
F = noise factor of the loop amplifier
k = Boltzmann's constant
T = temperature in Kelvin
P0 = carrier power level (in watts) at the output of the loop amplifier
F0 = carrier frequency in Hz
fm = carrier offset frequency in Hz
QL= (F0g) = loaded Q of the resonator in the feedback loop
aR and aE = flicker noise constants for the resonator and loop amplifier
From (3.38), resonator Q factor is an important parameter for low phase noise oscillator
applications. Care must be taken to maximize the dynamic loaded Q-factor for improved phase
noise performances. If the loaded Q is infinite at oscillator steady state condition that leads to
“0Hz” noise bandwidth for the negative resistance oscillator circuit. Moreover, if this is the case
then this oscillator would take infinite time to build the output transient waveform and reach at
the stable state condition [42]. For practical condition, there is a net resistance at turn-on, and
the start-up transient depends on the behavior of the nonlinearity associated with the oscillator
circuits and the slope parameter of resonator establishes the noise spectrum [42].
Although Leeson’s phase-noise model provides a valuable insight into the oscillator design
from engineering perspectives, it cannot explain some of the important phase noise
phenomena [38]. This is due to simplifying assumptions made about the linearity and timeinvariant behavior of the system. When comparing the measured results of oscillators with the
assumptions made in Leeson’s Equation (3.28), one frequently obtains a de facto noise figure in
the vicinity of 20 to 30 dB and an operating Q that is different than the assumed loaded Q,
therefore must be determined from measurement; diminishing the predictive power of the
Leeson’s phase noise model [4].
Leeson’s model observes the asymptotic behavior of phase-noise at close-to carrier offsets,
asserting that phase-noise goes to infinity with 1/f3 rate [1]. This is obviously wrong as it implies
an infinite output power for oscillator. For noisy oscillators it could also suggest that L(f) >0
dBc/Hz, this singularity arises from linearity assumption for oscillator operation around steadystate point [38]-[43]. In fact, the linear model breaks down at close-to-carrier frequencies
where the phase-noise power is strong [39].
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Considering a nonlinear model for the oscillator in absence of flicker noise, these singularities
can be resolved by expressing the phase noise in the form of a Lorentzian function [42]

a2
L(f m )  2
a  (f m ) 2

(3.40)

where a is a fitting parameter.
Although Equation (3.40) models the spectrum and avoids any singularity at Δfm=0 while
maintaining the same asymptotic behavior as illustrated in Figure 3-12, this is only an after-thefact approach, but not a predictive one [41]-[43].

Fig. 3-12 Close-In phase-noise behavior due to white noise sources. Leeson’s model predicts phase-noise
monotonically increases by approaching the carrier whereas in reality it takes the form of a Lorentzian shape [42]

From Equation (3.40), the total power of phase-noise from minus infinity to plus infinity is 1,
this means that phase-noise does not change the total power of the oscillator; it merely
broadens its spectral peak. Attempting to match the Leeson calculated curve “A” (Figure 3-12)
considering the Equation (3.40), the measured curve requires totally different values than those
assumed due to up-conversion and down-conversion of noise components from harmonically
related frequencies to around carrier frequency as depicted in Figure 3-13 [37]-[39].
The influence of low frequency noise component in stable frequency sources is paramount
and determining factor for phase hits due to time-jitter noise dynamics. Particularly, the effect
of low-frequency flicker noise components on close-in phase-noise is not well defined in
Leeson’s model. The model asserts that the phase-noise 1/f3 corner frequency is exactly equal
to the amplifier’s flicker-noise corner frequency (fc), but measurements do not clearly show
such equality [38]. This is because Leeson models the oscillator as a time-invariant system,
whereas oscillators are in general cyclostationary (cyclostationary process: Signal having
statistical properties that vary cyclically with time) time-varying systems due to the presence of
the periodic large-signal oscillation. This issue has been addressed by several authors [33]-[48].
Lee and Hajimiri [36] has shown that the oscillator’s phase-noise 1/f3 corner frequency can be
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significantly lower than the device’s flicker corner frequency, provided that the oscillation
signals at the output of the oscillator circuits are odd-symmetric.

Fig. 3.13 Conversion process from noise (Sn(ω)) to phase-noise (L(ω)). Noise components from harmonically
related frequencies are up/down-converted to around carrier phase noise, Leeson’s model fails to address this
phenomenon [36].

The basic concept of the Leeson equation gives a quick approximate valuation of the phase
noise performance for oscillator circuits, including the trend for the minimization of noise if
following unknown terms are assumed and inserted properly; the computed results will agree
within a reasonable degree of the accuracy but not the error free prediction. The information
that is not known prior to the measurement is [4]:
a)
the output power,
b)
the noise figure under large-signal conditions, and
c)
the loaded (operational ) noise figure
d)
flicker up conversion dynamics
e)
singularity at close to carrier
In conclusion, Leeson’s model assumes linear approach but oscillators are inherently
nonlinear, it is expected that such a linear phase noise model would predict the phase noise of
an oscillator with a significant error.
3.2.2 Lee and Hajimiri’s Noise Model (Linear Time Variant Model)
To overcome the limitation of linear time invariant phase noise model (Leeson’s phase noise
model), Lee and Hajimiri proposed linear time varying [LTV] phase noise model to predict the
noise properties of the oscillator output waveform [36, 43, 44, 45]. There were many LTV
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models around and before Lee and Hajimiri, explaining the phase noise dynamics of
autonomous circuits (oscillators) for a given nonlinearity associated with the circuits in large
signal conditions. Lee and Hajimiri’s noise model is based on the linear time varying [LTV]
properties of the oscillator current waveform, and the phase noise analysis is given based on
the effect of noise impulse on a periodic signal.
Figure 3-14 shows the noise signal in response of the injected impulse current at two
different times, peak and zero crossing. As illustrated in Figure 3-14, if an impulse is injected
into the tuned circuit at the peak of the signal, it will cause maximum amplitude modulation
and no phase modulation whereas; if an impulse is injected at the zero crossing of the signal,
there will be no amplitude modulation but maximum phase modulation.

Figure 3-14: a) A typical LC oscillator excited by current pulse b) Impulse injected at peak of the oscillation signal
and c) Impulse injected at zero crossing of the oscillation signal [4].
95

If noise impulses are injected between zero crossing and the peak, there will be components
of both phase and amplitude modulation. Variations in amplitude are generally ignored
because they are limited by the gain control mechanism of the oscillator. Therefore, according
to this theory, to obtain the minimal phase noise, special techniques have to be adopted so that
any noise impulse should coincide in time with the peaks of the output voltage signal rather
than at the zero crossing or in between of zero-crossing and peak [18].
Lee and Hajimiri introduced an impulse sensitivity function (ISF) based on injected impulse,
which is different for each topology of the oscillator [43]-[45]. It has its largest value when the
most phase modulation occurs but has the smallest value when only amplitude modulations
occur. This model is a kind of impulse response function that defines the phase noise versus
device noise transfer function, in a manner similar to an impulse-response function in a linear
circuit. The calculation of the ISF is tedious and depends upon the topology of the oscillator.
Based on this theory, phase noise equation is expressed as [36]

 C 0 2 in 2 / f 1 / f 
 10 log  2 *
*

f m 
8 f m2

 q max

£( f m )  


  2 in 2 / f  
10 log 10 log  rms
*

2
4 f m2  
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1
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 ( x) dx   Cn = Root mean square (RMS) value of (x)
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n 0

0



C0
  C n Cos(nx   n ) = Impulse Sensitivity function (ISF)
2 n1
C n =Fourier series coefficient
( x ) 

C 0 = 0th order of the ISF (Fourier series coefficient)

 n =Phase of the nth harmonic
f m =Offset frequency from the carrier
1 / f =Flicker corner frequency of the device

q max = Maximum charge stored across the capacitor in the resonator.
At first glance, it appears that LTV model overcomes the shortcomings of LTIV model
presented by Leeson [1]. However, careful assessment of Lee and Hajimiri LTV model reveals
that there are difficulties with its application to phase noise prediction. This follows since, apart
from the ISF, the phase noise does not directly describe the effect of circuit parameters e.g.
capacitance, inductances, resistance, transistor parameters, etc.). In order to obtain a
quantitative phase noise solution for a circuit, the ISF is to be calculated by computer
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simulation on the oscillator circuit. Since analytical solutions for the ISF in terms of circuit
parameters are mostly non-existent, it can only be done numerically. As a result, insight into
how the physics of the oscillator circuit parameters can be manipulated to yield improved
phase noise performance is lost.
Equation (3.41) is a generalization of Leeson’s model if it is evaluated at the hand of
underlying assumptions (as shown in Figure 3-12 and Figure 3-13), but it is a step closer to the
numerical computer simulation with the penalty of analytical insight bound to physical
parameters. While Leeson’s model retained the loaded quality factor of the resonator (a
physical parameter), Lee and Hajimiri model gives up as many of the physical circuit parameters
as possible (unifying the effect of such parameter into a single ISF). This results in loosing
valuable insight that its retention could have brought to the approach for minimization of phase
noise dependence on such parameters [7].
Various other conclusions are drawn that amount to manipulation of the ISF, but such
conclusions are removed from what can be implemented through oscillator circuit design.
Nevertheless LTV model does yield some insights that Leeson’s model lack, first it reveals that if
the active element in an oscillator were able to instantaneously restore the energy transferred
to the resonator at precisely the right moment in the oscillation cycle, then it would in principle
limit the phase noise to a minimum, which is validated by the examination of the Colpitts
oscillator circuit [36]. Second, the phase noise can be reduced by increasing the maximum
charge displacement qmax in Equation (3.41), this can in some case be physically accomplished
by increasing the output power level of the oscillation signal - although this insight is more
specific; it is something already known from LTIV based Leeson’s model. Third, any phase noise
present around integer multiples of the oscillation frequency is frequency translated to appear
as phase noise sidebands around the oscillation signal.
In conclusion, LTI based noise model gives good results once all the data is known, but does
not lead to exact design rules. The Equation (3.41) using LTV theory though providing a good
tool for explaining the phase noise spectrum in oscillators especially the 1/f3 region, suffers
from a following shortcomings [38]:
a)

It assumes that oscillators are inherently linear time variant, but does not give a
concrete reason for this

b)

It is based on the parameter impulse sensitivity function (ISF), which is very difficult to
determine

c)

It does not provide insight into the factors affecting performance in oscillator design

As described above, the implication of Lee and Hajimiri’s theory is that the designer does not
have much control in terms of the oscillator circuit component parameters over the timing of
the noise impulse injected into the oscillator circuit.
The noise analysis based on the signal drive level and the conduction angle of the timevarying properties of the oscillator current waveform can overcome partly the drawback
associated with Lee and Hajimiri’s Noise Model [33].
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Figure 3-15: The plots show (a) voltage across resonator, (b) oscillator output RF current, and (c) noise current [4].

As shown in Figure 3-15, the drive-voltage ( vresonator) produces an output current ic consisting
of a series of current pulses, its shape and conduction angle depends upon the strength of the
signal drive level [98]. Figure 3-15 (c) shows the typical noise current inoise relative to the RF
current i c as depicted in Figure 3-15 (b) for a LC-Colpitts oscillator in presence of resonator
signal voltage vresonator (shown in Fig. 3-15 (a)). The natural operation of the oscillator will cause
the current pulses to be centered on the negative peaks of the resonator tank voltages and the
associated noise components depend on the conduction angle (width of the RF current pulse).
From Rohde’s noise model [98], the conduction angle  (   1 /C 2 ) is inversely proportional to
the feedback capacitor C2, and directly proportional to the drive-level x ( x  C 2 ).
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The following example given in the Figure 3-16 illustrates the typical circuit diagram of the
100 MHz LC Colpitts oscillator for giving insight into the relationship between the drive level,
the current pulse, and the phase noise [4]. As shown in Figure 3-15, the majority of noise
current exists only during collector current pulses and the oscillator output current will be
negligible or zero during the time between output current pulses, and therefore, aside from
thermal noise, the noise sources, which depend on current such as shot, partition, and 1/f, exist
only during the conducting angle of output current pulses. If the signal drive level is increased,
the oscillator output current pulse will be narrower, and consequently, noise pulse during
conduction angle becomes narrower, and thereby, has less PM noise contribution than the
wider pulse.

Q1: NE 85630
Resonator

500

5310

80 nH

470 pF

32 pF

Vcc= 12V

-+

Table 3-1 shows the drive level for different values of C2 for a 100 MHz oscillator. The
collector current of the circuit shown in the Figure 3-16 plotted in Figure 3-17 using CAD
simulator (Ansys: Ansoft Designer 8), becomes narrower as the drive level x increases, and the
corresponding base voltage Vbase swing increases as illustrated in Figure 3-18 [18].
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100 pF

RFOutput

250

Figure 3-16: Schematic of 100 MHz LC Colpitts oscillator [18]

Table 3-1: Drive level for different values of C2 for a 100MHz Oscillator

x

qVbase
kT

C1

C2

L

Phase Noise @10 kHz offset

Frequency

3
10
15
20

500pF
500pF
500pF
500pF

50pF
100pF
150pF
200pF

80nH
55nH
47nH
42nH

-98dBc/Hz
-113dBc/Hz
-125dBc/Hz
-125dBc/Hz

100MHz
100MHz
100MHz
100MHz
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Figure 3-17: RF current as a function of the normalized drive level x for the oscillator circuit (as shown in the Figure
3-16) [18]

Figure 3-18: RF voltage Vbe across the base emitter as a function of the normalized drive level x.

The improvement in the phase noise, with respect to the drive level, is shown in Figure 3-19,
and it is limited by the strong harmonic content due to the large signal drive level.
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Figure 3-19: Phase noise as a function of the normalized drive level x for the circuit shown in Figure 3-18.

Introducing the signal drive level concept in conjunction with oscillator output current
conduction angle, the phase noise Equations (3.28) can be expressed as [4, pp. 180]
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= flicker noise coefficient
= flicker noise exponent
= ratio of sideband power in a 1Hz BW at  to total power in dB
= frequency offset from the carrier
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0
QL
QO

= center frequency
= loaded Q of the tuned circuit
= unloaded Q of the tuned circuit

kT
R
Ic
Ib
Vcc
C1, C2

= 4.1  10-21 at 300 K (room temperature)
= equivalent loss resistance of the tuned resonator circuit
= RF collector current
= RF base current
= RF collector voltage
= feedback capacitor as shown in the Figure 3-16.

Equation (3.42) gives clear insight and apriori estimation of the phase noise in terms of the
operating condition and circuit parameters (validation examples and numerical results are
described in Ref. 4, pp. 181-199). However, all three noise models discussed above linear and
quasi-linear free-running oscillator circuit, do not explain in detail about the chaotic condition
witnessed in presence of strong linearity of autonomous circuits. Therefore, suggesting the
need for noise analysis for nonlinear time variant noise model for oscillator circuits [47]-[62].
3.2.3 Kaertner, Demir, Ngova’s Noise Model (Nonlinear Time Variant)
Even though the LTV method is able to explain how the device noise around the oscillator's
harmonics affects the phase noise, it is a matter of fact that the oscillator behavior is nonlinear
by nature. Therefore, it can be expected that the results obtained from Linear Time Variant
(LTV) noise model will not take into account, the associated nonlinearity in the oscillator
circuits, hence cannot offer unified solution. For simplification in analysis, some approximations
employed in the LTV method, turn out to be false assumption [48] even though it provides
design flow for noise dynamics. To overcome the limitation of LTV noise model, there have
been several attempts to analyze the phase noise using nonlinear time variant (NLTV)
techniques, perhaps the most acknowledged of these is presented by Kaertner and Demir in
[38, 39, 46, and 47].
Kaertner and Demir pointed out the flaws of LTIV and LTV models that both the total
integrated power and the noise power density at the carrier are infinite-a physical impossibility.
To overcome these discrepancies, nonlinear time variant (NLTV) phase noise model was
proposed from the fundamental differential equation description for a general oscillator by
taking noise perturbation signals into account [39]. The proposed NLTV phase noise model is
based on orbital asymptotic stability theory using white and modulated-white noise sources
with power spectrum falling 1/fk for any k ε N, it is proved that such white and modulatedwhite noise sources led to a phase deviation, ø(t), which is characterized as a stochastic process
with characteristic function, F(,t), described by a mean, μ(t), and a variance, (t). Stability
theory addresses the following questions: will a nearby orbit indefinitely stay close to a given
orbit? Will it converge to the given orbit? In the former case, the orbit is called stable and in the
latter case, asymptotically stable, or attracting. Figure 3-20 illustrates the stability planes for
asymptotically stable, marginally stable, and unstable conditions.
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Figure 3-20: shows the stability plane for asymptotically stable, marginally stable, and unstable condition [39]

For such white noise and modulated white noise sources, the phase noise power spectrum is
analytically derived for angular frequency o of carrier signal as:

∑

(3.43)

Where Xk is Fourier coefficient of the asymptotically (as shown in Figure 3-20) orbitally stable
periodic solution. This implies that n-dimensional stable limit cycle solution based on standard
nonlinear analysis technique of linearizing around a nonlinear stable limit cycle solution, implies
that xs(t) is simply the unperturbed oscillation signal to the oscillation xs(t), as:
∑
[

(3.44)

], which physically translates to the rate of change of the squared variance, , to

the Gaussian solution of the characteristic function, F(,t), of the phase deviation ø(t).
The Equation (3.43) is so general that it does not even need to be an electrical system and
valid for any physically realizable system (electrical, mechanical, biological, etc.) that exhibits
stable oscillatory behavior. The NLTV phase noise model proposed by Kaertner and Demir using
differential equations for describing the frequency and amplitude response of oscillators
103

through perturbation techniques is unequalled in its generality, accuracy and efficient
computational complexity, but the physics of the circuit is completely lost by a pure statistical
characterization of the system [37]-[49].
The solution of Equation (3.43) is derived by computer but poorly suited to analytical
computation by hand on paper (It is just like anything else that is useful, correct, and accurate
in the world of nonlinearity). Initial guess of Equation (3.43) is the 1/f2 phase noise reduction
with frequency and so qualitatively reveals nothing more than what can be learned from linear
phase noise models [50]-[61].
The noise model is based on differential equations describing the amplitude and phase
deviations of the oscillator in terms of Taylor series expansions, assuming that the underlying
device noise can be completely described stochastically [63]-[82]. The stochastic differential
equations so obtained are solved to obtain the final expression of phase noise. Since flicker
noise is difficult to characterize in time domain, Kaertner and Demir obtain approximate series
solutions. The time domain phase noise algorithm for Equation (3.43) becomes numerically
unstable when the concerned oscillator employs a high Q resonator (Crystal resonator, Q106).
Similarly, the frequency domain phase noise algorithm for Equation (3.43) depends on the
numerical method of harmonic balance using CAD simulator (AWR, Agilent ADS 2013, AnsysAnsoft Designer 8) - a method which is similarly known to be problematic (convergence and
accuracy) when applied to oscillators with high Q resonators [83]-[92]. The phase noise models
depend on complex parameters, have no circuit focus, and require special tools and efficient
algorithms to evaluate the model parameters.
The main drawbacks of this model is noise analysis, mainly takes into account white noise
sources, hence only phase noise with a 1/f2 characteristic, and it is therefore not
straightforward to use their result in practical design and also numerical characterization of
phase noise, breaks down when extremely low phase noise Crystal oscillators are considered. It
mainly attempts to establish a foundation theory for the description of phase noise in nonlinear
systems, which has been lacking earlier [93]-[98].
Ngova et.al proposed phase noise model based on envelope transient simulation technique
for arbitrary circuit topology [96]. The frequency conversion and modulation effects taking
place in a free running oscillator because of noise perturbation are intimately linked within a
single equation however phase noise model is not free from convergence problems for high Q
resonator based oscillator circuits.
3.2.4 Multiple Threshold Crossing Noise Model
The noise model (LTIV, LTV and NLTV) discussed in section (3.2.1)-(3.2.3) explains the noise
dynamics of LC resonator based “Harmonic Oscillators”. The LTIV, LTV and NLTV model (all are
frequency based) are good for resonant based (like LC resonator, Crystal resonator, Surface
Acoustic Wave resonator, Dielectric resonator, printed transmission line resonator) but not
suitable for RC relaxation and ring oscillator circuits. In particular, relaxation oscillator has noise
jump/spikes (chaos/bifurcation) due to regeneration during transition, which cannot be easily
modeled by frequency-based method. The poor phase noise performance of time/waveform
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based oscillator (like relaxation, ring, and multivibrator) limits the figure of merit (FOM) in RF
systems as compared to harmonic oscillator (LC tank oscillator).
There is a need to improve the phase noise performance of single energy storage reactive
element (capacitor) oscillator such as RC oscillator (like relaxation and ring oscillators) for taking
the advantage of integrated solution using existing MMIC technologies. The noise model based
on threshold crossing is ideal for time/waveform based oscillator (relaxation and ring) [93]-[96].
3.2.5 Conclusion on Phase Noise Models
Table 3-2 describes the relative strength and weakness of the three-phase noise models
discussed above for the characterization of oscillator circuits [97]-[101]. All the three models as
discussed above and shown in Table 3-2 for harmonic oscillators, one can argue the superiority
of any of the three models based on accuracy, reliability, simulation time, and convergence for
a given oscillator circuit topology. The noise model for non-harmonic oscillator circuits
(proposed by A. Abidi, A. Hajimiri, B. Razavi, R. Navid, T. Lee, R. Duton, and B. Leung) such as
relaxation and ring oscillator circuits, Leung highlighted the inadequacy of traditional first
passage time (FPT) model and the need for the last passage time (LPT) model in representing
the threshold crossing behavior of time/waveform based oscillator [68]-[84].
The noise model discusses the timing jitter based on the LPT model. Leung’s noise model is
based on multiple thresholds crossing concept, which considers the impact caused by both
noise and slew rate changing as transistors change between triode/saturation. It also develops
a link between the last passage and FPT model and indicates when the difference between the
two models becomes significant. Using multiple thresholds crossing concept, a new and more
accurate way of handling such a regional change is formulated and developed [99]-[101].
For a typical ring oscillator with an arbitrary voltage swing, core transistors in delay cells
move between saturation and triode region, resulting timing jitter accumulated within a
particular region. Leung’s LPT model for the threshold crossing offers more accurate description
than the conventional FPT model when the noise/ramp ratio is not small
Table 3-2: Describes the relative strength and weakness of the 3-noise models [97]-[101]
Model
Assumptions
Perturbing
noise Source
Accuracy
Simplicity

Leeson
LTIV
white noise
(KTB)
Reasonable
Simple

Lee and Hajimiri
LTV
Cyclostationary
1/fk for any k ε N
Good
Moderate

Computer
dependence

Independent
(Calculation by hand)

Computer to
evaluate ISF

No

Yes

Yes

Loaded Q-factor (QL),
output power (Ps)

qmax

None

Predicts closein phase noise
Retained circuit
parameters

Kaertner and Demir
NLTV
Modulated
1/fk for any k ε N
Exact
Involved
Computer dependent
(no closed form
solutions)
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Comparing the noise models discussed for harmonic (LC resonator type) and non-harmonic
oscillator circuits (RC oscillator type), it is up to the designers to choose noise models for
analyzing the autonomous circuits because none of the models allow closed form solution for
phase noise - a unified solution needed for any typical oscillator circuit for an optimum figure of
merit (FOM) is being discussed in this manuscript of Chapter 1, Equation (1.1)-(1.3) [101].
3.3
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Chapter 4
Phase Noise Measurement Techniques and Limitations
4.1
Introduction
Accurate measurement of phase noise is one of the most difficult measurements tasks in the
field of electrical engineering [1]-[5]. The biggest challenge is the huge dynamic range required
in phase noise measurements [6]-[11]. There are several methods to measure phase noise and
the right method should be chosen to make the necessary measurements [12]. To properly
select among the various methods, it is necessary to know and appreciate the weaknesses and
strengths of each of the different techniques, because none of these methods is perfect for
every situation [8]. This chapter focuses on key phase noise measurement techniques for
oscillators and reviews their advantages and disadvantages.
In general, measuring phase noise is more difficult than measuring amplitude or frequency
related properties [13]. Different signal sources, whether it is an oscillator alone or a
synthesizer, have widely varying phase noise performances [14]-[23]. Higher noise sources do
not work well with phase noise measurement equipments that are optimized to measure very
low noise levels. An ability to measure the phase noise performance of ultra-low phase noise
oscillators drives the specifications of the best performing phase noise analyzers [15].
Phase noise is usually expressed in units of dBc/Hz at some specific offset frequency f, from
the carrier, the value of the noise level relative to the carrier level calculated in 1Hz bandwidth.
Most often only single sideband (SSB) noise is considered. Some measurement set-ups measure
both noise sidebands and a conversion factor is required to report SSB noise. The pioneer in
Phase Noise measurement unquestionably was Hewlett Packard [1, 8, 32, and 34].
Once adequate for advanced designs, a noise floor dictated by SSB thermal noise (Johnson
Noise at kT) of -174 dBm for zero dBm output power is not enough anymore for some special
requirements and also marketing of these reference frequency sources [36]. The noise
correlation technique allows us to look below kT level (< -174 dBm). However, the usefulness of
the noise contribution below kT is debatable in the perspective of overall system performance
[37]. To achieve a very low measurement noise floor, many modern phase noise measurement
instruments use the correlation principle, with all its pros and cons as described in the
subsequent sections [38]-[48]. The modern test equipments using the cross-correlation
methods are at least 20 times faster [49]-[58].
4.2
Noise in Circuits and Semiconductors
In general, phase noise describes how the frequency of an oscillator varies in short time scale.
The level of phase noise is deterministically related to the carrier frequency, increasing by 6dB
for every doubling in frequency. The long-term frequency stability is called frequency drift, and
it must be considered during the measurement process. The output frequency of an oscillator
takes finite time to stabilize after the oscillator has been started and this drift can be up to few
MHz. The output frequency also usually drifts noticeably during the measurements, especially
in the case of free running oscillators. This drift is a real problem, because during the
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measurements the system must be able to lock to the carrier or carrier must be stable enough,
therefore without the carrier tracking mechanism measurement process is difficult exercise.
Therefore, understanding the frequency drift caused due to noise contributions from the active
and passive devices, is important.
Any type of amplifier in the test signal chain will also serve as a source of noise. While the
main purpose of the amplifier is to increase the power level of a weak carrier signal, it also adds
its own noise to the signal and boosts any input noise. The net result is that the amplifier,
thermal noise, and flicker noise continue to give any phase-noise plot a characteristic shape
and, more significantly, reduce the theoretical lower limit of sensitivity for any phase-noise
measurement. These effects appear in the phase-noise characteristics of any high-performance
signal generator.
4.2.1 Johnson noise
 The Johnson noise (thermal noise) is due to the movement of molecules in solid devices
called Brown’s molecular movements.
 This noise voltage is expressed as

(

)(

)

(4.1)

 The power of thermal noise can thus be written as
( )


(4.2a)

It is most common to do noise evaluations using a noise power density, in Watts per Hz.
We get this by setting B=1Hz. Then we get:

(4.2b)


Noise floor below the carrier for zero dBm output is given by
( )

(

⁄

)

(4.2c)

In order to reduce this noise, the only option is to lower the temperature, since noise
power is directly proportional to temperature.
 The Johnson noise sets the theoretical noise floor.
4.2.2 Planck’s Radiation Noise
 The available noise power does not depend on the value of resistor but it is a function of
temperature T. The noise temperature can thus be used as a quantity to describe the
noise behavior of a general lossy one-port network.


For high frequencies and/or low temperature, a quantum mechanical correction factor
has to be incorporated for the validation of equation. This correction term results from
Planck’s radiation law, which applies to blackbody radiation.
(4.3a)
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4.2.3 Schottky/Shot noise
 The Schottky noise occurs in conducting PN junctions (semiconductor devices) where
electrons are freely moving. The root mean square (RMS) noise current is given by
̅

(4.4a)
(4.4b)



Where, q is the charge of the electron, P is the noise power, and
is the dc bias
current, [Z] is the termination load (can be complex load, comprised of real and reactive
load).



Since this noise process is totally different from other noise processes, this noise is
independent from all others.

4.2.4 Flicker noise
 The electrical properties of surfaces or boundary layers are influenced energetically by
states, which are subject to statistical fluctuations and therefore, lead to the flicker
noise or 1/f noise for the current flow.


1/f - noise is observable at low frequencies and generally decreases with increasing
frequency f according to the 1/f - law until it will be covered by frequency independent
mechanism, like thermal noise or shot noise.
Example: The noise for a conducting diode is bias dependent and is expressed in terms
of AF and KF.

〈

〉

The AF term is a dimensionless quantity and a bias dependent curve fitting parameter.
This term has a value generally within the range of 1 to 3 and a typical value of 2.
The KF value ranges from 1E-12 to 1E-6, and defines the flicker corner frequency.
4.2.5 Transit time and Recombination Noise
 When the transit time of the carriers crossing the potential barrier is comparable to the
periodic signal, some carriers diffuse back and this causes noise. This is really seen in the
collector area of NPN transistor.


The electron and hole movements are responsible for this noise. The physics for this
noise has not been fully established.

4.2.6 Avalanche Noise
 When a reverse bias is applied to semiconductor junction, the normally small depletion
region expands rapidly.


The free holes and electrons then collide with the atoms in depletion region, thus
ionizing them and produce spiked current called the avalanche current.
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The spectral density of avalanche noise is mostly flat. At higher frequencies the junction
capacitor with lead inductance acts as a low-pass filter.



Zener diodes are used as voltage reference sources and the avalanche noise needs to be
reduced by big bypass capacitors!

4.3
Phase Noise Measurement Techniques
The usual goal for measuring phase noise in an R&D environment is to achieve the lowest
measurement noise floor possible. As we shall see, this is not necessarily the best choice,
depending on the signal source being measured. In a production environment, the objective is
fast throughput for product phase noise performance testing. Again, this is best achieved by
using a method that is appropriate for the source being measured.
There are some very capable general-purpose phase noise measurement instruments
available on the market, including the Agilent-E5052B, Rohde & Schwarz-FSUP, HolzworthHA7402A, Noise XT-DCNTS, Anapico-APPH6000-IS, and OE Wave-PHENOMTM. With the growing
demand for improved dynamic range and lower noise floor, equipment companies are
introducing general purpose phase noise analysis software driven tools for extracting far out
(offset frequency > 1MHz) noise below the kT floor even though claims of -195 dBc/Hz or lower
lack the practical utility.
Modern phase noise test equipment addresses these issues, but one must understand the
limitations of measurement techniques so that a suitable method can be chosen. The Direct
Spectrum Method, PLL method, delay line discriminator method, and cross-correlation method
are frequently used to measure the oscillator phase noise. The first one is the simplest and has
the biggest limitation. The last one requires the most complex measurement system but useful
and can measure oscillator phase noise performance better than that of its reference oscillator.
Here we present the following primary phase noise measurement techniques, listed in the
order of increasing precision:



Direct Spectrum Technique
Frequency discriminator method
- Heterodyne (digital) discriminator method
 Phase detector techniques
- (Reference source/PLL method)
 Residual Method
 Two-channel cross-correlation technique
4.3.1 Direct Spectrum Technique
This is the simplest technique for making phase noise measurements. Using this technique,
measurements are valid as long as the analyzer's phase noise is significantly lower than that of
the measured device (DUT). Figure 4-1 shows the basic block diagram of a Direct Spectrum
Measurement Technique. As shown in Figure 4-1, the signal from the device under test (DUT) is
input into a spectrum/signal analyzer tuned to the DUT frequency, directly measuring the
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power spectral density of the oscillator in terms of £(fm). Because the spectral density is
measured with the carrier present, this method is limited by the spectrum/signal analyzer’s
dynamic range. Though this method may not be useful for measuring very close-in phase noise
to a drifting carrier, it is convenient for qualitative quick evaluation on sources with relatively
high noise. For practical application, the measurement is valid if Spectrum/Signal analyzer
internal SSB phase noise at the offset of interest is lower than the noise of the DUT. It is
therefore essential to know the internal phase noise of the analyzer we are using.
Because the spectrum/signal analyzer measures total noise power without differentiating
amplitude noise from phase noise, the amplitude noise of the DUT must be significantly below
its phase noise (typically 10 dB will suffice). This can be assured by first passing the DUT signal
through a limiter. The presence of amplitude noise is suggested if the sidebands of the signal
are not symmetrical. It is very important to adjust the noise measurement from the spectrum
analyzer.
Device Under Test
(DUT)
Spectrum/Signal Analyzer

Figure 4-1: Direct Spectrum Measurement Technique

All spectrum analyzers pass signals through a logarithmic amplifier (logamp) before detection
and averaging. This distorts the noise waveform, essentially clipping it somewhat from the
logarithmic transfer function. A 2.5dB error on the low side results from this average-of-log
process. The details of this measurement techniques can be found in Agilent application note
AN1303, “Spectrum and Signal Analyzer Measurements and Noise” for more details [1].
Advantages:
 Simple, frequency based measurement


Fast measurement, for relatively noisy sources



Relatively low cost



Suitable for measurements of oscillators that drift slightly (less than the resolution filter
bandwidth) during measurement.

Drawbacks:
 Not suitable for measuring oscillators with ultra low phase noise performance, because
the noise floor of the instrument is comparatively high.


Not suitable for measuring the phase noise within 1kHz carrier frequency, mostly
because spectrum analyzers have their own noise properties that can degrade the
measurement results.



Limited measurement dynamic range
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One of the major drawbacks of the Direct Spectrum technique is its dynamic range
limitation due to the presence of the carrier power. All of the following measurement
techniques eliminate this limitation by separating the sideband noise from the carrier
power, using a variety of techniques.

4.3.2 Frequency Discriminator Method
In the frequency discriminator method, the frequency fluctuations of the source are
translated to low frequency voltage fluctuations, which can then be measured by a baseband
analyzer. There are several common implementations of frequency discriminators including
cavity resonators, RF bridges and a delay line.
Delay Line Frequency Discriminator:
The delay-line measurement system is often chosen for the flexibility in measuring a freerunning oscillator between 1 GHz and 10 GHz. The delay-line technique has sufficient sensitivity
to measure most microwave oscillators with loaded Q-factors of several hundred and does not
require a second reference oscillator.
The expression of delay can be calculated as
√

(

)

(4.5)

Where εr is the relative dielectric constant in a coaxial cable.
The primary advantage of this method is that it can be used to measure noisy sources but on
the other hand, it does not work with low noise sources, because the noise performance of this
method is the limiting factor. Delay-line discriminators are limited by the loss of the delay-line
due to the power requirements for the mixer. Using lower power than required will lead to
degraded performance of the system. The noise floor depends on the length of the cable
(delay), the longer the delay the lower the noise floor, but it will also mean higher losses and
lower offset frequency. The highest usable offset frequency depends mostly on the length of
the delay. There is a null at f=1/tdelay offset frequency, and the recommendation is to use offset
frequencies up to f=1/ (4tdelay). With a 500ns delay, the usable offset frequency range is from 0
to 500 kHz.
As shown in Figure 4-2, the signal power from the DUT is split into two channels. The signal in
one path is delayed relative to the signal in the other path. The delay line converts the
frequency fluctuation to phase fluctuation. The mixer requires phase quadrature at its two
inputs at the carrier frequency, which is achieved by either adjusting the delay line (not likely)
or using a small phase shifter in the through-path. As shown in Figure 4-2, the mixer (acting as
phase detector) converts the phase difference between the delayed and undelayed paths into a
DC voltage related by the phase discriminator constant Kø. The output of this frequency
discriminator is then read on the baseband spectrum analyzer as frequency noise. This
frequency noise is converted to phase noise using the well-known relationship between FM and
PM, and reported as phase noise measurement.
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Figure 4-2: Shows the basic block diagram of frequency discriminator method (Courtesy: Agilent Company)

The frequency fluctuations of the oscillator in terms of offset frequency fm are related to the
phase detector constant and the delay d by [31]:
(

)

(

)

(

)

(4.6)

Since frequency is the time rate change of phase we have:
(

(

)

)

(

)

(4.7)

The voltage output is measured as a double sideband voltage spectral density
(

From (4.6) and (4.7), phase noise
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) is related to the measured
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The single sideband phase noise is given by
(
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)
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)

(4.9a)
)

(

(

)

(4.9b)

With a single calibration of the mixer as a phase detector, Kø and known delay d, the phase
noise of an oscillator can be measured using FFT (baseband) analyzer. The phase discriminator
constant Kø is in V/rad and is determined by measuring the DC output voltage change of a mixer
while in quadrature (nominally 0V DC) for a known phase change in one branch of
discriminator. The value of Kd is dependent upon the RF input power of the mixer that in turn is
directly proportional to the noise floor shown in Figure 4-3 [31].
Using Z-parameters the sensitivity of the delay line discriminator can be determined first by
introducing the Q-factor defined with respect to the phase of the open-loop transfer function
ø() at the resonance of parallel RLC circuit [31]-[33]:
(

)

( (

))

( (

))

(4.10)
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√

(4.11)

A typical coaxial delay-line exhibits a linear phase relation with frequency across the usable
bandwidth of the transmission line.
The linear phase relationship in a coaxial line to the derivative of the phase change in a
resonator results in an effective Q, QE for a transmission line with time delay d:
(4.12)
From (4.12), the effective Q-factor increases linearly with both delay line length and
frequency of operation. Using
as the Q-factor in the Leeson’s equation and using an
approximate mixer noise floor of -175 dBc.
The Flicker corner is set at 10 kHz, typical for silicon (Si) diode mixer. The measurement phase
noise floor is calculated:
(

)

[(

(

)

)(

)]

(4.13)

A plot of (4.13) is shown in Figure 4-3.

Figure 4-3: The ideal phase detector sensitivity in terms of RF power (assuming LO power is great than RF) and
phase detector constant Kø. The noise floor sensitivity is 1:1 to mixer power input [31]
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Advantages:


Better Sensitivity than Direct Spectrum Methods



Good for free running sources such as LC oscillators or cavity oscillators



Appropriate when the DUT is a relatively noisy source with high-level, low rate phase
noise or high close-in spurious sideband

Drawbacks:


Significantly less sensitivity than phase detector methods



A longer delay line will improve the sensitivity but the insertion loss of the delay line
may exceed the source power available and cancel any further improvement.



In addition, longer delay lines limit the maximum offset frequency that can be
measured. This method is best used for free running sources such as LC oscillators or
cavity oscillators, although the frequency discriminator method degrades the
measurement sensitivity, particularly at close to the carrier frequency.

4.3.2.1

Heterodyne (Digital) Discriminator method

As shown in Figure 4-4, the heterodyne (digital) discriminator method is a modified version of
the analog delay line discriminator method and can measure the relatively large phase noise of
unstable signal sources and oscillators.
Unlike the analog discriminator method, here the input signal is down-converted to a fixed
intermediate frequency fif using a separate local oscillator. The local oscillator is frequency
locked to the input signal. Working at a fixed frequency, the frequency discriminator does not
need re-connection of various analog delay lines at any frequency. This method allows wider
phase noise measurement ranges as compared to the PLL method. This option is available in in
latest commercial phase noise measurement equipments (Agilent E5052B, R&S FSUP).
Advantages:


Offers easy and accurate AM noise measurements (by setting the delay time to zero)
with the same setup and RF port connection as the phase noise measurement



Frequency demodulation can be implemented digitally

Drawbacks:


Dynamic range of Phase Noise measurement is further limited by the additional scaling
amplifier and ADCs.
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Figure 4-4: Basic block diagram of heterodyne (digital) discriminator method (Courtesy: Agilent) [9]

4.3.3 Phase Detector Technique
Figure 4-5 shows the basic concept for the phase detector technique. The phase detector
method measures voltage fluctuations directly proportional to the combined phase fluctuations
of the two input sources. To separate phase noise from amplitude noise, a phase detector (PD)
is required. The (PD) converts the phase difference of the two input signals into a voltage at the
output of the detector. When the phase difference between the two input signals is set to 90°
(e.g. at quadrature), the nominal output voltage is zero volts and sensitivity to AM noise is
minimized. Any phase fluctuation from quadrature results in voltage fluctuation at the output.
This method has a very low noise floor and therefore has a very good measurement dynamic
range.

Signal 1





Phase Detector

Vout = Kin

Signal 2

Figure 4-5: Basic concept of Phase detector techniques [1]
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4.3.3.1
Reference Source/PLL Method
Figure 4-6 shows the basic block diagram of the phase detector method using reference
source/PLL techniques. The basis of this method is to use a phase lock loop (PLL) in conjunction
with a double balanced mixer (DBM) used for the phase detector. The PLL compares the phases
of two input signals and generates a third signal which is used to steer one of the input signals
into phase quadrature with the other. When the phase of the input signals are aligned, the loop
is said to be locked and the nominal output from the phase detector is zero. This voltage varies
a little due to phase noise on the input signals. The noise present at the output of the mixer
includes phase noise of both signals. If the noise from the reference oscillator is more than 20
dB lower than the noise from DUT, the main contributor for phase noise is the DUT.
As shown in Figure 4-6, two sources, one from the DUT and the other from the reference
source, provide inputs to the mixer. Again the reference source is controlled such that it follows
the DUT at the same carrier frequency (fc) and in phase quadrature (90° out of phase) to null
out the carrier power. The mixer sum frequency (2fc) is filtered out by the low pass filter (LPF),
and the mixer difference frequency is 0 Hz (dc) with an average voltage output of 0 V when
locked. The DC voltage fluctuations are directly proportional to the combined phase noise of
the two sources. The noise signal is amplified using a low noise amplifier (LNA) and measured
using a spectrum analyzer.
The advantage of this method is broadband measurement capability for both fixed frequency
and tunable oscillators. With only a few different double balanced mixers and suitable
reference oscillators, noise on signals from 1MHz to several tens of GHz can be measured. If the
DUT is a tunable oscillator, the reference oscillator will then be a free running one and the DUT
would be controlled with the PLL, and need a suitable PLL amplifier after the low pass filer
(LPF). The limitation of this method is that it is difficult to determine the contribution of noise,
i.e. which part of the noise comes from the reference and which from the DUT. Nevertheless,
this problem is true for most measurement systems.
Usually, if the phase noise levels of the two signals are not that far from each other, a
correction factor (
) from 0 to 3dB is subtracted from the measured result, where the
highest number is used when the noise levels are equal [24]. The expression of the correction
factor is given by [32]
(

)

(4.14)

Where P is the difference between the noises of the reference and the DUT in dB, Table 4-1
shows the correction factors for different noise level differences.
Table 4-1: Correction factor if the phase noise of the reference oscillator is near the phase noise of DUT
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Figure 4-6: Shows the basic block diagram Phase Detector Method using reference source/PLL techniques). Small
fluctuations from nominal voltages are equivalent to phase variations. The phase lock loop keeps two signals in
quadrature, which cancels carriers and converts phase noise to fluctuating DC voltage (Courtesy of Agilent
Technologies) [1]

This method exhibits promising noise floor but the performance is dependent on DBM and
reference source characteristics. The selection of a mixer as a phase detector is critical to the
overall system performance.
The noise floor sensitivity is related to the mixer input levels; therefore high power level
mixers are preferred. However, care must be taken to match mixer drive to available source
power.
Choice of DBM as Phase Detector:
Figure 4-7 exhibits typical DBM phase detector response curve, where VIF varies as the cosine
of the phase difference ø between LO and RF signals [31].
As shown in Figure 4-7, phase detector response (VIF) is reasonably linear in the region ø
where phase detector sensitivity (

) is maximum, represented by
(

)

(

)

(4.15)

( )

(4.16)

( ) is given by [5]

The phase detector output
( )

(

)
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Figure 4-7: Shows the response of DBM as a phase detector varies as Cos(ø +π), (VIF) is reasonably linear in the
region (
) [31]

For mixer’s two input signals are at the same frequency,
( ) is
( )

( )

and 90° out of phase,
(4.17)

( ) is the instantaneous voltage
where V is the peak amplitude (at
),
fluctuations around DC, and ( ) is the instantaneous phase fluctuation.
( ), which describes a linear response region, the
For ( )
( ( ))
phase detector sensitivity varies linearly with maximum output voltage as
( )

(4.18)

where,
is the phase detector gain constant (volts/radian), equal to the slope of the mixer
sine wave output at the zero crossing.
Choice of Reference Sources:
The other critical component of the phase detector method is the reference source. As
discussed in the Direct Spectrum technique section, a spectrum analyzer measures the sum of
noise from both sources. Therefore, the reference source must have lower phase noise than
device under test, DUT. For practical purposes 10 dB margin is sufficient to ensure correct
measurements within reasonable degree of accuracy. When a reference source with lower
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phase noise is unavailable then it is appropriate to use a source with comparable phase noise to
the DUT. In this case, each source contributes equally to the total noise and 3-dB subtracted
from the measured value.
Advantages:


Excellent sensitivity for measuring low phase noise levels



Wide signal frequency range



Wide offset frequency range (0.01Hz to 100 MHz)



Rejects AM noise



Frequency tracks slowly drifting sources.

Drawbacks:


Requires a very clean reference source that is electronically tunable,



Measurement frequency bandwidth matched to the tuning range of the reference
sources.



Locking PLL bandwidth is very narrow, < 10% of the minimum offset frequency used in
the measurement.



Narrow PLL bandwidth cannot track a noisy source.



Expensive and complex

In conclusion, the phase detector method has excellent system sensitivity, but on the other
hand its complexity (PLL and two oscillators are required) must be handled with care.
4.3.4 Residual method
The methods shown thus far can be used to measure only oscillators. There are some
methods for measuring 2-port devices, and the residual method is one of them. It can be used
for example to measure amplifiers, mixers, cables, and filters.
As shown in Figure 4-8, the output of a reference source is split with a power splitter. One
branch is connected through the DUT to the mixer and the other branch through a phase shifter
to the mixer. The phase shifter is adjusted until the phases are in quadrature, and the output of
the mixer is measured with a spectrum analyzer. Because the noise from the reference source
is coherent at the mixer input and the signals are in quadrature, it will be subject to some
degree of cancellation.
The degree of cancellation improves as the signal path delay in the two arms of the bridge is
minimized. The remaining phase noise at the mixer output is thus added by the DUT. When the
DUT is relatively broadband (i.e. low delay) device having equal input and output frequencies,
the need for a second device in the other bridge arm is eliminated. When the device is either
narrowband, or is one with unequal input and output frequencies (a mixer frequency multiplier
or divider etc.) identical devices must be used in both arms of the phase bridge.
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Figure 4-8: Residual method set-up (Simplified single channel residual phase noise measurement system)

The noise floor of a system utilizing this single channel measurement technique is highly
dependent on and limited by the noise floors of the mixer, filters and low noise amplifier. This
type of system can have a residual phase noise floor in the region of -180dBc/Hz at high offset
frequencies [2].
In residual noise measurement system, the noise of the common source might be
insufficiently canceled due to improperly high delay‐time differences between the two
branches. It is therefore vitally important to match the delay times very closely.
A Residual Phase Noise Measurement System
Figure 4-9 shows a system that automatically measures the residual phase noise of the 8662A
synthesizer [4]. It is a residual test, since both instruments use one common 10MHz referenced
oscillator. Quadrature setting is conveniently controlled by first offsetting the tuning of one
synthesizer by a small amount, usually 0.1Hz. The beat signal is then probed with a digital
voltmeter and when the beat signal voltage is sufficiently close to zero, matching the
synthesizer tuning commands to stop the phase slide between the synthesizers.
4.3.5 Two-Channel Cross-Correlation Technique
Figure 4-10 shows the diagram of the 2-channel cross-correlation technique from Agilent [1];
built around a similar measurement set-up as the PLL method except that there are three
oscillators and the measurement involves performing cross-correlation operations among the
outputs from each channel. It can be seen that there are two reference oscillators, one power
splitter, two mixer/amplifier/PLL circuits and a cross-correlation FFT analyzer. The crosscorrelation technique is used to minimize the noise contribution from mixer, filter and LNA
from the measurement results. This works because the noise from the DUT is common
between both paths, but the noise contributed from each internal reference oscillator is
independent. Thus over time, the noise contributions from the independent sources will show a
zero cross-correlation. However, the noise from the DUT will correlate, and ultimately
dominate the output measurement (as desired).
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Figure 4-9: Automatic system to measure residual phase noise of two 8662A synthesizers (Courtesy of HewlettPackard Company) [32]

The noise from the first reference feeds into the first phase noise detector and ends up on
channel 1 of the cross-correlation FFT analyzer. The noise from the second reference passes
through in the second phase noise detector and appears on channel 2 of the cross-correlation
FFT analyzer. The output of the DUT is connected through a high isolation inductive power
splitter to two mixer circuits where it is mixed with the signal from these two reference
oscillators. The outputs of the mixer circuits are used for PLL circuits to lock the internal
references in phase quadrature to the DUT input signal, as in the PLL method. The mixer output
signals are then amplified, the DC is filtered away and finally the signals are fed to two channels
of the FFT analyzer to perform a cross-correlation measurement between the two output
signals.
The noise from output of each mixer can be modeled using two noisy signals [36]-[39]
( )

( )⃡

( )
( )

( )

( )⃡

( )

( )
( )

( )
( )

(4.19)
( )
(4.20)

Where a(t) and b(t) are uncorrelated equipment noise present in each channel and c(t)
represents the correlated DUT noise. The cross-spectrum of these two signals after averaging
over M samples is described by
̅̅̅̅̅

∑

(4.21)

Where ‘m’ represents the sample index and (*) implies the conjugate function.
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From (4.19), (4.20) and (4.21) into (4.22) and (4.23),
̅̅̅̅̅
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Considering that there is no correlation between the noisy signals a(t), b(t) or c(t) then as the
number of averages increases the uncorrelated terms in the cross spectrum ( AB, AC and CB)
will tend toward zero. The only remaining term CC represents the power spectral density of the
correlated DUT noise. When the analyzer is set to average, the common noise is kept, and the
noise not common to both channels is attenuated and averaged away.
From (4.23) the DUT noise through each channel is coherent and is therefore not affected by
the cross-correlation, whereas, the internal noises generated by each channel are incoherent
and diminish through the cross-correlation operation at the rate of √M (M=number of
correlations)
(

√

)

(4.24)

Where

is the total measured noise at the display;
the DUT noise;
and
are the internal noise from channels 1 and 2, respectively;
and M the number of correlations.
From (4.24), the 2-channel cross-correlation technique achieves superior phase noise
measurement capability but the measurement speed suffers when increasing the number of
correlations. This method offers 15 to 20 dB improved phase noise measurement sensitivity
when compared to the Reference source/PLL method described above, so it can be used to
measure oscillators with ultra-low phase noise. It is even possible to measure oscillators with
better noise performance than the reference oscillators, because phase noises from the
reference oscillators are suppressed considerably [37].
The improved dynamic range and noise floor of the cross-correlation phase noise
measurement technique comes at price. Usually many samples are needed in order to average
out the uncorrelated noise. The measuring yardstick of the confidence interval of a phase noise
detector is expressed by [26]:
( )

( )(

( )

( )(

√
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)
)

For single-channel

(4.25)

For dual-channel

(4.26)

Where
x = cross –correlation
m = measured (noise)
s = single channel
n = number of samples
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Figure 4-10: Shows the basic block diagram of 2-channel cross-correlation technique (Courtesy: Agilent) [34]

Equation (4.25) shows that for a single channel the confidence interval is ±10% for 100
samples. Equation (4.26) shows that to obtain the same confidence interval for a phase noise
measurement 10 dB below the single channel noise floor 20,000 samples are required. Indeed,
the dual channel or cross-correlation method of phase noise results in a lower floor than the
standard single channel method but there is a cost of measurement speed [49]. From (4.25)
and (4.26), more averages are required to achieve the same level of confidence in a
measurement for dual-channel cross-correlation method. The advantage of lower noise floor
using the cross-correlation method provides a level of characterization of extremely low noise
Crystal oscillators, which was not possible using the single channel method. The practical value
of the noise floor is [50]:
[ ( )

(4.27)

Where Na is the noise figure and Pi is the power available.
Today, the cross-correlation process is the only technique that allows close to thermal noise
floor measurements below -177dBc/Hz at far offset from the carrier, and with 20dB of DUT
output power can provide a noise floor better than -195 dBc/Hz provided the DUT output
buffer stage is low noise amplifier and can handle the 20dBm power. However, this
improvement of 20 dB is based on 100,000 correlations, which results in a long measurement
time [51]-[58].
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Advantages:


Best sensitivity for measuring low phase noise levels



Wide signal frequency range



Wide offset frequency range (0.01 Hz to 100 MHz)



Frequency tracks slowly drifting sources

 Rejects AM noise
Drawbacks:


Complexity: Requires two very clean reference sources that are electronically tunable



Long measurement times when very low noise is being measured



Measurement frequency bandwidth matched to the tuning range of the reference
sources



Phase Inversion and collapse of the cross-spectral function (condition when the
detection of the desired signal using cross-spectral techniques collapses partially or
entirely in the presence of second uncorrelated interfering signal).
4.3.6 Conventional Phase Noise Measurement System (Hewlett-Packard)
This section is based on published Hewlett-Packard material [1], described here to give brief
insights about the working principle of the early, very low phase noise measurement
equipment (during the 1980s) and subsequently the development of modern automated test
systems [4].
The most sensitive method to measure the spectral density of phase noise S Δθ(fm) requires
two sources – one or both of them may be the device(s) under test – and a double balanced
mixer used as a phase detector. The RF and LO input to the mixer must be in phase quadrature,
indicated by 0 Vdc at the mixer IF port. Good phase quadrature assures maximum phase
sensitivity Kθ and minimum AM sensitivity. With a linearly operating mixer, Kθ equals the peak
voltage of the sinusoidal beat signal produced when both sources are frequency offset (Figure
4-11). When both signals are set in quadrature, the voltage ΔV at the IF port is proportional to
the fluctuating phase difference between the two signals.
(4.28)
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(4.29)
(4.30)

is phase detector constant and VB peak for sinusoidal beat signal

Calibrations required of the wave analyzer or spectrum analyzer can be read from the
equations above. For a plot of £(fm) the 0-dB reference level is to be set 6 dB above the level of
the beat signal. The -6-dB offset has to be corrected by + 1.0 dB for a wave analyzer and by +2.5
dB for a spectrum analyzer with log amplifier followed by an averaging detector. In addition,
noise bandwidth corrections likely have to be applied to normalize to 1Hz bandwidth.
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Since the phase noise of both sources is summed together in this system, the phase noise
performance of one of them needs to be known for definite data on the other source.
Frequently, it is sufficient to know that the actual phase noise of the dominant source cannot
deviate from the measured data by more than 3 dB. If three unknown sources are available,
three measurements with three different source combinations yield sufficient data to calculate
accurately each individual performance.

Figure 4-11: Phase Noise system with two sources maintaining phase quadrature

Figure 4-11 indicates a narrowband phase-locked loop that maintains phase quadrature for
sources that are not sufficiently phase stable over the period of the measurement. The two
isolation amplifiers are to prevent injection locking of the sources to each other. The noise floor
of the system is established by the equivalent noise voltage ΔVn at the mixer output. It
represents mixer noise as well as the equivalent noise voltage of the following amplifier:
(

)

(

) (

)

(4.31)

Wideband noise floors close to -180 dBc can be achieved with a high-level mixer and a lownoise amplifier. The noise floor increases with fm-1 due to the flicker characteristic of ΔVn.
System noise floors of -166dBc/Hz at 1 kHz have been realized.
To get this excellent performance, the phase detector/PLL method is complex and requires
significant calibration. In measuring low-phase-noise sources, a number of potential problems
have to be understood to avoid erroneous data. These include:


When two sources are phase locked to maintain phase quadrature, it has to be ensured
that the lock bandwidth is significantly lower than the lowest Fourier frequency f m of
interest, unless the test set takes into account (as many do) the loop suppression
response



Even with no apparent phase feedback, two sources can be phase locked through
injection locking, resulting in suppressed close-in phase noise and causing a
measurement error. This can normally be avoided with the use of high isolation buffer
amplifiers or frequency multipliers.
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AM noise of the RF signal can come through if the quadrature setting is not maintained
accurately.



Deviation from the quadrature setting also lowers the effective phase detector
constant.



Nonlinear operation of the mixer results in a calibration error.



Need for low harmonic content: A non-sinusoidal RF signal causes Kθ to deviate from
VBpeak



The amplifier or spectrum analyzer input can be saturated during calibration or by high
spurious signals such as line frequency multiples.



Closely spaced spurious signals such as multiples of 60 Hz may give the appearance of
continuous phase noise when insufficient resolution bandwidth and averaging are used
on the spectrum analyzer.



Impedance interfaces must remain unchanged when transitioning from calibration to
measurement.



Noise from power supplies for devices under test can be a dominant contributor of error
in the measured phase noise.



Peripheral instrumentation such as an oscilloscope, analyzer, counter, or DVM can inject
noise.

 Microphonic effects may excite significant phase noise in devices.
Despite all these hazards, automatic test systems now exist and operate successfully [8].
Oscillator manufacturers and users who frequently need to evaluate the performance of ultra
low phase noise oscillators, at some point, recognize that their phase noise test systems could
be primarily improved in the following aspects:
• Accuracy
• Speed of test
• Large dynamic range and lower noise floor
• Reliability and repeatability of test data
• Range, ease of use and data retrieval
• Cost (though high performance test systems will never be cheap!)
General Discussion:
Characterizing the phase noise of a system or component is not necessarily very easy. Many
different approaches are possible, but the key is to find the best approach for the measurement
requirements at hand. Practically, it is advisable to use the cross-correlation approach for the
best sources so that keeping them locked is easy during measurement cycle. In principle, each
reference is locked to track the DUT, therefore PLL bandwidth needs to be monitored for
reliable and accurate measurement. Usually, corrections for PLL bandwidth works to some
degree, but corrections beyond certain limit have more errors, leading to inaccurate phase
noise measurement of the DUT. One of the weaknesses, with the cross-correlation method is
that, many measurements must be made and the average calculated between them. Thus, the
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measurement takes longer, and the DUT must be kept locked for a longer time. Usually, 1sweep takes approximately 10 seconds, and the required amount of sweep is 2 m where m>2
but for a noisy source this may not be easy. Hence, this method is most suitable for measuring
low noise oscillators having a small frequency drift. A survey of some of the more common
topologies along with some possible trouble spots helps one to review and keep in mind the
advantages and limitations of each approach. Figure 4-12 Shows phase noise plots and noise
floor for 3-phase noise measurement techniques (Delay line, PLL and cross-correlation).

Figure 4-12: Shows phase noise plots and noise floor for 3-techniques (PLL, Delay line, and cross-correlation) [31]

4.4
Prediction and Validation of Oscillator Phase Noise Measured on Different Equipments
The phase noise equation for a Colpitts based oscillator circuit can be expressed as [3]
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133

Kf
AF

= flicker noise coefficient
= flicker noise exponent

£()

= ratio of sideband power in a 1Hz BW at  to total power in dB


0

= frequency offset from the carrier

QL
QO

= center frequency
= loaded Q of the tuned circuit
= unloaded Q of the tuned circuit

kT
R
Ic
Ib
Vcc
C1, C2

= 4.1  10-21 at 300 K (room temperature)
= equivalent loss resistance of the tuned resonator circuit
= RF collector current
= RF base current
= RF collector voltage
= feedback capacitor as shown in Figure (4.13)

4.4.1 Verification of 100 MHz Crystal Oscillator using CAD simulation Tool (Ansoft Designer
from Ansys)
Figures 4-13, 4-14, 4-15, 4-16 and 4-17 show the typical simplified Colpitts 100 MHz Crystal
oscillator circuit, grounded base buffer circuit, noise Figure plots, phase noise plots, and
output power.

Grounded base amplifier
Figure 4-13: 100 MHz Crystal Oscillators with the Grounded-Base low noise Amplifier
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Figure 4-14: Simulated plot showing NF of 100 MHz Oscillator shown in Fig 4-13

Figure 4-15: CAD simulated Polar Plot of Noise of the Oscillator Circuit shown in Figure 4-13
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Figure 4-16: CAD simulated Phase Noise Plot of 100MHz Crystal Oscillator with Buffer Stage

Figure 4-17: Simulated Power Output Plot of 100MHz Crystal Oscillator with Buffer Stage
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The basic equation needed to predict the phase noise using CAD simulation for the circuit
shown in Figures 4-13 and 4-14 is found in [3]
2


f0
f c  FkT 2kTRK02 


£( f m )  10 log 1 
1



2 
f m  2 P0
f m2 
 [2 f m Q0 m(1  m)] 

(4.33)

where £(fm), fm, f0, fc, QL, Q0, F, k, T, Po, R, K0 and m are the ratio of the sideband power in a
1Hz bandwidth at fm to total power in dB, offset frequency, flicker corner frequency, loaded Q,
unloaded Q, noise factor, Boltzmann’s constant, temperature in degree Kelvin, average output
power, equivalent noise resistance of tuning diode, voltage gain and ratio of the loaded Qfactor (Qo) and unloaded Q-factor (QL).
In the past this was done with the Leeson formula, which contains several estimates, those
being output power (Po), flicker corner frequency (fc), oscillator noise factor (F), and the
operating (or loaded) Q. Now, one can assume that the small signal linear estimation of noise
factor (F) can give wrong estimation of phase noise when oscillator operates under large signal
condition.
The approximate formulae (considering quasi-nonlinear analysis) of the noise factor under
the large signal condition can be given by the following equation [3, pp. 135].
(
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where Y21 = large signal [Y] parameter of the active device.
Table 4-2: shows the calculated Noise Figure and Phase Noise for 100MHz Crystal Oscillator
using (4.32), (4.33) and (4.34) for unloaded Qo =180000, and time average loaded Q (Q < Qo/4)
under large signal drive level condition is 25000.
Table 4-2: Calculated Noise Figure and Phase Noise for 100MHz Crystal Oscillator

Oscillator
Frequency
100 MHz

Simulated Large Signal Noise
Figure
7.7 dB

Calculated Phase Noise at 100Hz
offset
-146 dBc/Hz

4.4.2 Verification of 100 MHz Crystal Oscillator (LNXO 100) using Analytical Model
The theoretical calculated parameters of 100MHz crystal oscillator circuit is given below [ref.
3, pp.181], after defining all the values, the phase noise can be predicted for comparative
analysis.
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Theoretical calculated parameters of 100MHz crystal oscillator circuit
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-147.901

-174.251
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-195.999
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-185.253

-216.22

1·105·s-1

-185.253
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1·106·s-1

-185.253

-256.245

1·107·s-1

-185.253

Figure 4-18 shows the theoretical phase noise model expressed in (4.23)
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Figure 4-19: Theoretically calculated Phase Noise Plot for 100MHz Crystal Oscillator (LNXO 100)

4.4.3 Verification of 100 MHz Crystal Oscillator using Phase Noise Measurement Equipments
For validation of the theoretical model described in section (4.4.2), 100 MHz Crystal oscillator
was built and tested on different Phase Noise Measurement Equipments (Agilent E5052B, R&S
FSUP, Holzworth, Noise XT, and Anapico APPH6000-IS) available on the market.
4.4.3.1
Experimental Verification of 100 MHz Crystal Oscillator using Agilent E5052B
The feature of cross-correlation techniques in Agilent E5052B satisfies the established criteria
without additional references, nor calibration of the device under test (DUT) on exact
frequency.
Figures 4-20 and 4-21 show the picture of Agilent E5052B equipment and measured phase
noise plot of 100 MHz crystal oscillator circuit for the purpose of the verification of
measurement uncertainty.
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Figure 4-20 shows the picture of E5052B (Courtesy: Agilent) with the phase noise plot of 100 MHz crystal oscillator
circuit for the purpose of the verification of measurement uncertainty (IMS show 2012, Montreal, Canada)

Figure 4-21: 100MHz Crystal Oscillator Measured on Agilent E5052B (Corr_4000) [measurement performed in IMS
show 2012, Montreal, Canada]
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The mesaured phase noise at 100 Hz offset is -143 dBc/Hz for LNXO 100 (100MHz carrier
frequency), this shows the capability of close-in measurement. The main concern is the
dynamic range and noise floor of the equipment measured at large offsets from the carrier, the
far offset noise floor is -174 dBc/Hz at offsets greater than 100 KHz.
The theoretical expectations were closer to -191 dBc/Hz at 10 KHz offsets and beyond for 14
dBm output power. The other problem is that the mixer and the post amplifier can easily get
into compression, which raises the noise floor.
4.4.3.2
Experimental Verification of 100 MHz Crystal Oscillator using R&S (FSUP 26)
The feature of cross-correlation techniques in R&S (FSUP 26) satisfies the established criteria,
and requires neither additional references, nor calibration of the device under test (DUT) on
exact frequency.
Figures 4-22 and 4-23 show the picture of R&S (FSUP 26) equipment and measured phase
noise plot of 100 MHz crystal oscillator for the purpose of the verification of measurement
uncertainty. The mesaured phase noise at 100 Hz offset is -140 dBc/Hz for LNXO 100 (100MHz
carrier frequency), and the far offset noise floor is -174 dBc/Hz at offsets greater than 100 KHz.
The theoretical expectations were closer to -191dBc/Hz at 100 KHz offsets and beyond for 14
dBm output power.

Figure 4-22 shows the picture of R&S FSUP 26 (Courtesy: R&S) while taking measurement
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Figure 4-23: 100MHz Crystal Oscillator Measured on R&S FSUP

4.4.3.3
IS)

Experimental Verification of 100 MHz Crystal Oscillator using Anapico (APPH6000-

The feature of cross-correlation techniques in APPH 6000 (Anapico) satisfies the established
criteria, but require 2-additional references at exact frequency. Figures 4-24 shows the
measured phase noise plot of 100 MHz crystal oscillator for the purpose of the verification of
measurement uncertainty.
The measured phase noise at 100 Hz offset is -146dBc/Hz for LNXO 100 (100MHz carrier
frequency), this shows the capability of close-in mesaurement. The instrument’s specification
calls for -184dBc/Hz floor at offsets greater than 100 KHz. The theoretical expectations were
closer to -191dBc/Hz at 100 KHz offsets and beyond for 14dBm output power. The main
concern is the additional references at exact frequency of DUT.
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Figure 4-24 shows the picture of phase noise plots and equipment setting (Courtesy: Anapico APPH6000-IS)
100MHz Crystal Oscillator Measured on Anapico phase noise engine

4.4.3.4
Experimental Verification of 100 MHz Crystal Oscillator using Holzworth
(HA7402A)
The feature of cross-correlation techniques in Holzworth satisfies the established criteria;
require 2-additional references at exact frequency. Figure 4-25 shows the picture of Holzworth
phase noise measurement equipment, including the measured phase noise plot of 100 MHz
crystal oscillator for the purpose of the verification of measurement uncertainty.
The measured phase noise at 100 Hz offset is -147dBc/Hz for LNXO 100 (100MHz carrier
frequency), this shows the capability of close-in mesaurement. The instrument’s specification
calls (conservatively) for -178dBc/Hz floor at offsets greater than 100 KHz. The theoretical
expectations were closer to -191dBc/Hz at 100 KHz offsets and beyond for 14dBm output
power. The main concern is the additional references at exact frequency of DUT.
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Figure 4-25 shows the picture of phase noise plots and equipment setting (Courtesy: Holzworth) 100MHz Crystal
Oscillator Measured on Holzworth Phase Noise Engine [measurement performed in IMS show 2012, Montreal,
Canada]

4.4.3.5
Experimental Verification of 100 MHz Crystal Oscillator using Noise XT (DCNTS)
The feature of cross-correlation techniques in Noise XT satisfies the established criteria;
require 2-additional references at exact frequency. Figures 4-26 shows the picture of Noise XT
(DCNTS) phase noise measurement equipment, including the measured phase noise plot of 100
MHz crystal oscillator for the purpose of the verification of measurement uncertainty.
The measured phase noise at 100 Hz offset is -140dBc/Hz for LNXO 100 (100MHz carrier
frequency), this shows the capability of close-in mesaurement. The instrument’s specification
calls for -190 dBc/Hz floor at offsets greater than 1 MHz. The theoretical expectations of 191dBc/Hz noise floor closely met with this equipment for 14dBm output power. The main
concern is the close-in phase noise, which is 7dB inferior as compared to Holzworth for identical
correlations. As shown in Figure 4-26, Noise XT Dual Core Noise Test Set (DCNTS) [28] requires
two references with similar performance as the DUT (the better the reference performance –
the faster the test), the references must have voltage control (ability to change frequency with
the change of the voltage on the control terminal), and be calibrated on the frequency of DUT.
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Figure 4-26: Phase noise measurement using cross-correlation techniques using Noise XT DCNTS Engine

4.5
Phase Noise Measurement Evaluation and Uncertainties:
The rigorous measurements are conducted on 100 MHz Crystal oscillator using different
Phase Noise Measurement Equipments (Agilent E5052B, R&S FSUP, Holzworth, Noise XT, and
Anapico APPH6000-IS) commercially available on the market. Table 4-3 describes the
theoretical and measured phase noise on different test equipment for comparative analysis of
the measured data under similar test condition. The consequence is this set of equations gives
the best possible phase noise. If the equipment in use, after many correlations gives out a
better number, either it violates the laws of physics and if it gives a worse number, then the
correlations settings needs to corrected or the dynamic range of the equipment is insufficient.
This measurement is exhaustive, but it was necessary to explain how things fall in place.
At 20dBm output, the output amplifier certainly has a higher noise figure, as it is driven with
more power and there is no improvement possible. Phase Inversion may lead to collapse of the
cross-spectral function, failure to truly measure noise occurs when a special phase condition
exists between the signals being offered to the cross-spectrum function [49]-[55]. This may be
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favorable condition to see optimistic but wrong phase noise measurement due to the
established anti-phase condition of second uncorrelated interfering signal. Therefore, the
detection of the desired signal using cross-spectral techniques collapses partially or entirely in
the presence of the second uncorrelated interfering signal. Cross-spectral analysis is a
mathematical tool for extracting the power spectral density of a correlated signal from two
time series in the presence of uncorrelated interfering signals [55]. The cross-spectrum of two
signals x(t) and y(t) is defined as the Fourier transform of the cross-covariance function of x and
y.
( )
( )
( ) ( )
( )
( )
( ) , where c(t) to be the
For example, ( )
desired signal, a(t) and b(t) are the uncorrelated interfering signals, d(t) is anti-correlated
(phase inverted) in x and y then it leads to an unexpected negative hump (exhibits unexpected
very low phase noise) in phase noise plot due to cancellation dynamics. This implies that at any
frequency f where the average magnitude of signal C(f) is equal to that of signal D(f), the
magnitude of the cross-spectrum collapses to zero [56].
Any contribution of the desired signal c(t), or the interferer d(t), to the cross spectral density
is eliminated. This occurs even though signals c(t) and d(t) are completely uncorrelated. If C(f)
and D(f) have the same shape or slope versus frequency, entire octaves or decades of spectrum
can be suppressed and be grossly under-reported. If the PSD (power spectral density) of C and
D are not exactly equal, a partial cancelation still occurs. These condition is demonstrated on
100 MHz OCXO measured on different equipments, some of the measurements showing -198
dBc/Hz @ 20 MHz offset for 100 MHz OCXO (Figure 4-26, red plot) can be uncertain for exactly
these reasons.
The cross correlation technique allows us to look below kT (k is Boltzmann constant and T is
temperature in degree Kelvin), however the usefulness of noise contributions below kT is a
matter of discussion among scientific community because not understanding when and how
this effect occurs can lead to dramatic underreporting of the desired signal [56]-[58].
Following is a set of measured results of 100MHz Crystal Oscillators with different test
equipments shown in Table 4-3 for giving good understanding about the discrepancy in phase
noise measurement performed on different commercially available equipments in the market.
Table 4-3: Theoretical and measured phase noise on different test equipments available in market [46]-[47]

100 MHz OCXO
O/P=14dBm,
NF=7dB
PN @ 100 Hz offset

Theoretical
Model [1]

Agilent
E5052B

R&S
FSUP 26

Holzworth
HA7402-A

Noise XT
DCNTS

-143 dBc/Hz

Anapico
APPH6000IS
-141 dBc/Hz

-147 dBc/Hz

-143 dBc/Hz

-147 dBc/Hz

-140 dBc/Hz

PN @ 1 kHz offset

-175 dBc/Hz

-167 dBc/Hz

-163 dBc/Hz

-170 dBc/Hz

-170 dBc/Hz

-170 dBc/Hz

PN @ 10kHz offset

-185 dBc/Hz

-173 dBc/Hz

-174 dBc/Hz

-172 dBc/Hz

-178 dBc/Hz

-181 dBc/Hz

PN @ 100KHz offset

-185 dBc/Hz

-174 dBc/Hz

-183 dBc/Hz

-181 dBc/Hz

-179 dBc/Hz

-183 dBc/Hz

PN @ 1 MHz offset

-185 dBc/Hz

-174 dBc/Hz

-184 dBc/Hz

-182 dBc/Hz

-179 dBc/Hz

-186 dBc/Hz

PN @ 10MHz offset

-185 dBc/Hz

-174 dBc/Hz

-185 dBc/Hz

-188 dBc/Hz

-178 dBc/Hz

-196 dBc/Hz
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Phase Noise Measurement Issues
There are important measurement issues that, if not well understood, can lead to erroneous
results and interpretations [45]. They involve measurement bandwidth masking of, and
accurate distinction between, true discrete spurious signals and narrowband noise peaks
(typically encountered under vibration). Although the phase noise data displayed by phase
noise equipment is usually normalized to 1Hz measurement bandwidth, most automated phase
noise measurement equipments actually measure the phase noise in measurement bandwidths
that increase with increasing carrier offset frequency. This is done for two reasons: (1) it results
in shorter, overall measurement time, and (2) at high carrier offset frequency (i.e., > 100 kHz),
many measurement systems employ analog spectrum analyzers that are not capable of 1Hz
resolution. Noise measured in a 1 kHz bandwidth, for example, is 30dB higher than that
displayed in a 1Hz bandwidth. That means that low-level discrete spurious signals (and
narrowband noise peaks typically encountered under vibration as a result of high Q mechanical
resonances) may not be detected. The second problem involves the software employed by the
noise measurement system vendor used to discriminate between random noise and discrete
spurious signals. Usually, when a reasonably sharp increase in noise level is detected, the
system software assumes that the increase marks the presence of a “zero bandwidth” discrete
signal.
It therefore (when displaying the phase noise on a 1Hz bandwidth basis) applies a bandwidth
correction factor to the random noise, but does not make a correction to what was interpreted
as a discrete signal. This results in an erroneous plot if/when the detected “discrete” is really a
narrowband noise peak. Figures 4-27 and Figure 4-28 attempt to depict the various situations
that can result from these issues as described above. Figure 4-29 shows the picture of Faraday
Cage, demonstrating the phase noise measurement setup using different equipments (Agilent
E5052B, R&S FSUP, Holzworth HA7402-A, Noise XT DCNTS, Anapico APPH6000-IS) for the
validation purpose. OEwaves-PHENOMTM and Agilent E5500 claim for improved dynamic ranges
and capable of measuring noise floor below kT but these equipments were not made available
for the validation in our Faraday Cage. The effort is in progress to validate the phase noise
measurement using PHENOMTM and E5500 for broader acceptance of the fact and myth linked
with variation in measurement phase noise data below the kT.

Figure 4-27: Undetected Discrete Spurious Signal [45]
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Figure 4-28: Correct and Erroneous Display of Phase Noise Data [45]

Figure 4-29 – Picture shows Low Phase Noise Measurement Setup in Faraday Cage
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Applying the Cross-Correlation
The old systems have an FFT analyzer for close-in calculations and are slower in speed.
Modern equipments use noise-correlation method. The reason why the cross-correlation
method became popular is that most oscillators have an output between zero to 15dBm and
what is even more important is that only one signal source is required. The method with a delay
line (Fig. 4-30 and Fig. 4-31), in reality required a variable delay line to provide correct phase
noise numbers as a function of offset, shown in ref. [3, pp. 148-153, Fig 7.25 and 7.26].

Figure 4-30: Display of a typical phase noise measurement using the delay line principle. This method is applicable
only where x _ sin(x). The measured values above the solid line violate this relationship and therefore are not valid

ms

Figure 4-31: Dynamic range as a function of cable delay. A delay line of 1ms is ideal for microwave frequencies.
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Advantages of the noise correlation technique:
 Increased speed


Requires less input power



Single source set-up

 Can be extended from low frequency 1MHz to 100GHz - depends on the internal
synthesizer
Drawbacks of the noise-correlation technique:
 Different manufacturers have different isolation, so the available dynamic range is
difficult to predict


These systems have a “sweet-spot”, both R&S and Agilent start with an attenuator, not
to overload the two channels; 1dB difference in input level can result in quite different
measured numbers. These “sweet-spots” are different for each machine.



The harmonic contents of the oscillator can cause an erroneous measurement [8], that’s
why a switchable-low-pass filter like the R&S Switchable VHF-UHF Low-pass Filter Type
PTU-BN49130 or its equivalent should be used.



Frequencies below 200MHz, systems such as Anapico or Holzworth using 2 crystal
oscillators instead of a synthesizer must be used. There is no synthesizer good enough
for this measurement. Example: Synergy LNXO100 Crystal Oscillator measures about 142dBc/Hz, 100Hz after carrier, limited by the synthesizer of the FSUP and -147dBc/Hz
with the Holzworth system. Agilent results are similar to the R&S FSUP, just faster.



At frequencies like 1MHz off the carrier, these systems gave different results. The R&S
FSUP, taking advantage of the “sweet-spot”, measures -183dBc, Agilent indicates 175dBc/Hz and Holzworth measures -179dBc/Hz.

We have not researched the “sweet-spots” for Agilent and Holzworth, but we have seen
publications for both Agilent and Holzworth showing -190dBc/Hz far-off the carrier. These were
selected crystal oscillators from either Wenzel or Pascall [46]-[47].
Another problem is the physical length of the crystal oscillator connection cable to the
measurement system. If the length provides something like “quarter-wave-resonance”,
incorrect measurements are possible. The list of disadvantages is quite long and there is a
certain ambiguity whether or not to trust these measurements or can they be repeated.
4.6
Uncertainties in Phase Noise Measurement
The uncertainties in phase noise measurement due to following:
 Harmonics


Output Load Mismatch



Output Phase Mismatch



Cable Length (Delay)



Equipment Dynamic Range
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RF signals in VCOs, PLLs and synthesizers are characterized by signal power, harmonic content
and phase noise; these parameters have to be accurately measured in order to guarantee the
system performance. Phase noise measurement methods that use mixers to down-convert the
signal to baseband are subject to uncertainty in presence of harmonics.
•
•
•
•
•
•

Signal Source Analyzer topology
The conversion characteristic of mixers
Harmonic Measurement Set-Up
Effects of fundamental and 3rd harmonic down-conversion on PN measurements
Harmonic Injection Locking Mechanism
Harmonic-Injection Locked VCO

4.6.1 Measurement: This work is to perform analysis of harmonics, phase, and delay and load
variations during ultra low phase noise measurement.
 Commercially available signal source analyzers (SSA) (Figure 4-32) use a phase detector
method to measure the phase noise [29] and [30].
 The signal produced by the DUT is mixed with a reference generated by the instrument’s
internal oscillator and the result is filtered and sampled by an ADC.
 The ADC samples are analyzed and the information is used to extract the phase noise
information and to synchronize the internal oscillator.
 Considering practical mixer and oscillator designs used inside the instrument; the
harmonics produced by the DUT will also mix with the local oscillator’s signal and will
produce low frequency components.
 These low frequency components added to the fundamental components are sampled
by the ADC resulting in measurement errors.

Figure 4-32: A typical Signal source analyzer
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 The phase detection measurement uses a mixer to down-convert the DUT signal.
 The phase noise is extracted from the ADC’s samples
 A PLL locks the internal oscillators to the DUT frequency.
 Correlation between the 2 channels reduces the noise floor of the instrument.
 Because mixers are used, DUT harmonics will influence the measurements.

Figure 4-33: Phase noise measurement of 1GHz SAW Oscillator (SSA#1: -151.9dBc/Hz @ 10 kHz for 1GHz carrier
frequency, SSA#2: -142.3dBc/Hz @ 10 kHz) HFSO 100

SSA#2 was adjusted (harmonically tuned injection locked source): -152dBc/Hz @ 10 kHz
(HFSO 100). The filtered signal on both instruments reported as -142.34 and -142.41dBc.
The phase noise between 100Hz and 10 kHz offset show little variation (less than 1dB) when
measured on SSA #1 (filtered), SSA #2 (filtered) or SSA#2 (unfiltered) (Figure 4-33).
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Conclusion:
 Phase noise measurement methods that use mixers to down-convert the signal to
baseband are subject to uncertainty in presence of harmonics.


If the mixed signals have harmonics, the mechanism that converts the harmonics to
baseband will degrade the measurement accuracy.



We have demonstrated how the harmonics can alter the accuracy of the phase noise
measurements based on the mixer characteristics in the test equipment.



Based on our observations we recommend that phase noise measurements should be
performed on clean signals, harmonics level should be kept below -20dBc.



In the case where harmonic levels are high we recommend that low pass filters be
used to suppress the third harmonic to the levels below 20 dBc to get reliable and
repeatable phase noise measurements.



We developed harmonics-injection mechanism to improve the phase noise of SAW,
Crystal and Dielectric Resonator Oscillator, including high performance frequency
synthesizers.

Testing phase noise of ultra low noise HPXOs and HFSOs (www.synergymwave.com) requires
the cross-correlation technique. Special care must be taken for reduction of RF interference,
especially while testing 100MHz OCXO in the vicinity of strong interference caused due to noisy
neighborhood. The choice of conducting the measurement in Faraday cage is welcome
approach to minimize the error due to EMI.
4.7 Factors Influence Phase Noise Measurement
It is especially pertinent to production environment, where measurement time and accuracy
of each measurement becomes critical. Several test methods and test instruments were
investigated.
There’s no “one size fits all” solution, but for each frequency range the optimum solutions
were propose based on (1) Accuracy, (2) Repeatability, (3) Speed of Test, (4) Operating Range,
(5) Cost and (6) Ease of data retrieval. The phase noise of -120dBc/Hz at 1Hz offset from the
carrier and better than -190dBc/Hz at far offset from the carrier (10 MHz offset) is a challenge
using existing test equipment and methods and also the measured data should be reliable and
repeatable.
As shown in Figure 4-29, phase noise measurement of 100 MHz OCXO using Agilent E5052B,
Rohde & Schwarz FSUP 26, Holzworth, Noise XT, Anapico, was conducted, for understanding
the capability and limitations of the equipments for a given test condition.
A survey of some of the more common topologies along with some possible trouble spots
helps one to review and keep in mind the advantages and limitations of each approach.
Table 4-4 describes the quick summary that addresses phase noise measurement related
problems and possible remedy [2].
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Table 4-4: Phase noise measurement related problems and possible remedy [2]

Sr.
No
1
2
3
4
5

6

PN measurement related
issue
Reference noise compromise
measurement
System noise compromise
measurement
Broadband okay, but l/f region
too high
System overall noise floor is
too high
Calibration has errors due to
mixer/amplifier gain variations
with offset frequency
Residual detection of AM
noise from Ref or DUT
compromises measurement

7

Injection locking is occurring.

8

PLL bandwidth compensating
for the phase noise close to
the carrier.

9

PLL doesn’t
locking.

10

PLL still doesn’t seem to work

11

The final plot has large
excursions between the peaks
and valleys.
Line harmonics are too high or
causing excess measurement
noise.

12

13

seem

to

Dynamic range limitation

be

Possible remedy
Obtain lower noise reference or use cross-correlation and
two-independent references
Use higher drive levels and /or higher drive level mixer
Look at a better reference or use carrier suppression or
replace mixer
Change over to a cross-correlation topology.
Use an AM/PM calibration standard to measure the system
at each offset frequency
See if a mixer with better balance will solve the problem or
try to inject AM on the signal and adjust the phase balance
(dc offset in the PLL loop) to minimize AM detection or
switch to carrier suppression
Improve the isolation between the sources and the mixer
either by using an attenuator or an isolation amplifier. One
may also need to look at power supplies or shielding.
Reduce the PLL gain or switch to the delay line discriminator
approach or measure the amount of attenuation and
compensate. This can be done using an AM/PM calibration
standard.
Do you have the right tuning voltage for your PLL output
matched to the tuning range of your source? Does the
source tune far enough to match the frequency of the other
source?
An external bias to the tune might be necessary to get the
source close to the desired operating frequency.
Frequency-divide the sources to a much lower frequency.
Since the phase excursion also is divided, much less PLL gain
is required and, hence, the PM bias is much less.
If you don’t have a fairly fine line through the noise sections
of the plot, the number of averages needs to be increased.
See Table 1 for details.
Make sure all of the equipment is on the same side of the ac
line. Look at using line filters, conditioners, or batteries.
Consider using an inside/outside dc block. Move the
measurement system away from high ac current sources
and transformers.
It is possible to insert a notch filter between the test object
and the analyzing receiver (or spectrum analyzer). This way
the carrier can be suppressed while the sideband noise is
not much affected.
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4.8

Conclusion

The task was for conducting rigorous phase noise measurement using most of the equipment
that claims to be measuring below the KT noise floor using cross-correlation techniques. It has
been noticed that the simultaneous presence of correlated and anti-correlated signals can lead
to gross underestimation of the total signal in cross-spectral analysis. Keeping in view of these
circumstances, the danger of downfall of cross-correlation techniques used by many equipment
companies is high and must be evaluated and used very carefully. The evaluation and analysis
described in this thesis was time consuming exercise and for doing so state-of-the art low noise
OCXOs and VCSO (voltage controlled SAW oscillators) were developed that measure typically 147 dBc/Hz @ 100 Hz offset for 100 MHz OCXO and -153 dBc/Hz @ 10kHz offset for 1GHz SAW
oscillators and exhibit noise floor -178dBc/Hz at far offset on most of the Phase noise
measurement equipment. The challenging exercise was to measure better than -200 dBc/Hz at
1MHz offset from the carrier for output power of 20dBm and the measured data should be
reliable and repeatable.
There are many possibilities in which design engineers can be tricked into false readings or
frustrated with the process of trying to achieve a good measurement. Characterizing the phase
noise of a system or component is not necessarily very easy. Many different approaches are
possible, but the key is to find the best approach for the measurement requirements at hand.
4.9
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Chapter 5
Resonator Dynamics and Application in oscillators
5.1
Microwave Resonators
A resonator is an element that is capable of storing both frequency-dependent electric and
magnetic energy [1]. At microwave frequencies, resonators can take various shapes and forms.
The shape of microwave structure affects the field distribution and hence the stored electric
and magnetic energies. Potentially, any microwave structure should be capable of constructing
a resonator whose resonant frequency is determined by the structure’s physical characteristics
and dimensions [2]-[6]. A simple example is a series or parallel combination of inductor (L) and
capacitor (C), where the magnetic energy is stored in the inductance L and the electric energy is
stored in the capacitance C [7]. The resonant frequency of a resonator is the frequency at which
the energy stored in electric field equals the energy stored in the magnetic field. As
components, resonators allow a selective transmission or blocking of signals and serve as a 1port or 2-port frequency-determining elements for oscillator application [8].
5.2
Linear Passive 1-Port
A circuit network with a single port is nomenclatured as a 1-port network. Figure 5-1
illustrates the typical schematic and equivalent representation of a 1-port network where signal
at the port can be described by the complex amplitudes a and b of the incident and reflected or
by the voltage ̅ and ̅ waves. If the relation between ̅ and ̅ or a and b is linear, the 1-port
network is defined linear 1-port, and the complex power P flowing into the 1-port can be given
in terms of active and reactive power as [7]
̅̅̅̅̅̅̅̅

| |̅

| ̅|

(5.1)

For the source-free 1-port network complex power P can be described by
(5.2)
where Wm and We are the average stored magnetic and electrical energy.
From (5.1) and (5.2) complex impedance Z and admittance Y can be characterized as
| |̅

| |̅

| ̅|

| ̅|

(5.3)
(5.4)

where X and B are the reactance and susceptance.
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From (5.3) and (5.4)
| |̅
(

) | |̅

| ̅|
(

(5.5)
) | ̅| ,

(

) | |̅

(

) | ̅|

(5.6)

I
a

V

Z

b

Figure 5-1: 1-port: A typical schematic drawing, and (b) equivalent representation of 1-port network

For passive lossless 1-port network, Pactive = 0, the port is also called as reactive 1-port
network, and complex power P is given by
(5.7)
Since Wm and We are positive values for passive lossless 1-port network, Foster [9]
established the frequency dependence of a reactance as
| |

| |

(5.8)

From (5.8), the instantaneous values of Wm and We oscillate with double the resonance
frequency of oscillation, and transformed their stored energy from Wm to We and vice versa
within a quarter of the period of oscillation. However, for Wm  We a periodical energy
exchange can also occur with an external circuitry (active device that generates gain or negative
resistance for stable oscillation) driving the resonator tank circuit. In this case, the reactive
power is flowing through the port.
5.3
Resonator Networks
The resonator is the core component of the filter and oscillator circuits. The selection of a
resonator for oscillator or filter application involves several tradeoffs: insertion loss, Q-factor,
size, cost, power-handling requirements etc. The main design considerations of resonators are
the resonator size, unloaded Q, spurious performance, and power handling capability. The
unloaded Q represents the inherent losses in the resonator. The higher the losses are the lower
is the Q value. It is therefore desirable to use resonators with high Q values since this reduces
the insertion loss of the tuned resonator and improves its selectivity performance. Microwave
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resonator networks are grouped into three categories: lumped-element LC resonators, planar
resonators (distributed printed transmission line resonators), and three-dimensional (3D)
cavity-type resonators. Figures 5-2 and 5-3 show the typical comparison between these
resonators. Typically, lumped-element resonators are employed in low-frequency applications.
Figure 5-4 (a) shows a lumped-element resonator constructed by using a coil inductor and a
chip capacitor. The lumped-element resonator can be printed on a dielectric substrate in the
form of a spiral inductor and an inter-digital capacitor as shown in Figure 5-4 (b).
As shown in Figure 5-4 (a), lumped element resonators are large but can be made small at
microwave frequencies and offer a wide spurious free window; however, they have a relatively
low Q value. A typical Q value for lumped LC resonators is between 10 and 50 at 1GHz.

Figure 5-2: Application of the various resonator configurations [8]

Figure 5-3: A typical relative size and insertion loss of various resonators [8]
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Figure 5-4: Lumped-element resonators realized by (a) coil inductor and chip capacitor, (b) Spiral inductor and
inter-digital capacitor [8]

Planar resonators can take the form of a length of a microstrip transmission line, terminated
in a short circuit or open circuit, or it can take the form of meander line, folded line, ring
resonator, patch resonator or any other configuration [8]-[11]. Any printed structure effectively
acts as a resonator whose resonant frequency is determined by the resonator’s dimensions,
substrate dielectric constant and substrate height, which can be used for covering both
narrowband and broadband tuning characteristics of frequency source applications for current
and later generation communication systems [12]. Figure 5-5 shows typical planar resonators,
usually employed in wideband, compact, and low-cost signal source and filter applications. The
typical Q value for planar resonators is in the range of 50-300 at 1GHz [13]-[17]. The state-ofthe-art planar resonator circuit using superconductor techniques can exhibit typical Q values
ranging from 20,000 to 50,000 at 1 GHz but not a cost-effective alternative because resonator
circuitry needs to be cooled down to very low temperatures, below 90 degree Kelvin [18].
In contrast to lumped LC resonators, which have only one resonant frequency, printed
transmission line resonators can support an infinite number of electromagnetic field
configurations or resonant modes. The spurious performance of a resonator is determined by
how close the neighboring resonant modes are to the operating mode. The neighboring
resonant modes act as spurious modes interfering with the fundamental resonant mode’s
performances. It is therefore desirable to increase the spurious free window of the resonator in
order to improve the filter out-of-band rejection performance.

Figure 5-5: Examples of microstrip resonator configurations: (a) half-wavelength resonator, (b) Spiral inductor and
interdigital capacitor
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The resonant modes in planar resonators exist in the form of a single mode representing one
electric resonator or in the form of degenerate modes (i.e., modes having the same resonance
frequency with different field distributions) [8]. These degenerate modes allow the realization
of two electric resonators (dual-mode resonators) or three electric resonators (triple-mode
resonators) within the same physical resonator. Example of dual-modes is TE11 modes, which
exists in circular waveguide cavities [10]-[13]; HE11 modes, which exist in dielectric resonators
[14]-[15]; or TM11, which exist in circular or square patch microstrip resonators [16]. Cubic
waveguide cavities and cubic dielectric resonators can support triples modes [17]. The key
advantage of operating in dual-mode or triple mode configuration is size reduction. However,
theses modes do have an impact on the unloaded Q, spurious performance, and power
handling capability of the cavity resonator. A summary of the features of each mode of
operation is given in Table 5.1. Figure 5-6 shows the typical 3-D cavity resonators such as
coaxial, waveguide, and dielectric resonators, offer a Q value ranging from 3000 to 30,000 at
1GHz, but not amenable for integration in RFIC/MMIC technology [19]-[20]. In addition to this,
3-D resonators are bulky in size; however, they offer very high Q values; in addition, they are
capable of handling high RF power levels.
Table 5.1: Comparison between various modes of operation

Parameter

Single-Mode

Dual-Mode

Triple-Mode

Size

Large

Medium

Small

Spurious Response

Good

Fair

Fair

Unloaded Q

High

Medium

Medium

Power handling capability

Low

Medium

High

Design complexity

Low

Medium

High

Figure 5-6: Examples of 3-D cavity resonators (a) coaxial resonator (b) rectangular waveguide resonator (c) circular
waveguide resonator (d) dielectric resonator
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5.4
Resonator Q-factor
Energy dumping in electromagnetic resonance gives the definition of Q-factor for passive
networks, and is 2π times the ratio of the reactively stored energy to the energy dissipated in a
unit cycle [16].
[

]

[

]

[

] (5.9a)
(5.9b)
(5.9c)

where
[

]

(5.9d)

[

]

(5.9e)
(5.9f)

Where
is the resonant frequency,
is average stored energy, and
is the total power
loss in watts, and
are the dissipated energies due to the resonator’s internal losses and
the external loadings, respectively.
From (5.9b) and (5.9c), the loaded Q-factor is equal to unloaded Q-factor (
for loosely coupled resonator, the internal losses are more dominant as compared
to external loss; conversely, in a tightly coupled resonator, the external loading is much more
dominant, thus
[17]-[20]. This definition (Eq.5.9a-Eq.5.9e) is valid for
circuit involving passive and active devices or energy sources until the open-loop gain
approaches to unity. In positive feedback filters and multipliers or active inductors, frequency
selectivity can be as sharp as desired by increasing the open-loop gain and this exceeds the
limit, oscillation takes place in the circuit. In such a state, the above definition of Q factor is no
longer valid because it runs into infinity. Therefore, unified definition of Q is necessary to
evaluate the performance of active circuits even during the transient state of regenerative
circuit (oscillators).
The quality factor (Q-factor) is the most important parameter of a resonant circuit for low
phase noise oscillator (signal sources) application. The Q-factor is a versatile index of resonator
and oscillator performance but its definition is not unified. Ohira [21] did rigorous analysis of
the characterization of a Q-factor for general RF components and circuits. Two common
definitions of Q-factor are discussed for the understanding about the dynamics of this
parameter on autonomous circuit (oscillators). The first definition is based on field theory,
which relates the Q-factor to frequency-selectivity, energy-storage and dissipation in resonance
for stable passive circuit, whereas the second one relates to resonance for unstable active
circuits (oscillators, regenerative circuits). The energy-based definition is ambiguous when a
resonator has no energy storage elements, as in the case of ring or distributed oscillators. The
two common definitions of Q factor (a) for passive resonant circuit and (b) for active resonant
circuit (described in section 5.4.1 and 5.4.2) are explained in a step by step process by Ohira
et.al [21]-[28].
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(a) Definition of Q Factor for Passive Resonant Circuit
(i) Fractional 3-dB bandwidth
(ii) Phase-to-frequency slope
(iii) Stored-to-dissipated energy ratio
(b) Definition of Q Factor for Active Resonant Circuit
(i) Noise spectrum Basis
(ii) Source-Pull/Push Basis
(iii) Injection locking Basis
5.4.1 Definition of Q Factor for Passive Resonant Circuit
(i) Fractional 3-dB bandwidth
(ii) Phase-to-frequency slope
(iii) Stored-to-dissipated energy ratio
5.4.1.1
Fractional 3-dB bandwidth
Figure 5-7 shows the typical 1-port resonator and impedance verses frequency response
function for the evaluation of fractional 3-dB bandwidth and quality factor, which is based on
frequency selectivity of resonator, and filter networks.
Steps for Q-factor:
| in frequency domain
1. Get |
|
2. Find
by solving |
3. Find

and

by solving |

|

|

|

|

|

4. Q factor from the definition of frequency selectivity:

(a)

(b)

Figure 5-7: Examples of 1-port resonators (a) schematic of 1-port resonator (b) impedance versus frequency
response [21]

5.4.1.2
Phase-to-Frequency Slope
An alternative definition of Q-factor is based on resonator’s transfer function in the frequency
domain. The transfer function is a complex function which governs the relationship between
the input and output as
(5.10)
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where A() and ø() are the amplitude and phase response of the resonator. The Q-factor in
terms of the transfer function is given by [34]
|√(

|

)

(

|

|

From (5.12), the approximation (|

|

) |

(5.11)

|

(5.12)

) is because variation in phase is more

predominant as compared to amplitude variation in well-designed oscillator circuits. From
(5.12), the shift in frequency (
from
can cause large rate of change in phase if the Qfactor is high, therefore forcing the frequency to return to
Figure 5-8 shows the typical 1-port resonator and phase response function for the evaluation
of rate of change of phase and quality factor.
Steps for Q-factor (neglects amplitude slope):
1. Get
in frequency domain
2. Find

by solving

3. Calculate Q factor from
|

(a)

|

|

|

(b)

Figure 5-8: Examples of 1-port resonators (a) schematic of 1-port resonator (b) phase versus frequency response
[22]

5.4.1.3
Stored-to-Dissipated Energy Ratio
Electromagnetic field inside ideal resonator network stores energy at the resonant frequency,
where equal storage of electrical and magnetic energies occurs. However, in reality, part of the
stored energy is dissipated due to losses across the loads, thereby reducing the resonator’s
frequency selectivity [23].

166

Figure 5-9 shows the typical 1-port resonator for the evaluation of stored energy rate and
quality factor.
Steps for Q-factor
1. Estimate input power and stored energy in each component
{
2. Find

}

∑

|

|

∑

| |

by solving

3. Calculate

factor from

Figure 5-9: Schematic of 1-port resonator (for the estimation of stored energy in each resonating component)
[24]

The above method for the evaluation of the Q-factor valid for massive resonator, this
definition is no longer valid when the 1-port circuit is unstable and oscillates (example:
regenerative active circuits) [25]. Therefore, new definition of Q-factor for active circuit is
required for both analysis and synthesis of the oscillator circuits.
5.4.2 Definition of Q Factor for Active Resonant Circuit: Sensitive for Oscillation
Table 5.2 describes the formulation of oscillation-stability condition for active network under
various conditions.
(i) Noise spectrum Basis
(ii) Source-Pull/Push Basis
(iii) Injection locking Basis
Table 5.2: Types of Unstable Active Network [26]

Unstable Active Network (closed-loop gain 1) Sensitive to Oscillations (=O)
Type

NINO (No Input- No Output)

Scheme

condition of oscillation-stability
Power and energy equilibrium
condition stability criterion
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NISO (No Input-Signal
Output)

Sideband noise load pulling

SINO (Signal Input-No
Output)

Injection locking

SISO (Signal Input-Signal
Output)

Source pushing

NINO (No Input-No Output) active network obeys the power and energy balance equilibrium
condition. Thus, elements for NINO active network confine to inside and transact energy for
equilibrium condition, the complex power (,) can be defined as [27]
⏟
(5.13)
From (5.13), the equilibrium state for oscillation condition of zero port (NINO) active circuit
can be formulated by [28]-[29]
(5.14)

⏟

From (5.14), once equilibrium point is reached (
), the important thing is
whether the zero port active circuit (NINO) remains at steady-state at that point (
against the small perturbation (
), while maintaining the
complex power balance [
=0], i.e.
(

)

(5.15)

From (5.15), the instantaneous frequency deviation (
depends not only on phase change
in time but also as logarithmic amplitude change for imaginary part, can be described by [24]
(
[

)
(

(5.16a)
) ]

(5.16b)

168

⏟

{

}

|

Or

|

(5.17)

⏟

5.4.2.1
Active NISO Circuit Q-Factor (Noise Spectrum Basis)
Fig. 5-10 shows the typical 1-port oscillator circuit model, as depicted both active and passive
components are embedded in a black box, and represented by the Z() without the load (R).

(a)

(b)

(c)

Figure 5-10: Shows the typical 1-port oscillator: (a) General model (b) Equivalent noise model of NISO, and (c) a
Colpitts example representing NISO model

Assuming the noise current source in parallel, this yields single sideband (SSB) power on the
spectrum. The power observed when the noise source is solely connected to load R is given by
[ ]| |

(5.18)

The output sideband noise power PSSB() can be described by [28]
[ ]|

|

|

|

(5.19)

(at equilibrium state the resonance frequency
Frequency deviation (

) expands output impedance

)

(5.20)

as
(Taylor expansion)

|

|

|

|

|

|

(5.21)
(5.22)

From (5.19)-(5.22)
|

|

|

|

|

|

|

|

(5.23)

From [34]
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[

]

|

|

(5.24)

From (5.24)

{

|

|

|

|

|

|

|

|

|

|

|

|

(5.25)
}

PSSB() expressed in (5.25) represent the Q-factor of oscillator that includes both active and
passive devices embedded in the 1-port black box shown in Figure 5-10. In other words, the
above formula is valid for any active network, regardless of oscillator topology that is comprised
of types of active devices for providing closed loop gain ≥ 1 and compensating the loss of
resonator. From (5.25), Q is invariant against the three operations (scaling, inverse, and
conjugate) [29].
5.4.2.2

Active NISO Circuit Q-Factor (Reflection coefficient () Basis)

Figure 5-11: Shows the typical 1-port oscillator

From (5.25)
|

|,

[

]

(5.26)

The expression for reflection coefficient () for 1-port network shown in Figure 5-11 can be
given by [21]
|

|

|{

}|,

[

]

(5.27)

From (5.26) and (5.27)
|

|

(5.28)

5.4.2.3
Active NISO Circuit Q-Factor (Energy Basis)
Fig 5-12 represents the general model of circuits without port for understanding the energy
equilibrium dynamics, even though this kind of configuration does not have practical
usefulness. Considering such a system when oscillation takes place Fig. 5-12(a) can be
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illustrated as zero-port closed-circuit network Fig. 5-12(b) for the analysis of equilibrium and
stability criterion.

(a)

(b)

Figure 5-12: A typical Zero-port oscillator: (a) General model, and (b) Separated into two parts [26]

The total complex power of the circuit represented in Figure 5-13 can be described as
(5.29)
(5.30)
(5.31)
(5.32)
where
and
are sinusoidal voltage and current, respectively, at the kth branch in the
system. Asterisk indicates a complex conjugate.
Active devices generate RF power Pa, and this power is dissipated in resistive elements Pr.
Some portion of the energy is reactively stored in inductive (Em) and capacitive (Ee) elements.
,
(Energy interaction must be completed within the system, since there is no
transaction between inside and outside in circuit shown in Figure 5-12). Therefore, both real
and imaginary parts of
must vanish, which implies need for balance in both power and
energy.
For circuit designers who are familiar with impedance parameters rather than with terms of
energy, it is worthwhile to translate the above criterion into impedance domain. To carry this
out, the zero-port oscillator is divided into two pieces as shown in Fig. 5-12(b) As illustrated in
Figure 5-12, Parts I and II are interconnected in multiplex, and therefore they are each regarded
as a multi-port network with impedance matrix [ZI] or [ZII] respectively.
From Kirchhoff’s law:
,

| |

at resonance for multi-connected active circuits
(5.33)

From (5.29)
| |̃

| |

̃

(5.34)
where superscripts and
stand for transposition and inverse transposition, and tilde ~
designates co-factor matrix. Note that term
for part II has negative polarity due to
opposite direction of currents.
T

–T
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Figure 5-13: Shows the typical 1-port oscillator [21]

Loaded one-port oscillator with R can be considered as a subset of zero-port if the load R in
circuit as shown in Figure 5-13 is embedded in
) so that resulting impedance is
. From (5.34)
| |
where
forces

̃

{

}| |

||

(5.35)

is power output to the load. At the equilibrium, oscillation condition
. However, its frequency slope remains finite as
. From (5.29)-(5.35), the expression of Q is given by [29]-[32]

|

√ (

|

)

(

)

(5.36)

Considering that the power dissipation takes place only in the load and neglect frequency slope
of the active devices, i.e.,

and

, (5.36) can be written as
√ (

)

(

)

Equation (5.57) agrees with Equation (8) in [10] and Equation (2) in [11]. Assuming|
|

(5.37)
|

|, Q-factor can be given by [30]
|

|

(5.38)

This agrees with [3, eq. (31)]. If we further additionally assume special relation
at
. The Q equation ultimately reduces
to
(5.39)
Equation (5.39) concurs with the energy-dumping phenomena of Q-factor.
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5.4.2.4
Active SISO Circuit Q-Factor (Source-Push and Load-Pull Basis)
Figure 5-14 shows the typical 2-port oscillator model (SISO) for the derivation of Q-factor
taking into account the DC source pushing and RF load pulling effect. For high performance
oscillator circuit, Q-factor plays important role to make the circuit insensitive of pushing and
pulling [32].

Figure 5-14: A typical 2-port oscillator model

The steady-state oscillation condition for oscillator circuit shown in Figure (5-14) can be
expressed as
(5.40)
(5.41)
From (5.41)
must exhibit a negative resistance while oscillation exists because RL
is passive load and intrinsically positive resistance. The source pushing on oscillation frequency
can be formulated by perturbation techniques:
and
where |

|

and |

(5.42)

|

With the help of Taylor series expansion, Equation (5.42) can be expanded as [31]
(5.43)
Where
,
Neglecting higher order partial differential term,

(5.44)

0

(5.45)
(5.46)

|

|

(5.47)
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Normalizing the frequency deviation () and voltage deviation (V) on both sides of
Equation (5.48) by their original values
:
|
|

|

|

|

(5.48)

| |

(5.49)

|

| |

(5.50)

|

| |

(5.51)

|| |
|
|

On the left-hand side of (5.51) frequency deviation is doubled to measure double sideband
(upper and lower sideband frequency from the carrier). The coefficient shown in (5.51) can be
expressed as 1/Q because the frequency deviation () must be inversely proportional to a
certain figure of merit for sustained oscillation condition. From (5.47) and (5.51), the constant Q
can be defined as a dimension free positive scalar quantity [32]
|

|

(5.52)

|

|

(5.53)

From the duality and superposition theorem,

Equation (5.52) and (5.53) is nomenclature as a source-pull Q-factor of oscillator circuit.

Similarly, load-pull Q-factor can be formulated to estimate the frequency stability due to load
variation.
From (5.40), the condition for stable oscillation for constant voltage V can be expressed as
(5.54)
(5.55)
From (5.55),
must exhibit a negative resistance while oscillation exists because
RL is passive load with intrinsically positive resistance. The load-pulling on oscillation frequency
can be formulated by perturbation of frequency and transconductance of the active device
[32]. For stable oscillation, transconductance of the active device must be adjusting to maintain
the gain-to-loss equilibrium condition due to the variation in the load impedance
. These
phenomena can be defined as [33]
(5.56)
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where |

|

and |

|

From (5.55) and (5.56), Taylor series expansion:
(5.57)
Where

,

(5.58)

Neglecting higher order partial differential term,
(5.59)
(5.60)
From (5.60), for a given perturbation in load
, there are two unknown variants (
the solution of (5.60) can be formulated by applying complex conjugate function (*)

,
(5.61)

From (5.60) and (5.61)
[

[

]

]

[

[

]

[

]

(5.62)

]

[

]

(5.63)

Where [J] denotes Jacobian determinant [28]
|

|

(5.64)
(5.65)

[

]
|

(5.66)
|

|

|

(5.67)

Where
|

|

(5.68)
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|

|

(5.69)

Figure 5-15 shows the load impedance locus on a complex plane. From (5.57), frequency shift
 depends on the phase of the load deviation ZL. Revolving θ from zero to 2π as shown on a
dashed circumference in Figure 5-15, the frequency shift reaches its maximum, given by [31]
|

|

|{

}

|

(5.70)

Normalizing the deviations in Equation (5.70) on both sides by their original values as
|

|

|

|

|

|

(5.71)

Figure 5-15: Deviated load impedance locus on a complex plane

On the left-hand side of (5.71) frequency deviation is doubled to measure double sideband
(upper and lower sideband frequency from the carrier). The coefficient shown in Equation
(5.71) can be expressed as 1/Q because the frequency deviation () must be inversely
proportional to a certain figure of merit for sustained oscillation condition. From (5.48) and
(5.52), the constant Q can be defined as a dimension free positive scalar quantity [32]

|

|

(5.72)

From (5.59) and (5.72)

|

|

|

|

(5.73)

|

|

(5.74)

|

|

(5.75)
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Equations (5.52) and (5.75) give insightful view about pushing and pulling characteristics of an
oscillator for the optimization of the oscillator design for stable operation against those
variations.
5.4.2.5
Active SIBO Circuit Q-Factor (Injection Locking Basis)
Figure 5-16 shows the typical injection-locked oscillator employing 2-port active device: (a)
general model, (b) typical Colpitts oscillator, and (c) equivalent represenation of (a).

Figure 5-16: Injection-locked oscillator employing 2-port active device: (a) general model, (b) typical Colpitts
oscillator, and (c) equivalent represenation of (a) [26]

The impedance matrix of Figure 5-17 can be given by [27, 32]

[

]

[

]

[

]

(5.76)

Case I (no injected current at port 1),
From (5.76)
(5.77)
(5.78)
For stable oscillation to take place at
).

, neither

nor

should vanish (

From (5.77) and (5.78)
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=0,
Where

=0

(5.79)

=free running oscillation frequency

Case II [injection-locked state:
(Current represented in exponent form) (5.80)
(Current represented in exponent form) (5.81)
From (5.76)
(5.82)
From (5.80), (5.81), and (5.82)
=0
where

(5.83)

is the phase difference between the currents at two ports.

The injection locked state oscillation frequency  is slightly offset () from the free running
frequency o, the impedance matrix (8) can be expanded with the help of Taylor series.
(5.84)
(5.85)
(5.86)
(5.87)
With the help of Taylor series expansion, based on
= 0; |

condition

and free running oscillation

|

From (5.76)-(5.87)

[

]
√

[

[

where
|

(5.88)
|

]

|

(5.89)

], assuming phase difference
|

is not constrained i.e.

, from (5.89)

|

|

|

|

(5.90)
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Eq. (5.90) is identical to Adler’s injection-lock range Eq. (13b) ref [31] and Eq. (10.90) ref [33]

|

|

[ ][ ]

(5.91)

From (5.90) and (5.91)

|

|, where

(5.92)

The circuit shown in Figure 5-16(c), Q-factor can be given by

|

|

(5.93)

Where
{

}, and

{

} (5.94)

From (5.79), (5.93) and (5.94)
[

|

5.5

|

(

{

)

}]

(5.95)

(5.96)

Resonator Design Criteria for Low Phase Noise Oscillator Applications

The Leeson phase noise equation is given by [34]



2



f0
f  FkT 

 1  c 
£( f m )  10 log 1 


f m  2 Po 
 (2 f m QL ) 2 (1  QL ) 2 


Q0 

(5.97)

where
£(fm) = ratio of sideband power in a 1Hz bandwidth at fm to total power in dB
fm = frequency offset from the carrier
f0 = center frequency
fc = flicker frequency
QL = loaded Q of the tuned circuit
Q0 = unloaded Q of the tuned circuit
F = noise factor
kT = 4.1  10-21 at 300 K (room temperature)
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Po = average power at oscillator output
From (5.97), phase noise in oscillator is inversely proportional to the square of the resonator
loaded Q–factor, indicating that insertion loss of the resonator is linked with figure of merit
(FOM) as [31]-[33]
( )

(5.98)

From (5.98), for low phase noise, designer must minimize the resonator FOM.
At microwave frequencies, resonators can take various shapes and forms [35]-[44]. The shape
of microwave structure affects the field distribution and influence the tuning range of the
oscillator circuits. Usually, passive lumped LC and planar transmission line resonator networks
are used in low cost broadband oscillator circuits.
5.5.1 Passive Lumped LC Resonator
Figure 5-17 shows the typical doubly loaded shunt resonator. Lumped or quasi-lumped
resonator will oscillate at
.
√

Figure 5-17: A typical doubly loaded shunt resonator [35]

The S21 (transmission gain) can be given for doubly loaded shunt resonator (Figure 5-17) is given
by [35]
(5.99)
(

|

|

where (

)

(

)

(5.100)
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|

|

(

)

(

)

(5.101)

From (5.98),
( )

[(

) (

) ]

(5.102)
(5.103)

5.5.2 Planar Transmission Line
Various forms of planar transmission lines have been developed. Some examples are strip
line, Microstrip line, slot line and coplanar waveguide. The Microstrip line is the most popular
type of resonator used for oscillator and filter applications. Figure 5-18 shows the typical
structure of a microstrip transmission line. A conducting strip (microstrip line) with a width w
and a thickness t is on the top of a dielectric substrate that has a relative dielectric constant εr
and a thickness h and the bottom of the substrate is a ground (conducting) plane.

Figure 5-18: A typical structure of Microstrip Line

The fields in the microstrip extend within two media - air above and dielectric below so that
the structure is inhomogeneous. Due to this inhomogeneous nature, the microstrip does not
support a pure TEM wave. This is because that a pure TEM wave has only transverse
components, and its propagation velocity depends only on the material properties, namely the
permittivity ε and the permeability μ. However, with the presence of the two guided wave
media (the dielectric substrate and the air), the waves in a microstrip line will have no vanished
longitudinal components of electric and magnetic fields, and their propagation velocities will
depend not only on the material properties, but also on the physical dimensions of the
microstrip. When the longitudinal components of the fields for the dominant mode of a
microstrip line remain very much smaller than the transverse components, they may be
neglected. In this case, the dominant mode then behaves like a TEM mode, and the TEM
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transmission line theory is applicable for the microstrip line as well. This is called the quasi-TEM
approximation and it is valid over most of the operating frequency ranges of microstrip.
5.5.2.1
Effective dielectric constant and characteristic impedance of a microstrip line
The Microstrip transmission line is an inhomogeneous transmission line. The field between
the strip and the ground plane are not contained entirely in the substrate but extends within
two media, air and dielectric. Hence, the microstrip line cannot support a pure TEM wave. The
mode of propagation is quasi-TEM. In the quasi-TEM approximation, a homogeneous dielectric
material with an effective dielectric permittivity replaces the inhomogeneous dielectric-air
media of microstrip. Transmission characteristics of microstrip lines are described by two
parameters, namely the effective dielectric constant εre and characteristic impedance Zc, which
may then be obtained by quasi-static analysis. In quasi-static analysis, the fundamental mode of
wave propagation in a microstrip transmission line is quasi TEM; however, for simplification in
analysis, it is assumed pure TEM. The above two parameters of microstrips are then
determined from the values of two capacitances as follows:
(5.104)
(5.105)

√

where Cd is the capacitance per unit length with the dielectric substrate present, Ca is the
capacitance per unit length with the dielectric substrate replaced by air, and c is the velocity of
electromagnetic waves in free space (c= 3.0x108m/s). The phase velocity and propagation
constant can be expressed as

√

√

(5.106)
(5.107)

where c is the velocity of light in free space.
The electrical length θ for a given physical length l of the microstrip is defined by
(5.108)
Therefore, θ = π/2 when l = λg/4, and θ = π when l = λg/2. These so-called quarter wavelength
and half-wavelength microstrip lines are important for design of microstrip resonators.
For very thin conductors (i.e., t → 0), the closed-form expressions that provide accuracy better
than one percent are given as follows [42, 56]:
For

: effective dielectric constant of a microstrip line is given approximately by
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{(

)

(

(5.109)

)

(5.110)

(

√

where

) }

() is the wave impedance in free space.

For (

): effective dielectric constant of a microstrip line is given approximately by
(
{

√

)

(

(5.111)
)}

(5.112)

The effective dielectric constant can be interpreted as the dielectric constant of a
homogeneous medium that replaces the air and dielectric regions of the microstrip. Given the
dimensions of the microstrip line, the characteristic impedance can be written as
(

√

)

{

√

(5.113)
[

(

)]

For given characteristic impedance Zc and dielectric constant εre the w/h ratio can be found as

{

[

[

(5.114)

]]

Where
√

(

)

(5.115)
(5.116)

√

These expressions also provide accuracy better than one percent. If values that are more
accurate are needed, an iterative or optimization process can be employed.
In general, there is dispersion in microstrip, its phase velocity is not a constant but depends
on frequency. The effective dielectric constant εre is a function of frequency and can defined as
the frequency dependent effective dielectric constant εre (f) [57].
⁄

(5.117)
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where
(5.118)

⁄
√

(5.119)

√

(5.120)

(

√ ⁄

⁄

{

{

(

√ ⁄

)

)}

(5.121)

(5.122)

where, c is the velocity of light in free space, and whenever the product
2.32 the parameter m is chosen equal to 2.32

is greater than

The dispersion model shows that the
increases with frequency and
. The accuracy is estimated to be within 0.6% for 0.1≤w/h≤10, for
and for any value of ( ).
The effect of dispersion on the characteristic impedance may be estimated by [43]

√

(5.123)

5.5.2.2
Planar Transmission Line Bends
The compact printed resonator is formed by bending the transmission line in closed form
such as ring resonator, square loop resonator, hairpin resonator, etc. Right-angle bend and
mitered bend of microstrips may be modeled by an equivalent T-network, as shown in Figure 519, and its closed-form expressions for evaluation of capacitance and inductance is given by
[42]:
[

( )
{

[

( )

( )]

(5.124)

]}

(5.125)

( )]

(5.126)

For the microstrip mitered bend, and as
[

( )
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{

[

( )

]}

(5.127)

Figure 5-19: Equivalent lumped LC representation of Right-angle bend, mitered bend and model [57]

5.5.3 Planar Transmission Line Resonator
Planar transmission line resonators are formed by using microstrip lines of various
wavelengths (λ/4, λ/2, λ), where λ is the guided wavelength at the fundamental resonant
frequency fo. The quarter wavelength resonator λ/4 long resonates at the fundamental
frequency fo and at its multiple frequencies of f = (2n −1) fo for n = 2, 3, 4, 5…
The half wavelength resonator λ/2 long resonates at the fundamental frequency fo and at its
multiple frequencies of f = n fo for n = 2, 3…etc. This type of resonator can also be shaped into
open-loop resonator. The full wavelength resonator, λ long resonates at the fundamental
frequency fo and at other frequencies of f = nfo for n = 2,3,…etc. This type of resonator is
commonly found in the form of ring or closed loop resonators with a median circumference 2πr
= λ, where r is the radius of the ring. Because of its symmetrical geometry a resonance can
occur in either of 2 orthogonal coordinates. This type of transmission line resonator has a
distinct feature; it can support a pair of degenerate modes that have the same resonant
frequencies but orthogonal field distributions. This feature can be utilized to design dual mode
filters.
5.5.3.1
Microstrip Resonator
A microstrip resonator is any structure that is able to contain at least one oscillating EM field.
There are many forms of microstrip resonators; however its large physical size can present a
drawback. Hence there is strong interest to miniaturize such resonators particularly for
oscillator applications. Miniaturization of microstrip resonators can be achieved by using either
high dielectric constant substrates or meander the lines to create a folded microstrip resonator
[36].
5.5.3.2
Folded Open Loop Microstrip Resonator
Figure 5-20 shows the typical square open loop resonator, which can be obtained by folding a
straight open resonator (as illustrated in Figure 5-20a). Due to the corners and the fringing
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capacitance between the open ends, a rigorous calculation of the electromagnetic fields in the
square resonator is impractical. However, it is possible to study the main characteristics of the
resonant modes of the square open loop resonator by analogy to those of the straight
resonator. This qualitative analysis can shed some light on the behavior of the resonator with
minimum effort. The conclusions drawn using this approach can then be compared for
validation against the actual distribution of the electromagnetic fields obtained with the aid of
full wave simulators.

(a)

(b)

Figure 5-20: The square open loop resonator can be obtained by folding a straight open resonator: (a) straight
open resonator, (b) square open loop resonator [36]

The resonant frequency of the straight transmission line (Figure 5-21 (a)) can be obtained by
looking at the input admittance from any point within its length. Figure 5-21 (b) shows an
equivalent circuit that can be used to calculate this admittance as [37]
(

)

(5.128)
(5.129)

where θT = θ1+θ2, is the total electrical length of the resonator. A standing wave can be
maintained in the resonator whenever Yin = 0. This yields infinite resonant frequencies at:
or

(a)
(b)
Figure 5-21: Microstrip open resonator (a) Top view of a microstrip straight resonator, (b) Equivalent circuit used
to calculate the input admittance from an arbitrary point within the length of the resonator [37]

Figure 5-22 shows the voltage distribution at the ﬁrst two resonant frequencies (n=1, 2). Since
the open ends of the resonator force the current to be zero there, the voltage attains a
maximum and the modes shown are the only ones allowed at those frequencies. If the loop
were closed, this boundary condition would not apply and two orthogonal modes would exist at
each frequency [38].
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Figure 5-22: Voltage distribution in a straight open resonator [38]

Figure 5-22 shows the positions of the voltage nulls in the mode diagram, at the ﬁrst resonant
frequency there is only one such null at θ1 =θ2 =π/2, while at the second resonance there are
two of them at θ1 = π/2and θ2 = 3π/2. From (5.129), location of voltage nulls is important
because the resonator cannot be excited there. However, by choosing the feeding point of the
resonator it is possible to excite only the odd or even modes of the resonator. As an interesting
consequence, the fundamental resonance (n=1) or any other odd mode resonance cannot be
excited at the center of the resonator. This phenomenon translates to the square open loop
resonator as is shown in Figure 5-23.

(a)

(b)

Figure 5-23: Two ways of exciting only the even modes of the square open loop resonator (a) Excitation of the
resonator in a null of the fundamental mode (b) Excitation of the resonator symmetrically with respect to both
open ends [38].

The Qex (external quality factor) of the square open loop resonator obtained by tapping into
the resonator depends on the voltage level at the tapping point at resonance. If the tapping
point coincides with a voltage null, then no coupling is achieved between the resonator and the
external circuit and the resulting quality factor is very large. Similarly, if the voltage at the
tapping point is high then the external quality factor will be low. Referring to the voltage
distribution of the conventional and the miniaturized resonator; it is possible to predict that in
the case of the conventional resonator the external Q will decrease rapidly as the tapping point
is moved away from the voltage null at the center of the resonator.
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For comparative analysis, Figure 5-24 shows the external quality factor of both conventional
and miniaturized resonator with the same resonant frequency (1 GHz) [38]. As illustrated in
Figure 5-24, Qex diminishes relatively fast for unloaded resonator. But in the case of the
miniaturized resonator loaded with 1Pf capacitor the change in the Qex is slower. Therefore, the
tapping distance from the null point necessary to obtain a given Qex is larger in the case of the
miniaturized resonator. The tapping point is selected on the side of the miniaturized loaded
resonator; this is because the quality factors obtained by tapping closer to the null point
produces large values of Qex that are difficult to estimate accurately.

Figure 5-24: External quality factor of an: (a) unloaded resonator, and (b) a resonator loaded with C = 1pF (b) [38]

5.5.3.3
Folded Hair-Pin Resonator
Figure 5-25 shows the basic layout of the typical stepped impedance hairpin resonator which
consists of the single transmission line
and coupled lines with a length of lc; Zs is the
characteristic impedance of the single transmission line .

Figure 5-25: A typical layout of the stepped impedance hairpin resonator [39]
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As shown in Figure 5-25, Zoe and Zoo are the even-and odd-mode impedance of the symmetric
capacitance-load parallel-coupled lines with a length of lc. The drawback of the stepped
impedance Hair-Pin resonator is large size, which can be made smaller by proper selection for
the value of Zs (
) The effect of the loading capacitance shifts the spurious
√
resonant frequencies of the resonator from integer multiples of the fundamental resonant
frequency, thereby reducing interferences from high-order harmonics [39]. For the analysis
purpose, Figure 5-26 shows the typical configuration of stepped impedance hairpin resonator
built from open-end transmission line.

(a)

(b)

(c)

Figure 5-26: Equivalent circuit of (a) single transmission line, (b) symmetric coupled lines, and (c) stepped
impedance hairpin resonator [40].

As shown in Figure 5-26 (a), the single transmission line is modeled as an equivalent L-C πnetwork. Assuming the lossless single transmission line with a length of , the ABCD matrix is
given by
[

]

[

[

]

[

]
]

(5.130)

(5.131)

where
is the angular frequency, Ls and Cs are the equivalent
inductance and capacitance of the single transmission line.
From (5.130) with (5.131), the equivalent Ls and Cs can be described by
(5.132a)
.

(5.132b)
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In case of the symmetric parallel-coupled lines, the electrical equivalent circuit is capacitive πnetwork. The ABCD matrix of the lossless parallel-coupled lines is expressed as [41]
[

]

[

[

]

[

]

(5.133)

]

(5.134)

where βc is the phase constant of the coupled lines,
.
From (5.133) and (5.134), the equivalent capacitances of the π-network can be given by
[

]

[

]

(5.135)

The realization of stepped impedance hairpin resonator can be formulated by combining the
equivalent circuits of the single transmission line and coupled lines as shown in Figures 5-25 (a)
and 5-26 (b), the equivalent circuit of the stepped impedance hairpin resonator in terms of
lumped elements L and C is shown in Figure 5-25 (c), where
is the
sum of the capacitances of the single transmission line, coupled lines and the junction
discontinuity
[42] between the single transmission line and the coupled lines.
The widths of the single transmission line and coupled lines resonator can be obtained from
selecting the impedances that satisfy the condition
. The lengths of the single
√
transmission line and coupled lines of the filter transformed from (5.132) and (5.135):
⁄

[

(

)]

(5.136)

where
is the 3 dB cut-off angular frequency,
and
are the inductance and capacitance
chosen from the available L-C tables.
Figure 5-27 shows the typical configuration of hairpin resonator.

(a)
(b)
Figure 5-27: A typical low pass filter using one hairpin resonator: (a) layout and (b) equivalent circuit [42]
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5.5.3.4
Ring Resonator
A most common closed loop resonator type is the ring resonator, consists of a transmission
line of a full wavelength λ long, formed in a circular closed loop, and resonates when the mean
circumference of the ring resonator is equal to an integral multiple of a guided wavelength, can
be described by
(5.137)
√

√

(5.138)
(5.139)

where r is the mean radius of the ring that equals the average of the outer and inner radii, λg is
the guided wavelength and n is the mode number.
Figure 5-28 shows the typical ring resonator, that consists of feed lines, coupling gaps, and
the circular closed loop printed transmission line resonator. As shown in Figure 5-28, power is
coupled into and out of the resonator through feed lines and coupling gaps. For the first mode,
the maxima of field occur at the coupling gap locations, and nulls occur at 90o from the coupling
gap locations, valid only for the weakly coupled case, as it does not account for loading effects
from the ports [43].
Coupling is said to be weak or “loosely coupled” if the separation between the feed lines and
the resonator is large such that the resonant frequency of the ring is unaffected [44]-[52].
However, if the separation is reduced, the gap capacitance increases, thereby resonator loading
will occur and may cause the resonant frequency of the circuit to deviate from the inherent
resonant frequencies of the ring.

Figure 5-28: A typical ring resonator, consists of feed lines, coupling gaps, and the circular closed loop printed
transmission line resonator [43]
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The ring resonator can be fed using only one feed line, this configuration is used in dielectric
constant, Q-measurements and ring-stabilized oscillations. As shown in Figure 5-29, for the first
mode, maximum field occurs at the coupling gap however a minimum occurs at the opposite
side 180o from the coupling gap. Thus, when using a single feed, the ring behaves as a half
wavelength resonator. Resonance occurs when the ring circumference equals half of the guide
wavelength:
(5.140)

√

(5.141)

Figure 5-29: A typical ring resonator, consists of single feed lines, coupling gaps, and the circular closed loop
printed transmission line resonator [42]

5.5.3.5
Annular Ring Resonator Model
Figure 5-30 shows the 2-port lumped electrical equivalent model of the ring resonator, which
can be reduced to a 1-port circuit by terminating one of the ports with arbitrary impedance that
corresponds with the feed impedance (usually 50 ohms) [44].

Figure 5-30: Simplified 2-port lumped electrical equivalent model of the ring resonator [43]
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The electrical model exhibits symmetry of the circuit, therefore input impedance can be
calculated by simplifying parallel and series combinations of the equivalent electrical model as
shown in Figure 5-30.
From Figure 5-30, the input impedance is expressed as [44]:
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where R is the terminated load, and the input impedance is
occurs when

(5.146)
, resonance

5.5.3.6
Ring Resonator Modes
The ring resonator exhibits different modes depending upon excitation and the perturbation,
broadly categorized into regular and forced modes.
(a) Regular Resonant Modes:
The regular resonant mode is realized by applying symmetric input and output feed lines on
the annular ring resonator element where resonant wavelengths of the regular mode are
determined by 2πr = nλg [43].
For the simplicity, the annular ring is analyzed as 2 half-wavelength linear resonators
connected in parallel, assuming the parallel connection suppresses radiation from open ends
resulting a higher Q-factor compared to straight open transmission line resonator shown in
Figure 5-21 (a). The resonant condition enforced when standing waves are setup in the annular
ring when circumference is integer multiple of guided wavelength.
As shown in Figure 5-31, in the absence of gaps or other discontinuities, maximum field
occurs at the position where the feed line excites the resonator. The number of maximum field
points increases with the mode order as illustrated in Figure 5-31.
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Figure 5-31: Simplified representation of maximum field points on annular ring for different resonant modes [43]

(b) Forced Resonant Modes:
Usually, forced resonant modes are excited by forced boundary conditions on a microstrip
annular ring element (ring can be open or shorted to ground). In principle, the boundary
condition can either be open as shown in Figure 5-32 or short depending upon the geometry of
annular ring. For example, the open boundary condition is realized by cutting slits on the
annular ring element, whereas, the shorted boundary condition by inserting vias to ground
inside substrate, which forces minima of electric field to occur on both sides of the shorted
plane. After analyzing the boundary conditions, the standing wave pattern and maximum field
points inside the ring can be determined for the evaluation of the forced resonant modes.

Figure 5-32: Shows a typical open annular ring with slit for satisfying open boundary condition [44]

5.5.4 Active Resonator
A resonator is an important element in oscillator/VCO and its characteristics are based on
size, cost, quality factor, manufacturability and integrability. Standard integrated circuits are in
planar configurations, therefore, effort is to eliminate discrete and bulky high Q expensive
resonators (Ceramic, SAW, Cavity, Dielectric, SLC, BAW, OE, YIG) [53]-[58].
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Microstripline/stripline resonator is planar type, formed by disposing a conductive strip onto a
circuit board, which is cost-effective and amenable for integration in IC form but at the cost of
large size and low Q factor in comparison to the other above discussed resonators. In general, Q
factor of the resonator degrades with the increase in frequency because of decrease in skin
depth, described by [59]
(5.147)
Where Q is the quality factor and

is the constant.

The energy dissipation in the passive resonator and radiation leads to degradation in the
quality factor of the resonator tank. To facilitate desired oscillation signal, resonator is loosely
coupled and loaded with the external circuit comprised of active devices and peripheral
components for compensating the energy losses. Using loose coupling can reduce the loading
of the resonator but results in higher attenuation.
In practice, the unloaded Q factor of the resonator ‘Qu’ is finite, and gets degraded after
coupling to the external oscillator circuit. Therefore, even an ideal resonator with zero inner
losses and Qu  will exhibit finite loaded Q factor ‘Ql’. The unloaded quality factor of the
passive resonator can be given by
(5.148)
where f0, stands for frequency, E is the energy stored in passive resonator (PR), W is energy
lost in one oscillation period, C and G correspond to parallel equivalent circuit (capacitance C
and conductance G) of the PR respectively.
To overcome the limitation of the Q factor of the passive resonator (PR), active resonator
topology has been reported which offers promising alternative for high spectral pure signal
sources [60]. The novel AR (active resonator) offers a solution for increasing Q u and Ql of the
passive resonator (PR) by compensating the inner losses. This can be achieved by means of gain
block (active circuit) coupled to the passive resonator (PR) networks.
Figure 5-33 shows the typical example of AR circuit, where PR is coupled to a transmission
line. As shown in Figure 5-33, active circuits create negative conductance -Gn, which adds to
the positive conductance of the resonator G, thereby, gives effective conductance of the AR
(active resonator) as
|

|

(5.149)

From (5.148), unloaded Q factor ‘Qu’ of the AR is given by
|

|

| |

(5.150)

From (5.149) and (5.150), AR can offer high quality factor where PR suffer from losses due to
loss resistance and radiations. In practical applications Ga should be greater than zero to
prevent the spurious oscillations, still keeping increased loaded Q factor Ql.

195

5.5.4.1
Active Resonator Topology
In the AR topology, normally the PR is coupled to the negative resistance generating device
network so that in principle AR element is similar to the general oscillator being created. A
general oscillator needs both the amplitude and the phase condition to be satisfied for
oscillation build up at f0. In the case of the AR, the only phase condition for oscillation build up
at f0 is required for stable and sustained oscillations and no amplitude condition is required to
compensate the loss of the AR from the active device network.
As depicted in Figure 5-33, active amplifier works in small signal linear regime and just
sufficient to compensate partially or 100% losses without creating instability. Design care must
be taken so that the oscillations do not build up in AR circuit and growth is restricted. Typically,
amplifier’s gain will compensate the inner losses of the AR circuits but 100% compensation
( | |
) of W (energy losses) will result in infinite unloaded Q (zero bandwidth).
Further loading of the AR (with infinite unloaded Q) with oscillator active circuits for obtaining
desired oscillations can increase the bandwidth of the resonator for the application in tunable
signal sources with improved phase noise performances. However, AR based on negative
resistance approach offers improved Q factors but they have drawbacks: schematic is complex
and must have feedback element and the matching networks to produce the negative
conductance -Gn, sensitive to spurious oscillation (if the oscillation start-up condition is
satisfied). A normal oscillator requires the amplitude and phase condition to be satisfied for
guaranteed and sustained oscillation build up at desired frequency, whereas, for active
resonator element, only phase condition is needed to be satisfied.
AR (Active Resonator)

Qu (CPR ) 

Active Circuit (Negative Resistance Circuit)

Qu ( AR ) 
n2

Amplifier

2f 0C
Ga

Qu ( AR )  Qu (CPR )

Ga  G

n3

1

2f 0 E 2f 0C

W
G

1
AR
Ga

-Gn

C

G
C

CPR

L

L
n1
Z0

1
Transmission Line

n1
Z0

1
Z0
Z0
Transmission Line

Figure 5-33: Shows a typical AR (active resonator) with feedback arrangement [60]

Hence, oscillation will not build up across the active resonator, and therefore, active
resonator module can work in the small signal regime (instead of large signal regime condition
required for sustained and guaranteed oscillations), and negative resistance added to the active
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resonator circuit will reduce the intrinsic losses of the passive resonators used as active
resonators. This approach yields high Q resonator, however, active resonator elements are
sensitive to spurious oscillations that may cause generation of unwanted oscillation mode in
the event of satisfying start-up oscillation condition.
Printed passive resonators such as hairpin, spiral, ring, and inter-digital resonators are widely
used in tunable oscillator circuits. However, printed passive resonators lack the high quality
factor due to the dielectric, conductor and radiation losses, therefore limiting factor of the
oscillator phase noise performance. One possible approach for compensating these losses is an
active resonator topology, thereby improved Q-factor. However, noise contributions from
active resonators can be significant if design is not optimized for a given oscillator topology and
a resonator figure of merit (FOM). The design philosophy of active resonators is based on active
feedback loops or coupling negative resistance devices to passive resonators for compensating
the losses. The critical issues are the presence of excess noise added by active devices
(transistors), therefore careful design methodology is required for low phase noise oscillator
using active resonator networks. Figure 5-34 shows the typical 3.2 GHz VCO (voltage controlled
oscillator circuit) using active resonator (AR) network for the comparative analysis of the phase
noise performance. As shown in Figure 5-35, the simulated Q factor of AR (active resonator) is
three times larger than equivalent PR (passive resonator), the penalty is excess power budget of
60mW. The typical RF output power is +5dBm with 2.1% DC-RF conversion efficiency for a given
-210.3 figure of merit (FOM) and 150mW operating DC power consumption (5V, 30mA).

Figure 5-34: shows the typical 3.2GHz VCO using active resonator (oscillator power consumption is 150mW)
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Figure 5-35: shows the typical simulated Q of passive resonator (uncoupled planar resonator and coupled planar
resonator) and active resonator (AR) using negative resistance topology (as shown in Figure 5-34)

Figure 5-36: shows the typical simulated phase noise plot of 3.2 GHz VCO (voltage controlled oscillator circuit)
using active resonator (AR) network (200 MHz tuning) network (FOM=-210.3, Po=5dBm, DC-RF power conversion
efficiency=2.1%)

Figure 5-36 shows the CAD simulated phase noise plot, the improvement in phase noise is
9dB that correlates the 3-times increase in Q-factor as compared to PR network. Different AR
(active resonator) technology is described in Appendix B, Appendix C, Appendix B, and
Appendix D for giving brief insights about pros and cons with reference to PR (passive
resonator) technology. Unfortunately, each development design of VCO using AR technology
has its price, since they occupy larger PCB area and extra power budget.
5.6 Conclusion
In this Chapter, an overview of microwave resonator and its characteristics (resonator quality
factor, figure-of-merit), resonator design criteria, and oscillator design methodology is
discussed.
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Chapter 6
Printed Coupled Slow-Wave Resonator Oscillators

6.1
Introduction
A printed coupled resonator network realized by slow wave dynamics is attractive due to its
compact size providing a wide spurious-free band [1]. In addition to this, the physical layout of
slow wave resonators enables the implementation of optimum EM (electromagnetic) couplings
[2]. Printed resonator based tunable oscillator circuits are large, especially at lower operating
frequencies. The physical dimension of conventional printed transmission line resonator can be
reduced by incorporating slow wave propagation characteristics, thereby reducing the size of
the circuits [3]. Typically, periodic shunt loading of the transmission lines can exhibit a
simplified slow wave structure. This periodic shunt loading reduces the phase velocity, thereby
increasing the effective electric length of the line [4]. As a result, resonators are not only
compact size but due to slow wave effect also exhibit high frequency selectivity, wider stopband resulting from the dispersion phenomena. In order to facilitate a broad yet precise
description of the VCO topology, the layout of the SWR (Slow wave resonator) structure is
selected in such a way that it minimizes the effect caused by temperature and mechanical
stresses, and supports uniform negative resistance over wide tuning range [5]-[7].
In slow-wave propagation, the electromagnetic wave is transmitted in the guided-wave media
with a slower phase velocity, namely, shorter guided wavelength, at a specified operating
frequency. This is achieved by modifying electric and magnetic energy storage in the guidedwave media. SWRs are attractive due to several reasons: the slow-wave effect makes them very
compact and can support evanescent mode coupling, enabling Q-multiplier effect at resonant
frequency, thus providing a low phase noise signal source solution [8]-[9]. Additionally, the
geometrical configuration of SWR resonators makes possible the implementation of compact
layout and is amenable for RFIC/MMIC realizations [1]-[10]. In conventional transmission lines,
the phase velocity vp is controlled only by the dielectric material and can be expressed as [3]
vP  f   

c0

 r  reff

(6.1)

where c0 is the velocity of light, μr is the effective relative permeability, and reff is the effective
relative permittivity. From (6.1), increasing the effective relative permittivity of dielectric
material at a given operating frequency decelerates the propagation of electromagnetic (EM)
waves in a guided medium. The Slow-Wave Effect can be realized by adding periodical shields
that decelerate the propagation of electromagnetic (EM) waves in a guided medium. From
(6.1), an equivalent inductance Leq, equivalent capacitance Ceq, and propagation constant  can
be described as [2]:

   Leq Ceq  VP 

1
Leq Ceq

(6.2)
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From (6.2), both distributed inductance (L) and capacitance (C) along the transmission line in
the guided medium can be increased for the realization of slow-wave effects owing to increase
of the propagation constant  , consequently, reducing the loss of the resonator network [2].
Figure 6.1 shows the simplified topology of a single-coupled slow-wave resonator, which
consists of a slow-wave resonator loaded at its near and far ends with series capacitors CS.

Figure 6-1: A typical topology of a single-coupled slow-wave resonator loaded at the near and far ends with series
capacitors Cs [1]

The resonator itself is made up of a transmission line of characteristic impedance Z 0 and
electrical length ‘’, periodically loaded by shunt capacitors Cp. The electrical length  of the
unloaded transmission line is defined at frequency f as [1, 4]

  d 

2 f  reff
C

d 

f  f0

 0

(6.3)

where reff is the effective relative permittivity , d is the physical length of the unloaded line,
and C is the free space light velocity. At the center frequency f0, the electrical length is 0.
By using ABCD (cascade) matrices, the equivalent characteristic impedance Zeq of a coupled
slow-wave resonator can be easily extracted.
As shown in Figure 6.1, the real estate of SWR (slow wave resonator) layout is quite large,
therefore not suitable for the application where size is the constraint. For brief insights about
the minimization of the size of slow-wave structure, the characteristics of the Lossless
transmission and capacitive loaded line (CTL) are discussed.
6.1.1 Lossless Transmission Line
Figure 6-2 shows the typical lossless transmission line circuit, which can be characterized by
ZO (Characteristic Impedance) and Vp (Phase Velocity) as
√
√

√

= k (Constant depending on medium)

(6.4)
(6.5)

where
,

(6.6)

From (6.5), LC = μεe therefore for a given εe and μ, it is not possible to reduce Vp by
increasing inductance or capacitance per unit length because an increase in inductance L leads
to a decrease in capacitance C, (
. Hence for a physically smooth transmission line,
reduction in phase velocity vp is only possible by increasing εr.
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Figure 6-2: A typical lossless transmission line circuit

6.1.2 Capacitive Loaded Transmission Lines (CTL)
By removing the constraint that the line should be physically smooth, an effective increase in
the shunt capacitance per unit length C can be obtained without a reduction in inductance L.
This can be realized by loading a printed transmission line with shunt capacitance Cp at periodic
intervals d. Figure 6-3 shows the typical capacitive loaded transmission (CTL) line circuit formed
by loading a printed microstrip line with open stubs that exhibit shunt capacitance at periodic
intervals which are shorter than the guide wavelength and causes the periodic structure to
exhibit slow wave characteristics [2]-[8].

(a)
(b)
Figure 6-3: A typical capacitive loaded transmission line circuit: (a) printed layout, and (b) lumped equivalent
network

The effective characteristic impedance and phase velocity of the CTL circuit shown in Figure 6-3
can be described by [2]-[4]
(
Z in  Z 0

)

(6.7)

Z L  jZ 0 tan(l )
Z 0  jZ L tan(l )

(6.8)

√ (

[ (

)]

L
C
For an m-section CTL, the equivalent electrical length in angle (
capacitance of a unit cell can be given by

where

(6.9)

)

= lumped capacitance per unit length, Z 0 

√ (

)

) and the loaded
(6.10a)
(6.10b)

where

is the operating frequency.
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From (6.8)-(6.10), the phase velocity vpCTL can be slowed down either by one or a combination
of the following: (i) Increase the characteristic impedance of the unloaded unit cell Z0, achieved
by reducing the microstrip line width wTL, (b) Reduce the distance between stubs d, and (c)
Increase the load capacitance
(increasing the stub electrical length
, reducing the stub
characteristic impedance
. This is achieved by increasing the width of the stub
).
Figure 6-4 shows the typical layout of the compact capacitively coupled printed slow wave
resonator. As shown in Figure 6-4, capacitive-coupling between two arms of the resonator leads
to the slow-wave dynamics. The drawback of a periodically loaded line is dispersion in phase
velocity; therefore phase velocity of the capacitively loaded transmission line is frequency
dependent, whereas the unloaded transmission line does not exhibit dispersion in the phase
velocity [9]-[24].

Figure 6-4: A typical slow wave coupled resonator (No. of section, m=5) [2]

6.2
Slow Wave Resonator (SWR)
Slow wave resonator (SWR) using stepped impedance hairpin printed transmission line
structure can exhibit larger group-delay in compact size, resulting improved Q-factor [3]-[6].
The hairpin resonator introduced initially to reduce the size of the conventional parallelcoupled half-wavelength resonator with subsequent improvements made to reduce its size [3].
Beyond the advantage of the compact size, the spurious frequencies of the stepped impedance
hairpin resonator are shifted from the integer multiples of the fundamental resonant frequency
due to the effect of the capacitance-load coupled lines, including the low quality factor and high
insertion loss [4] . As illustrated in Figure 6-5, the transmission line is periodically loaded with
identical open stub elements for the realization of high Q-factor SWR structure. The input
impedance Zin2 for a lossless line is given by [3]
Zin2

tan( l )0



Z0 Z L
 Zin2  Z L
Z0

(6.11)

where L and C are the inductance and capacitance per unit length of the line, Z0 and  are the
characteristic impedance and phase constant of the open stub, respectively.
From (6.11), for infinitesimal value of tan(l ) , the input impedance Zin2 is proportional to ZL,
therefore, Zin2  or 0 for corresponding ZL =  or 0. Under these cases, the slow-wave
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periodic structure loaded by Zin2 in Figure 6-5 (b) provides passband (Zin2  ) and stopband
(Zin2 0) characteristics.

(a)

(b)

Figure 6-5: A typical slow wave structure: (a) a periodic SW structure, and (b) with loading ZL at open end [3]

As depicted in Figure 6-5, the layout size is comparatively large and not attractive for VCO
applications used in in small modern handheld portable and test equipment systems.
Figure 6-6 shows the modified version of SWR, where transmission line is loaded by a square
ring resonator with a line-to-ring coupling structure [3]-[8].
As shown in Figure 6-6 (b), Zin3 is the input impedance looking into the transmission line lb
toward the ring resonator with the line-to-ring coupling. The input impedance Zr1 looks into the
line-to-ring coupling structure toward the ring resonator. The input impedance Zin3 is given by
Zr 1  jZ 0 tan( lb )
Z0  jZ r 1 tan( lb )

(6.12)

1
1
, Zp 
,   2f
jC g l
jC p l

(6.13)

Zin3  Z0

Where
Z r1 

(Z r  Z g )Z p
(Z r  Z g  Z p )

, Zg 

The parallel fp and series fs resonances of the slow wave ring resonator as shown in Figure 6-6
|
|
can be obtained by setting|
and |
. The ABCD matrix of the ring circuit (Figure
6-6a) can be described by [9]
[

]

[

[

][

][

]

]

(6.14)
where
. Using
( )
, the passband and stopband of the ring circuit
can be obtained by calculating S11 and S21 from the ABCD matrix in (6.14).
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(a) A typical layout

(b) Equivalent representation

(c) Top view of line-to-ring coupling structure

(d) Side view

(e) Equivalent representation

Figure 6-6: A typical slow-wave ring resonator with single edge coupling gap (slower the phase velocity, causing
slow-wave effect): (a) printed layout of single edge coupled slow wave ring resonator network, (b) equivalent
representation of single edge coupled slow wave ring resonator circuit, (c) top view of line-to-ring coupling
structure, (d) side view of line-to-ring coupling structure, and (e) equivalent representation of circuit of line-to-ring
coupling structure [3]
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6.2.1 Slow Wave Evanescent Mode (SWEM) Propagation
The slow-wave evanescent-mode can represent surface wave propagation in planar printed
resonators or the lattice waves in waveguides. In slow-wave propagation, the electromagnetic
wave is transmitted in the guided-wave media with a slower phase velocity, namely, shorter
guided wavelength, at a specified operating frequency [1]-[8]. This is achieved by modifying
electric and magnetic storage energy by incorporating perturbation in the guided-wave media.
Slow-wave resonators are attractive due to several reasons: the slow-wave effect makes them
very compact and can support evanescent mode coupling for obtaining Q-multiplier effect at
resonant condition, thus low phase noise signal source solutions. The wave propagation in
SWEM structure can be described well using the Maxwell’s equations by partitioning into (a)
transmission line (TL) equations in the direction of travel, and (b) orthogonal Transverse
Evanescent (TEV) wave equations [4]-[6]. For the characterization of evanescent-mode
propagation, we need four pairs of separate, partially coupled TL and TEv wave equations for
the four fields E, D, B, and H. The four slow-wave evanescent-mode equations for E, D, B, and H
all are radial profiles of stored energy. The seven main processes in the formation of
evanescent waves are: (i) the spreading function, (ii) the self-coupling function, (iii) (radial)
standing wave function, (iv) time variation of phase of stored energy components, (v) Root Sum
of the Squares (RSS) combination of the four coupled equations giving dominance to the
strongest field in the resonator, (vi) dissipation, radiation or absorption of energy in the
resonator, (vii) exchange of energy between inter-coupled evanescent modes in SWEM
resonator [4]-[10].
6.2.2 SWEM Resonator Modes and Noise Dynamics
In contrast to lumped LC resonators, which have only one resonant frequency, slow wave
resonators (SWRs) can support an infinite number of electromagnetic field configurations or
resonant modes [11]-[16]. The resonant modes in SWR structure exist in the form of
degenerate modes (i.e., modes having the same resonance frequency with different field
distributions). These modes allow the realization of two electric resonators within the same
physical resonator (dual-mode resonators) or three electric resonators within the same physical
resonator (triple-mode resonators), and n electric resonators within the same physical
resonator (nth-mode resonators).
The single–mode resonator possesses two degrees of freedom, namely, the electric and
magnetic fields (voltage and current standing waves), each storing a mean thermal energy of
kT/2 (k: Boltzmann’s constant; T: temperature), resulting in improved unloaded quality factor.
The multi-mode resonator exhibits 2nd-degrees of freedom, causing neighboring resonant
modes which act as spurious modes interfering with the fundamental resonant mode’s
performances and exhibit higher noise than single-mode resonator oscillator. It is therefore
desirable to increase the spurious free window of the multi-mode resonator oscillator in order
to improve the stability, phase noise, and mode-jumping problems. An experimental validation
supports the convergence of degenerated modes in SWR structure, resulting in improved
dynamic loaded Q-factor. It is interesting to note that slow-wave propagation in SWEM
structure mode-locking dynamics under large-signal drive-level condition, which is opposite the
analysis because of the fact that slow-wave evanescent modes are inter-coupled in phase for a
given topology [17]-[26].
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The inconsistency of multi-mode oscillator phase noise dynamics calls for a revisit to the
phase noise analysis based on physics-based noise modeling in SWEM oscillator circuits. This
can be physically understood in time domain: noise perturbation generated at any point p(x, y,
z) in SWEM resonator affects the oscillator’s phase and timing dynamics only when the
respective modes pass through the point p(x, y, z). This notion makes sense as explained
above, i.e. noise at any given point p(x, y, z) in SWEM resonator structure has less chance to
involve in the phase-noise dynamics for an inter-coupled mode-locked transmission line,
leading to lower phase noise than the single-mode resonator oscillator [6]. The Fourier-domain
phase noise argument would predict wrong result, i.e. higher phase noise for SWEM oscillator
that has a large number of harmonic modes than the single-mode oscillator circuits. Thus, the
general phase noise theory is not applicable to the inter-coupled mode-locked resonator
oscillator circuits.
It is to note that SWEM design parameters (coupling coefficient, multi-mode sensitivity, and Q
factor) can be obtained using full wave EM simulation. It has been found that degenerate
modes play important role in improving the Q-factor, therefore, rigorous mathematical
treatment is necessary for the minimization of the spurious and jitters in pass-band. The
theoretical treatment and experimental validation suggests the possibility of low cost high
performance synthesizer using SWEM VCO for low jitter and low phase noise applications.
6.3
Slow-Wave Resonator Oscillator
Figures 6.7(a), 6.7 (b), and 6.7 (c) show the typical block diagram and layout of the VCO using
mode-coupled SWR, which validate a novel SWR (Slow Wave Resonator) approach, using a SiGe
Hetro-junction-bipolar-transistor (HBT) active device fabricated on low loss RF dielectric
substrate material with a dielectric constant of 3.38 and thickness of 22 mils printed structure
[24].
The SWR structure is modeled using 3-D EM (Electromagnetic) CAD simulator and
incorporated into optimized nonlinear oscillator circuit to enable configurable and low phase
noise operation over the band. This enables SWR structure to set up optimum standing waves
(within the resonator) and the noise impedance transfer function over the tuning range by
controlling mopt (by optimizing injection locking) and opt (by optimizing mode tuning) [17]-[24].
The nonlinear circuit contains the oscillator's active device, with S-parameters. This
partitioning of the oscillator into its modeled component parts works quite well, and the
combination of the S-parameters and the nonlinear circuit model agrees closely with the
measured data in the circuits we already built 25]. The S-parameters used for these transistors
are large-signal S-parameters, which improve the optimization cycles using commercial CAD
tools such as ADS 2013 (Agilent), AWR, and Ansys (Nexxim) to the limits allowed by physics
[26]-[31].
6.3.1 Slow-Wave Resonator Coupling Characteristic and Q-factor
The Q (quality) factor of the printed transmission line resonator can be enhanced by
introducing coupling mechanism related to the relative orientation of the neighboring
resonators (electric/magnetic/hybrid). Figure (6-8) illustrates the layout of the typical electric,
magnetic, hybrid-coupling planar resonator networks, and oscillator circuits for comparative
analysis [32]-[37].
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(a) A typical block diagram of SWR VCO

(b) Layout of SWR VCO

(c) Layout of mode-coupled SWR VCO

Figure 6-7: (a) A typical Block diagram of SWR VCO, (b) layout of SWR VCO and (c) layout of mode-coupled SWR
VCO

As described in Figure (6-8), the coupling dynamics can be characterized by proximity effect
through the fringing fields, which exponentially decays outside the region; electric and
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magnetic field intensity tends to concentrate near the side having maximum field distribution.
The coupling coefficient ‘j’ depends upon the geometry of the perturbation, given by
[(

√∫

∫

)
∫

(

√∫

∫

)

]

(6.15)

∫

where Ea and Ha are, respectively, the electric and magnetic ﬁelds produced by the square loop
ring resonator, and Eb, Hb are the corresponding ﬁelds due to the perturbation (d≠0) or nearby
adjacent resonator (second square loop resonator).
From (6.15), the ﬁrst term represents the coupling due to the interaction between the
electric ﬁelds of the resonators and the second term represents the magnetic coupling between
the resonators. Depending on the strength of interaction, multi-mode dynamics exist related to
electrical, magnetic, and hybrid coupling. The conﬁguration of Figure 6-8a produces an electric
coupling since the electric ﬁeld is maximum near the open ends, maximizing the numerator of
the ﬁrst term of Equation 6.15. As depicted in Figure 6-8c, when the resonators are operating
near their ﬁrst resonant frequency, the pair of resonators interacts mainly through their
magnetic ﬁeld, this is because the magnetic ﬁelds is maximum near the center of the resonator
opposite to its open ends, maximizing the numerator of the second term of Equation 6.15. The
coupling produced by the two conﬁguration (open loop resonator # 1 and open loop resonator
#2) as shown in Figure 6-8f are referred as mixed coupling or hybrid coupling because neither
the electric ﬁelds nor the magnetic ﬁelds dominate the interaction between the resonators.
The deﬁnition of ‘j’ given in (6.15) involves complex mathematical analysis and is not suited
for practical calculation since it requires the knowledge of the electromagnetic ﬁelds
everywhere. A useful alternative expression for ‘j’ can be obtained from a well-known fact in
physics when multiple resonators are coupled to each other they resonate together at different
distinct frequencies (fee, fem, feh, fmh) which are in general diﬀerent from their original resonant
frequency f0.
Furthermore, these frequencies are associated with corresponding to their normal modes of
oscillation of the coupled system (electric/magnetic/hybrid), and their diﬀerence increases as
the coupling ‘j ‘(e: electric, m: magnetic and h: hybrid) between the resonators increases
[31]-[37].
The main interaction mechanism between resonators is proximity coupling and can be
characterized by a coupling coeﬃcient ‘j that depends upon the ratio of coupled energy to
stored energy, described by

e 

f 2  f ee2 Cme
coupled  electrical energy
 me2

stored  energy of uncoupled  resonator f me  f ee2
C

(6.16)
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Figure 6-8: A typical simplified structure of open loop microstrip line coupled resonator networks:(a) Electrical
coupling, (b) Equivalent lumped model of electrical coupling, (c) Magnetic coupling, (d) Equivalent lumped model
of magnetic coupling, (e) Hybrid coupling, (f) Equivalent lumped model of hybrid coupling and (g) Layout of VCO
using electric and magnetic coupling.
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(6.17)

(6.18)

where

f ee 
f em 
f eh 

f0 

1
2 L(C  C me )

f me 

1
2 L(C  C me )

,

Cme: Mutual Capacitance (6.19)

1
1
, f mm 
,
2 C ( L  Lmm )
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1
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,

,
LC

, f mh 

1
2 ( L  Lmh )(C  C mh )

Lmm: Mutual Inductance

(6.20)

, Lmh: Hybrid Inductance

(6.21)

f0: fundamental resonance frequency of uncoupled resonator

The time average loaded Q-factor of slow wave resonator: ̅̅̅̅̅̅̅̅̅̅̅
̅̅̅̅̅̅̅̅̅̅̅

[

can be described by
]

∫

(6.22)

(6.23)

where Imin and Imax are the minimum and maximum resonator currents of the SWR network
associated with the fundamental modes of the coupled resonator networks, the Qswr(ω,i) is the
instantaneous quality factor at frequency ω and current i provides an effective means to
quantify the Q-multiplier effect of SWR when operated in an evanescent-mode coupling
condition, especially in printed coupled resonator based oscillator circuits.
From (6.23), the loaded quality factor QL of the coupled resonator network is given in terms
of unloaded quality factor Qo as

QL ( 0 ) 

0   
2   

 Q0
[QL ( 0 )]electricalcoupling  2
 (1   e


 2Q0

)   1
e

(6.24)
(6.25)

[QL (0 )]magneticalcoupling  2Q0 (1   m )m 1  2Q0
(6.26)
 (1   mh ) 
[QL ( 0 )]hybridcoupling  2Q0
 2Q0

 (1   eh )   e 1,  m 1

(6.27)
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is the rate of change of the phase, and Q0 is the unloaded Q-factor of the uncoupled

single open loop microstrip line resonator.

where

From (6.25)-(6.27), there is trade-off between improving the Q factor and the permissible
attenuation required (which is compensated by active device for oscillation build up).
The coupling mechanism described in Figure (6-8) shows improvement in quality factor in
comparison to single uncoupled planar resonator but drawback is limited tuning range (less
than 1%). By introducing tunable capacitor across the open end of uncoupled planar open loop
resonator, dynamic unloaded Q-factor can be improved but limited tuning range (< 25%). This is
due to minimization of the radiation losses from the open ends of the resonator because of
capacitor loading, causing dielectric polarization in the capacitor since most of the electric field
resides inside it [38]-[42]. Therefore, a high Q capacitor could actually increase the unloaded
quality factor of the whole resonator. This is analogous to the case of dielectric resonators
where the fields are constrained to a small volume dielectric with high permittivity and low loss
tangent resulting in a high overall Q [43]-[49]. For wideband tunability (>100% tuning), adjacent
coupled open loop resonator network is preferred but at the cost of large real estate area.
In general, the miniaturization of the open loop resonator reduces its capacity to couple to
adjacent structures. This is because smaller resonator size represents a smaller volume of
electromagnetic interactions between its coupled arms; reason being a smaller size represents
a smaller volume of electromagnetic interaction between coupled resonators. The fact that the
majority of the electric field that existed in the volume surrounding the open ends of a
resonator is now confined to the interior of a capacitor limiting its possibility to interact with a
neighboring resonator. It can be seen from the Figure 6-9 that the effect on the magnetic and
mixed coupling is less severe than for the electric coupling, where the magnetic coupling
coefficient is plotted against the separation between resonators for different loading capacitors
[43]-[49].
Magnetic Coupling
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(a) Capacitive loaded magnetic coupled square loop resonator

(b) plot of magnetic coupling j as a function “d”

Figure 6.9: A typical capacitive loaded magnetic coupled square loop resonator characteristics: (a) Printed layout,
(b) plot of magnetic coupling ‘j as a function of the distance between resonators for a given capacitive (Cj)
loading with resonator physical dimension ω =2mm and a =26mm, fabricated using Roger RO4003c substrate with
a dielectric constant of 3.55 and a thickness of 60mil) [43]
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The microstrip square open loop resonator is one of the most used structures for multi-mode
oscillator resonator applications due to its compact size (a= λ/8). For low phase noise multioctave band tunability, the loaded quality factor (QL) as described in (6.24)-(6.27) can be
maximized by either lowering the value of mutual capacitance (Cm) and inductance (Lm) or
maximizing the self-capacitance (C) and inductance (L).Therefore the upper limit of the loaded
Q- factor is dependent on the coupling ‘j’ ‘(e: electric, m: magnetic and h: hybrid) that can
be optimized by controlling the width of the transmission line (w), gap of the open line
resonator (p), and spacing between the two open line resonators (d) [50]-[55].
For low phase noise tunable oscillator, the coupling coefficient j should be dynamically
tuned over the operating frequency band. However, dynamic controlling and tuning of the
parameters (w, p, a, and d) as shown in Figure 6-8 at high frequency is challenging task. The
alternative tuning mechanism is capacitive loading by incorporating tuning diodes [38]-[44].
Figure 6-10 shows the typical tunable square open loop resonator in compact size (λ/8 by λ/8)
for the applications in oscillator circuits.
As shown in Figure 6-10 (c), the goal is to minimize the real estate area by using meander line
into inner part of the resonator. To optimize the geometry of the coupled resonator they are
excited with a pair of loosely coupled feed lines to obtain a transmission parameter S21(ω) from
which the two resonant frequencies f1 and f2 can be obtained for a given geometry and values
of d between resonators.
The resonator shown in Figure 6-10 (d) offers compact size and exhibits two independent
modes (dual-modes), the coupling between them can be optimized by the geometry of the
inner structure. This tunable dual mode resonator can then function as two independent
tunable resonators providing an immediate size reduction of 50%.
For brief insights about the tuning capability of square open loop resonator (Figure 6-11), a
simple equivalent circuit model of the varactor diode loaded resonator as shown in Figures 611(a) to 6-11(c) is used to derive its multi-mode tuning dynamics and regime.

(a)

(b)

(c)

(d)

Figure 6-10: A typical layout of tunable square open loop resonator: (a) Conventional square open loop hairpin
resonator, (b) Folded arms square open loop resonator, (c) Meander line square open loop resonator, (d) Dual
mode square open loop resonator [43]
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Figure 6-11: A square open loop resonator loaded with a tunable series capacitor: (a) simplified equivalent circuit
model for square open loop resonator, (b) Miller-transformed equivalent circuit model, and (c) equivalent circuit of
square open loop resonator with two tunable shunt capacitors at open ends [43].

The voltage and current distribution at resonance can be described by using transmission line
theory and the shunt equivalent model of Figure 6-11 (c) as:
[

⁄

[

⁄

]

(6.28)
]

(6.29)

where θ = βz is the electrical length measured from one open end of the resonator, and θT is
the total electrical length of the resonator. Figure 6-12 shows the plots of V(θ) and I(θ) for
loaded and unloaded square open loop resonator network. As shown in Figure 6-12, the current
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never goes to zero but remains near its maximum value along the resonator and the voltage
varies almost linearly between open ends (Assumptions: these typical plots are just to compare
the distribution of the voltages and currents between the loaded and unloaded resonators, but
not their amplitudes; they are normalized with respect to their respective maxima and they
have either different frequencies or different resonator sizes) [56].

Figure 6-12: Voltage and current distribution at resonance of square loop open resonator (SLOR) shown in Figure
6-10: (a) Voltage distribution in a loaded and unloaded open loop resonator, and (b) current distribution in loaded
and unloaded open loop resonator (Dashed lines are for the unloaded case) [43].

Using Miller’s theorem, tunable square loop open resonator (SLOR) shown in Figure 6-11a can
be equivalently represented as Figure 6-11c, if the following conditions are satisfied:
(

)

(6.30)

|

(6.31)

(

)

(

)

|

(6.32)
(6.33)

where A= V2/V1 is the voltage gain from node 1 to node 2, near resonance
voltages (V1, V2) are in opposite phase (V1=- V2), gain A = −1 (odd-mode resonance).

, both

From Figure 6-11 (c), the input admittance can be described by
[

]

(6.34)

From (6.34), at fundamental odd-mode resonance (V1=- V2),
[

]
(6.35)
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|

(6.36)
|

(6.37)

where θT = θ1 + θ2 is the total length of the resonator.
From (6.36), the electrical length (θT = θ1 + θ2) is calculated for a given resonance frequency
and loading capacitance . From (6.37), for θ1 =θ2, Zin = 0 the center of the resonator is a
voltage null at the ﬁrst resonant frequency. This implies that for θ1 = θ2; Equations (6.36) and
(6.37) are equivalent and there will be a voltage null at the center of the resonator whenever
the resonance condition exists in square open loop resonator structure.
From (6.30)-(6.37), the resonant condition of the loaded square open loop resonator
structure is valid only near an odd mode resonance (V1=- V2), where the parameter ‘A’ of the
Miller effect is −1. Away from these voltage conditions (V1=- V2) at odd-mode resonant
frequencies the voltage relation among the open ends changes, causing change in equivalent
admittances Y1 and Y2 as shown in Figure 6-11 (b). This leads to diﬀerence between the
behavior of the series and shunt loaded resonators away from the odd resonant frequencies.
The two most important diﬀerences are the performance near the even resonant mode and the
existence of anti-resonance for the case of series loading [43]-[54].
For even-mode (V1= V2), the capacitor (Ct1 and Ct2) as shown in Figure 6-11c is virtually open
circuited caused by Miller effect (A =1). Therefore, the series capacitor (Ct) as shown in Figure 610a does not have any eﬀect on the behavior of the resonator near even mode resonances;
these resonant frequencies are unchanged by the presence of the capacitor.
6.3.2 Loaded Open Loop Printed Resonator Coupling and Mode-Characteristics
Figure 6-13 shows the typical set up used for measurement of the S21(ω) for deriving the
coupling characteristics of the tunable open loop resonator loaded with the varactor diode.
The parameter of interest is the transmission coeﬃcient S21(ω),where the resonant
frequencies are manifested as peaks of maximum transmission between ports. Figure 6-14
shows CAD simulated (Ansoft Designer) plot of the varactor loaded open square loop printed
resonator with ω=2mm and a=26mm, fabricated using Roger RO4003c substrate with a
dielectric constant of 3.55 and a thickness of 60mil (1.524 mm) [51]-[55]. As shown in Figure 614, the ﬁrst resonant frequency is shifted down with different values of C, whereas the second
resonance frequency remains at same location. Nevertheless, as varactor diode capacitance
increases beyond certain value (for example, 1.4 pF), a couple of frequencies where the
transmission coeﬃcient S21 is zero appears between the ﬁrst and second resonant frequencies,
which is observed in Figure 6-14 for C =2pF.
As shown in Figure 6-14, the physical size of the resonator (ω =2mm and a =26mm) is kept
constant while C is varied causing a shift in the ﬁrst resonant frequency. This frequency shift can
be capitalized into miniaturization if we let the size of the resonator vary and is minimized while
keeping the fundamental resonance ﬁxed.
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Figure 6-13: A typical setup for carrying out the measurement of the transmission coefficient S21() for analyzing
the coupling characteristics of the varactor loaded tunable open loop resonator [44].

Figure 6-14: A CAD simulated (Ansoft Designer) plot of S21(ω) of a varactor loaded SOLR for different capacitance
values [45].
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Table 6.1 describes a summary of the results obtained by ﬁxing the resonant frequency at 1
GHz using the same substrate as before [52]-[56].
As shown in Table 6.1, the ratio of f1/fo increases as the loading increases, when the loading
capacitance is 1 pF the last row of Table 6.1 indicates that the area of the miniaturized
resonator is 36% that of the conventional resonator (shown in 4th column of Table 6.1).
Table 6.1: Resonator characteristics as a function of loading capacitance

Ct(pF)
0
0.2
0.6
1

Am (mm2)
676
535.92
380.25
289

a (mm)
26
23.2
19.5
17

Am/Ac
1
0.79
0.56
0.427

f 1/ f 0
2
2.23
2.66
3.06

where
Am : Area occupied by the varactor loaded miniaturized resonator
Ac : Area of the conventional (unloaded) resonator
w= width (w =2 mm in all resonators), kept constant for the simplification.
a= length of the SLOR, varying for the miniaturization
fo= fundamental frequency is ﬁxed at 1 GHz
f1=first spurious frequency
Figure 6-15 shows the plot of area A(Ct) and frequency (Ct) versus capacitive loading provided
by the varactor diode in printed square open loop resonator. From (6.37), the total length of
the square open loop resonator is θT = θ1 + θ2, for θ1 = θ2:
|
ω(

(6.38)
)

(

)

( )

[

(

)]

(6.39)
[

[

(

(

)]

)]

(6.40)

(6.41)

From (6.39)
(6.42)
Equations (6.41) and (6.42) are trigonometric functions, where represents the total physical
length (perimeter) of the resonator (neglecting the size of the gap where the capacitor is
mounted,
is the phase velocity, k1 and p1, k2 and p2 are constant, and Ct is the capacitive
loading provided by varactor diode.
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(a)

(b)

Figure 6-15: Shows the plot of area A(Ct) and frequency (Ct) versus capacitive loading provided by the varactor
diode in printed square open loop resonator: (a) relationship between the capacitance value and the resonator’s
area), and (b) resonant frequency [43]

Since the constants k1,k2 and p1, p2 have the effect of scaling the x and y axis respectively, any
choice of them gives a good representation of the general tendency. A plot of this curve, where
for simplicity k1=p1=k2=p2=1, is shown on Figure 6-15.
Both curves shown in Figure 6-15 indicate that there is maximum variability for relatively
small values of capacitance. It can be noticed from the Figure 6-15 that as the capacitance
increases the rate of change decreases, this leads to following [43]:
•
•
•

Designs with large capacitance values are more robust (less sensitive to capacitor
tolerances).
For tunable operation, small values of capacitance are better.
Increasing the capacitance after a certain value does not provide significant advantage.

Based on above, oscillator circuits are designed for the validation purpose.
6.4
Tunable Low Phase Noise Oscillator Circuits
The tunable oscillator circuits using slow wave resonator networks reported in this chapter
offers cost-effective alternative of expensive high Q-factor dielectric and YIG resonator
oscillators [7].
Figure 6-16 (a) shows the typical simplified schematic of an oscillator comprised of a
resonator module and an external circuitry (active device that generates gain for stable
oscillation) [29]-[32].
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(a)

(b)
Figure 6-16: A typical noise aliasing phenomena in nonlinear resonator based oscillator circuits: (a) Schematic
representation of noise aliasing in oscillator comprises of nonlinear resonator, and (b) Low-frequency noise
present at filter input is aliased to carrier side-bands (
) due to mixing in nonlinear resonator
network [57].

In general, resonator is described as linear model (follows the superposition theorem), ideally
high Q-factor resonator used in oscillator would clean the low frequency near-carrier noise. But
in reality, the quantum dynamics of Quartz crystal, Ceramic, Dielectric, and MEMS resonator is
nonlinear and drive-level dependent [57]. Therefore, nonlinearities associated with these
resonators can lead to unwanted aliasing of low-frequency noise to carrier side-bands as shown
in Figure 6-16 (b). The aliasing of low frequency noise can be even higher than the thermal
noise floor of the expensive high Q-factor piezoelectric Quartz resonators; therefore,
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linearization of the resonator is needed for the application in high performance frequency
signal sources [53]-[57].
Figure 6-17 shows the layout of 18.87 GHz dielectric resonator oscillator (DRO) in push-push
topology for the minimization of unwanted aliasing of low frequency random fluctuation noise
[46]. Although DROs in push-push topology (see Appendix-A) minimize aliasing of near-carrier
1/f-noise it is at the cost of size, power and sensitivity to vibration [50]. One way to overcome
the unwanted noise aliasing is to use linear passive printed planar resonator but planar
resonator lacks with the Q-factor, and are large in size, therefore main limiting factor of the
phase noise performances [17]-[21]. This thesis describes the practical examples of low phase
noise oscillator circuits using novel slow wave resonator networks that supports reasonably low
phase noise for a given conversion efficiency in compact size, and also amenable for integration
in the integrated chip (IC) form.

(a)
(b)
Figure 6-17: (a) shows the layout of 18.87 GHz oscillator using expensive high Q-factor dielectric resonators, (b)
measured phase noise plots [46]

6.4.1 Examples: Slow Wave Resonator Based Tunable Oscillator Circuits
In this section, examples of tunable oscillator circuits using printed coupled resonator network
in conjunction with noise minimization techniques are discussed [57]-[74].
6.4.1.1

Tunable (2000-3200 MHz) Oscillator Circuits [US Patent No. 7,365,612 B2]

Figure 6-18 shows a slow wave resonator based tunable (2000-3200 MHz) oscillator (SWRO)
circuit illustrating the critical components and layout according to the patent application [65].
As shown in Figure 6-18, the SWRO (slow wave resonator oscillator) circuit includes a noisefeedback DC bias network; noise filter in conjunction with microstripline coupled resonator for
improved frequency stability under the allowable temperature fluctuations (-50°C to +95°C)
including the fluctuations in the supply voltage (<  25%).
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(a) A typical circuit schematic of tunable oscillator circuit

(b) Layout of the wideband oscillator circuit 0.5x0.5x0.18 inches [US Patent No. 7,365,612 B2]
Figure 6-18: (a) Schematic of oscillator (2000-3200MHz), (b) Layout (32 mills, Dielectric constant 3.38) [65]
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Other advantages result from the fact that it is not necessary to provide an active current
source for the supply voltage. A low supply voltage is possible, and this is a major advantage in
mobile communication systems, for instance. In particular, the operating point of the oscillator
transistor should be adjusted for a non-overdriven operating mode of the oscillator. The typical
phase noise is –95dBc/Hz@10 KHz offset for the frequency 2000-3200MHz. The circuit operates
at 8Volt and 25 mA, and gives power output more than 5dBm over the tuning range.
Typically, wideband oscillators undergo compound compromise, i.e. oscillator phase noise,
harmonics or tuning sensitivity as a function of control tuning voltage, thereby, resulting poor
performance over the band under most of its operating condition. The problem of achieving
optimum oscillator performance in terms of phase noise is compounded by the fact that the
optimum drive- levels and conduction angle changes with control tuning voltage. These
drawbacks are overcome by incorporating the circuitry that adjusts the drive level and
conduction angle in response to the changes in the frequency control tuning voltage. The
feedback capacitor (C7 and C8) as shown in Figure 6-18a is incorporated with tuning diode in
order to adaptively optimize the drive level, therefore improved phase noise performance over
the band. By doing so, both phase noise performance and the tuning range of an oscillator can
be extended, while simultaneously improving the harmonic contents and over the tuning range
(2000-3200 MHz), measured phase noise is –105dBc/Hz @ 10 KHz offset for the frequency
2000-3200MHz with 8 Volt and 25 mA, and gives power output more than 3dBm over the
tuning range with harmonic rejection better than 20dBc.
Figure 6-19 shows a schematic diagram of the improved version of the SWRO circuit using
novel multi-coupled line printed resonators for the improvement of the phase noise
performance over the tuning range and associated phase jitter [65]. The resonator structure
includes a center strip as an open transmission line in the form of an etched structure with a
wavelength, which is shorter than the quarter-wavelength of the desired frequency. The
resonator network includes a voltage-controlled variable-capacitance diode, and a resonator
terminal connected between the voltage-controlled variable-capacitance diode of the
resonator unit and the base of the 3-terminal active device. The resonator is preferably an
asymmetric coupled microstripline, and the stages are disposed in a standardized housing in
SMD (surface mounted device) technology.
By way of example, the etched structure of the resonator may be provided as a microstrip, or
as a coplanar structure or as a slot structure or embedded in a multilayer board, for instance, or
in other words may be made by either the monolithic technique or a hybrid technique. This
novel approach is associated with reference to a tunable ultra low phase noise and low thermal
drift oscillator at 2000-3200MHz employing dynamically tuned microstripline-coupled
resonator, which is synchronized to the VCO’s tuning port for low phase-hit and better noise
performance. It is especially advantageous that in this distributed resonator function; ultra low
phase noise performance is achieved without having to use an expensive high Q resonator
network with special tuning arrangement to cover wide tuning range. By means of the
embodiment as an open strip in center of the coupled-line resonator structure, a distributed
resonator function is achieved while maintaining wide tunable range and higher Q factor as
shown in the Figure 6-19 (a).
225

(a) A typical (SWRO) circuit schematic, operating frequency 1900-3200MHz with 240 mW (Vcc=8V, Ic=30mA)

b) Layout of the wideband (SWRO) circuit 0.5x0.5x0.18 inches [US Patent No. 7,365,612 B2]
Figure 6-19: (a) Schematic diagram of the ultra low noise wideband oscillator (2000-3200MHz) using inductively
and capacitively coupled microstripline resonator, (b) Layout of oscillator circuit (32 mills substrate, Dielectric
constant 3.38)
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The novel oscillator circuit layout is shown in Figure 6-19b, stable over operating
temperatures of -40 0C to +85 0C, providing sufficient margin for compensating the frequency
drift caused due to the change in operating temperature, including the package parasitic and
component tolerances.

FOM=-194.497 dBc/Hz
PFTN=15.08 dB
PN@ 1MHz=-150 dBc/Hz

Figure 6-19c: Measured phase noise plot of the oscillator circuits shown in Figure 6-19a, The measured figure of
merit (FOM: defined in Ch-1, Eq 1.1) is -194.49 for a given power-frequency tunning notmalized (PFTN: defined in
Ch-1, Eq 1.2) 15.08 dB.

f0=2.6 GHz
% Tuning > 50%
PFTN=15.08 dB

Figure 6-19d: Measured tuning characteristics of the oscillator circuits shown in Figure 6-19a, f=1650 MHz @ Vt=0
Volt) and upper (f=3250 MHz @ Vt=24 Volt)
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Figure 6-19c shows the phase noise plot, the measured phase noise is better than –
105dBc/Hz @10 KHz offset for the operating frequency 1900-3200MHz with 240 mW (Vcc=8V,
Ic=30mA) power consumption.
The measured RF output power is better than 3dBm with more than 53.1 % tuning ranges
(1920MHz-3310 MHz) with sufficient margin at both lower (f=1650 MHz @ Vt=0 Volt) and
upper (f=3250 MHz @ Vt=24 Volt), illustrated in Figures 6-19c and 6-19d. The measured figure
of merit (FOM: defined in Ch-1, Eq 1.1) is -194.49 dBc/Hz for a given power-frequency tuning
normalized (PFTN: defined in Ch-1, Eq 1.2) 15.08 dB.
6.4.1.2

Hybrid-tuned Wideband Circuit (1600-3600 MHz) with Coarse and Fine-tuning

In an oscillator intended for fixed frequency operation, it is relatively easy to select the
coupling parameter so that it gives optimum phase noise performance. However, for wideband
tunability it is difficult to satisfy optimum coupling factor over the tuning range. The usual
approach is to select the spacing between the coupled lines, compromise drive level and
conduction angle that permit adequate (rather than optimum) oscillator operation over the
desired tuning range. By doing so, however, optimum oscillator performance is achieved at only
one frequency, if at all. Further, the use of fixed structure of microstripline necessarily limits the
range of possible operating frequencies, sometime preventing certain design criteria from being
met.
An alternative approach is to try to design oscillator circuit so that the optimum dimension
changes, as a function of frequency, in exactly the same manner and magnitude as the
frequency control signal changes as a function of tuning voltage. For the application in fast
switching frequency synthesizer, hybrid tuned (facilitates coarse and fine-tuning) wideband
oscillator circuit is required. Figure 6-20a shows the typical schematic of the hybrid tuned
(coarse/fine) design approach that facilitates coarse and fine-tuning, and maintaining ultra low
noise performance over the tuning range (1600-3600 MHz).
Figure 6-20b shows the phase noise plot, the measured phase noise is better than –90dBc/Hz
@10KHz offset for the frequency 1600-3600MHz. As shown in Figure 6-20b, the coarse tuning
for 1600-3600MHz frequencies is from 0.5 Volt to 16 Volts, and fine-tuning is 1-5 Volt (2040MHz/Volt). The measured RF output power is better than +4 dBm with more than 75 %
tuning rages (1600-3600 MHz)) with sufficient margin at both lower (f=1350 MHz @ Vt=0 Volt)
and upper (f=3850 MHz @ Vt=0 Volt) frequencies. Notice that the variation in phase noise is
within 1-3dB over operating frequency ranges, and shows state-of-the-art VCOs for a given
class of the signal sources.
The measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -177.27 for a given powerfrequency tuning normalized (PFTN: defined in Ch-1, Eq 1.2) 1.027 dB. The novel oscillator
circuit shown in Figure 6-20a is stable over operating temperature -40 0C to +85 0C, providing
sufficient margin for compensating the frequency drift caused due to the change in operating
temperature, including the package parasitics and component tolerances.
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Using dynamically tuned resonator network incorporated with the tracking filter at output
can use the same circuit for other user defined frequency band. Furthermore, to compensate
process and temperature variations, a VCO coarse-tuning (with high gain) would make the
circuit more sensitive to coupling from nearby circuits and power supply noise.

Figure 6-20a: Schematic diagram of hybrid-tuned ultra low noise wideband (1600-3600MHz) (SWRO) with 240 mW
(Vcc=10V, Ic=40mA), tuning characteristics: f=1350 MHz @ Vt=0 Volt f=3850 MHz @ Vt=0 Volt [65]
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FOM=-77.27 dBc/Hz
PFTN=1.027 dB
PN@ 1MHz=-135 dBc/Hz

Figure 6-20b: Measured phase noise plot of the oscillator circuits shown in Figure 6-20a, measured figure of merit
(FOM: defined in Ch-1, Eq 1.1) is -177.27 dBc/Hz for a given power-frequency tuning normalized (PFTN: defined in
Ch-1, Eq 1.2) 1.027 dB.

f0=2.6 GHz
% Tuning > 76%
PFTN=1.027 dB

Figure 6-20c: Measured tuning characteristics of the oscillator circuits shown in Figure 6-20a, f=1350 MHz @ Vt=0
Volt and f=3850 MHz @ Vt=24 Volt
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To overcome this problem, fine-tuning network is incorporated at proper node of the
oscillator circuit, which needs less gain to cover temperature and supply variations that
minimizes the noise interference. The circuit operates at 12 Volt and 25 mA, and gives power
output more than 4 dBm (Figure 6-20d) over the tuning range (1600 MHz -3600 MHz).

Figure 6-20d: Measured plot of output power of the oscillator circuits shown in Figure 6-20a, The measured RF
output power is better than +4 dBm with more than 75 % tuning rages (1600-3600 MHz)) with sufficient margin at
both lower (f=1350 MHz @ Vt=0 Volt) and upper (f=3850 MHz @ Vt=0 Volt).

6.4.1.3
Power-Efficient Wideband SWRO Circuit (2000-3000 MHz)
The reported oscillator circuit shown in Figure 6-21 offers the power-efficient (current
effective topology), realized by incorporating two, three terminal active devices (bipolar
transistors) in cascode configuration so that both the devices share the same bias current. The
circuit operates at 10V and 15 mA of current, and gives power output better than -3dBm.
As shown in Figure 6-21, the voltage controlled oscillator, comprising a cascode configuration
of the 3-terminal active device is arranged in a common collector and emitter configuration for
generating negative resistance under current efficient operation for wideband (2000-3000MHz)
signal source applications.
The applications where the phase noise performance at lower offset from the carrier is
critical, the reported novel circuit supports ultra low noise performance over the tuning range.
Figure 6-21c shows the CAD simulated phase noise plot, typically better than -156 dBc/Hz at 1
MHz offset for 2000-3000 MHz tuning range.
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(a) A typical schematic of the cascode (SWRO) circuit (2000-3000 MHz) with 150 mW (Vcc=5V, Ic=30mA) [65]

(b) Layout of the cascode (SWRO) circuit (0.75x0.75x0.18 inches [US Patent No. 7,365,612 B2]
Figure 6-21: A typical power-efficient wideband (SWRO) circuit (a) Schematic of the cascode configuration, and
(b) Layout of oscillator circuit (32 mills substrate, Dielectric constant 3.38) [65]
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FOM=-202.19 dBc/Hz
PFTN=20.26 dB
PN@ 1MHz=-156 dBc/Hz
f0=2.5 GHz
Tuning (2000-3000 MHz)
% Tuning = 40%
PN@ 1MHz=-156 dBc/Hz
f0=2.5 GHz

Figure 6-21c: Measured phase noise plot of ultra low noise power efficient wideband (2-3 GHz) (SWRO), measured
figure of merit (FOM: defined in Ch-1, Eq 1.1) is -202.19 dBc/Hz for a given power-frequency tuning normalized
(PFTN: defined in Ch-1, Eq 1.2) 20.26 dB, with power consumption of 150mW (Vcc=10V, Ic=15mA), o/p power is
0dBm.

The proposed oscillator topology (Figure 6-21a) improves the phase noise and thermal drift
and also extends the operating frequency of the microstripline based resonator to higher
frequency band depending upon the coupling network. The freedom of selection of the
frequency, ultra low phase noise, wide tuning range, and stability over temperature will make
this technology promising and attractive for next generation integrated high frequency mobile
communication system. The novel oscillator circuits shown in Figure 6-21a is stable over
operating temperature -40 0C to +85 0C, providing sufficient margin for compensating the
frequency drift caused due to the change in operating temperature, including the package
parasitic and component tolerances.
6.4.1.4
User-Defined Ultra Low phase Noise Oscillator Circuit [U.S. Patent No. 7,586,381]
The applications where the phase noise performance is most demanding parameter,
proposed oscillator topology shown in Figure 6-22 offers user-defined and cost-effective
alternative of expensive SAW (surface acoustic wave) and ceramic resonator based oscillators.
Ceramic and SAW resonator based oscillators are used as ultra low phase noise oscillators but
these high Q resonators are expensive and its availability and performances are limited to the
selected frequency and narrow operating temperature range, and these facts make them not
suitable for operating in stringent temperature environment and low cost application [7]-[37] .
In addition, ceramic resonators are more susceptible to noise interference, and sensitive to
phase-hit in PLL applications [30]-[36].
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Microstripline resonators are not without flaws, and are susceptible to noise interference,
and they exhibit lower quality factor as compared to ceramic resonators. Quality factor of the
resonator is the key factor for low phase noise performance but overall oscillator performance
is controlled by the time average loaded Q of the oscillator circuit.

Stubs (S1, S2 S3, S4, S5, S6 S7, S8)
set the resonance frequency:
622 MHz, 2488 MHz, 4299 MHz
Figure 6-22a illustrates a layout of the oscillator with planar multi-coupled stripline resonator constructed in
accordance with the alternative of expensive non-planar SAW and Ceramic resonator based oscillator circuits, with
100 mW (Vcc=5V, Ic=20mA), RF output power is +5 dBm [U.S. Patent No. 7,586,381] [68]
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For the most part, these disadvantages have been overcome by means of novel configuration
of the compact coupled planar resonator (CCPR) and act like slow wave propagation for
improving group delay, thereby improved time average quality factor. The effective Q of the
coupled resonator network improves by optimizing the rate of change of the phase over the
tuning range by dynamically tuning the coupling parameter.
Figure 6-22b illustrates a layout of the user-defined high spectral purity oscillator with multicoupled line buried slow wave resonator (SWR) constructed that configures suitable
independent transfer function of the resonator by incorporating dynamically tuned junction
capacitances (Cbe, Cce, Cce of Q1), drive level, noise-filtering network across emitter and planarcoupled resonator [68]. They have been fabricated on low-loss 30-mil-thick dielectric material
with dielectric constant of 3.38, and tested from 1 to 18 GHz for user-defined frequency
sources for reconfigurable synthesizer applications.

Figure 6-22b: shows a layout of the user defined high spectral purity oscillator with multi-coupled line buried slow
wave resonator (SWR) VCO circuit (64 mills substrate, Dielectric constant 3.38) 0.75x0.75x0.18 inches, stubs (S1, S2
S3, S4, S5, S6 S7, S8) sets the desire frequency ( 622 MHz, 2488 MHz, 4200 MHz) [U.S. Patent No. 7,586,381] [68].
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Shown in Figure 6-22b, are printed multi-coupled resonators, positioned parallel to each other,
in such a way that adjacent resonators are coupled along the guided length for the given
frequencies. The layout shown in 6-22b is 6-layer board, fabricated on 64mil thick ROGERsubstrate of dielectric constant 3.38 and loss tangent 2.7x10 4. The choice of substrate depends
on size, higher-order modes, surface wave effects, implementation (couplings, line length,
width, spacing, and spacing tolerances), dielectric loss, temperature stability, and power
handling (dielectric strength and thermal conductivity). Figure 6-22c depicts the measured
phase noise plot of the oscillator circuit shown in the Figure 6-22a for the typical frequency 622
MHz, 1000 MHz, and 2488 MHz; realized by arrangement of stubs-tuning (S1, S2 S3, S4, S5, S6 S7,
S8) as shown in the layout in Figure 6-22b.

Figure 6-22c: Depicts the measured phase noise plot of the compact coupled planar resonator (CCPR) oscillator
circuit shown in the Figure 6-22a for the typical frequency 622 MHz, 2488MHz, and 4200 MHz realized by
arrangement of stubs-tuning (S1, S2 S3, S4, S5, S6 S7, S8) as shown in the layout in Figure 6-22b, measured figure of
merit (FOM: defined in Ch-1, Eq 1.1) is -205.876 dBc/Hz for fo=622 MHz, -202.9 dBc/Hz for fo=2488 MHz, -205.46
dBc/Hz for fo=4200 MHz ; with power consumption of 100mW (Vcc=5V, Ic=20mA), RF o/p power is 3.3 dBm
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As shown in Figure 6-22c, the typical phase noise @ 10 kHz offset from the carrier, typical
values: –138dBc/Hz (carrier frequency: 622MHz), –128 dBc/Hz (carrier frequency: 2488MHz),
and –118dBc/Hz (carrier frequency: 4200 MHz); and is not limited to these frequencies. The
circuit works at 5V, 20mA, and typical output power is 5 dBm, and second harmonic rejection is
better than –20 dBc. The measured figure of merit measured figure of merit (FOM: defined in
Ch-1, Eq 1.1) is -205.876 dBc/Hz for fo=622 MHz with o/p power of +5dBm, -202.9 dBc/Hz for
fo=2488 MHz with output power of +4.2 dBm, -205.46 dBc/Hz for fo=4200 MHz with output
power of + 3.3 dBm. The total power consumption of the oscillator circuit shown in Figure 633a is 100mW (Vcc=5V, Ic=20mA) with stable RF output power better than 3.3 dBm over
operating temperature -40 degree C to +85 degree C.
6.4.1.5
Multi-Octave Band SWRO Circuit (U.S. Patent No. 7,605,670) [69]
Modern communication systems are multi-band and multi-mode, therefore requiring an ultra
wideband low noise signal source that may allow accessing simultaneously DCS1800, PCS 1900,
and WCDMA networks by a single ultra low noise wideband VCO. An ultra low noise, low cost
and power efficient VCO is reported that can be tuned over a fairly wide range of frequencies
while maintaining the low phase noise over the band.
As a multi-coupled slow-wave (MCSWR) VCO is planar and broadband in nature, it is suited
for cost-effective, monolithic-microwave-integrated-circuit (MMIC) fabrication [76]-[83]. With
the potential to enable wide operational bandwidths, eliminate discrete resonator (such as a
YIG sphere), and produce high-quality-factor planar resonator for low noise VCOs by means of
planar fabrication process compatible with existing IC and MMIC processes, the MCSW VCO is a
promising technology for present and future broadband communication requirements. The
MCSW, for example, is well suited for use in microwave communication systems, test
equipment, radar, local multi-point-distribution systems (LMDS), and multi-channel multi-point
distribution systems (MMDS).
The multi-coupled distributed resonator design approach demonstrated in this work can
satisfy the need for the present demand for wideband VCO, and amenable for integration in
chip form. To support a uniform negative resistance over the tuning range, the varactor tuned
coupled resonator shown in the Figure 6-23a is connected across the base and collector of the
active device, and the loss resistance is compensated by the negative resistance, which
dynamically adjusts in response to the change in oscillator frequency over the band by
dynamically tuning the phase shift of the negative resistance-generating network to meet the
phase shift criteria for the resonance over the operating frequency band of interest. The
variable coupling capacitor Cc as shown in Figure 6-23a is designed for the optimum loading of
the coupled resonator network across the active device, and dynamically tuned for optimum
performance.
The time average Q factor of the resonator has been improved by dynamically optimizing the
coupling factor  of the multi-coupled distributed resonator over the desired tuning range.
Shown in the Figure 6-23a, is the coupled resonator connected across the base and collector of
the three-terminal active device through coupling capacitor, which is electronically tuned by
applying the tuning voltage to the tuning network integrated with the coupled resonator. The
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values of the coupling capacitor Cc are derived from the input stability circle, and it should be
within the input stability circle so that the circuit will oscillate at a particular frequency for the
given lowest possible value of the Cc over the band. Figure 6-23b depicts the layout of the
Figure 6-23a, points to a planar topology and amenable for integrated circuit solution [69]. The
drawback of this topology is mode-jumping; causing drop of oscillation in the desired frequency
band, which can be suppressed by incorporating phase-compensating network in conjunction
with progressive wave coupled resonator network [75].

Noise feedback
DC-Bias
Vsupply

Collector

3-Terminal Bipolar
(Active-device)
Emitter
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RF-Energy
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Figure 6-23a: A typical block diagram of the wideband VCO [69]
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Figure 6-23b: Shows the layout of the oscillator circuit shown in Figure 6-23a, layout is made on 32 mil substrate
with Dielectric constant 3.38 in 0.75x0.75x0.18 inches size [U.S. Patent No. 7,586,381] [69]

Figure 6-24a shows a typical block diagram of multi-octave band oscillator circuit using a
combination of printed multi-mode, progressive wave, slow-wave coupled resonator for ultra
low phase noise and multi-octave band operation [69]. This arrangement can be characterized
as a Q-multiplier effect based on evanescent-mode progressive delay that eventually improves
the time average loaded Q of the planar resonator over its multi-octave operation.
239

Noise feedback
DC-Bias
Vsupply

Base

3-Terminal BJT/FET
(Active-devices)

Distributed
Coupled-Medium

Collector

Slow-Wave
Coupled-Resonator

RFout

Progressive-Wave
Coupled-Resonator

Noise Filtering
Network
Noise Cancellation
Network

Phase Compensating
Network
Figure 6-24a: Illustratively depicts a functional block diagram of an oscillator using multi-mode, progressive wave,
slow-wave coupled resonator for ultra low phase noise and multi-octave band operation with DC bias of 5V and
40mA.

As shown in Figure 6-24a, the oscillator includes a 3-terminal active device (bipolar transistor
NEC 68830), noise filtering network, and a noise cancellation network connected in parallel
between the base and collector terminals.
Figure 6-25 shows the transistor (NE 68830) with the package parameters for the
optimization of the wideband tuning characteristics. Table 6.2 shows the transistor spice and
package parameters of NE68830 from manufacturer (NEC) data sheets.
A noise feedback and DC bias supply (shown in Figure 6-24a) comprises an active feedback
network that compensates for change in the DC bias power supply voltage owing to change in
the operating temperature of the oscillator or its environment [64]. The active impedance
created by the three-terminal device (e.g., a Bipolar or FET transistor) in a MCSWR (multi
coupled slow-wave resonator) oscillator circuit exhibits a negative real part with a real
magnitude and an imaginary part with an imaginary magnitude. The real magnitude is a
function of the imaginary magnitude. The imaginary magnitude is selected such that the real
magnitude compensates for the loss of the MCSWR network. The selection of the imaginary
magnitude should also coincide with the maximum-slope inflection point of the oscillator’s
phase characteristics curve, in order to optimize group delay performance.
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Figure 6-24b shows the printed circuit board (PCB) layout diagrams of a VCO constructed in
accordance with the description shown in block diagram (Figure 6-24a) with an aspect of multioctave tuning characteristics in which the resonator comprised of multi-mode coupled
resonator, progressive wave coupled resonator, and slow-wave coupled resonator network,
including the mode-coupling and self-injection locking. Each of these resonators is planar in the
form and electromagnetically coupled to each other. As explained above the electromagneticcoupling between these resonators provide for the wideband tunability and other performance
benefits associated with these oscillators. As is also shown, the slow-wave coupled resonator
comprises a planar structure having projections that mate with openings (meander lines that
support slow wave dynamics).
The unified resonator structure comprised of slow wave and progressive wave resonator
network depicted in Figure 6-24b form in combination a single high Q-factor resonator
network. The combination of slow-rave resonator and progressive wave resonator enables the
advantage of the wideband tunability. The limitation of spurious frequencies of the multi-mode
resonator are shifted from the integer multiples of the fundamental resonant frequency,
enabling multi-octave band tuning, which otherwise is not possible by using independently
either the multi-mode resonator, slow-wave resonator or progressive-wave resonator [76]-[91].

Figure 6-24b: shows the printed layout diagram of an oscillator as per block diagram shown in Figure 6-24a, points
to a MMIC technology, layout is made on 32 mils substrate with Dielectric constant 3.38 in 0.75x0.75x0.18 inches.
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Table 6.2: Spice parameters (Gummel-Poon Model, Berkley-Spice) [67, pp. 134]
Spice Parameters
Values
Spice Parameters Value
Packages
NE 68830
IS
3.8E-16
MJC
0.48
CCB
0.24E-12
BF
135.7
XCJC
0.56
CCE
0.27E-12
NF
1
CJS
0
LB
0.5E-9
VAF
28
VJS
0.75
LE
0.86E-9
IKF
0.6
MJS
0
CCBPKG
0.08E-12
NE
1.49
TF
11E-12
CCEPKG
0.04E-12
BR
12.3
XTF
0.36
CBEPKG
0.04E-12
NR
1.1
VTF
0.65
LBX
0.2E-9
VAR
3.5
ITF
0.61
LCX
0.1E-9
IKR
0.06
PTF
50
LEX
0.2E-9
ISC
3.5E-16
TR
32E-12
NC
1.62
EG
1.11
RE
0.4
XTB
0
RC
4.2
KF
0
CJE
0.79E-12
AF
1
CJC
0.549E-12
VJE
0.71
XTI
3
RB
6.14
RBM
3.5
RC
4.2
IRB
0.001
CJE
0.79E-12
CJC
0.549E-12
MJE
0.38
VJC
0.65

CCBPKG
CCB

LCX
Collector

LBX
Base

LB

T

CCE

CBEPKG
CCEPKG

T: NEC 68830

LE
LEX

Emitter
Figure 6-25: shows the transistor NE68830 with package parasitic [67, pp. 133]
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The mode-coupling approach also includes a methodology for optimum dynamic coupling;
Optimum coupling enhances the dynamic loaded Q, reduces or eliminates phase hits,
diminishes susceptibility to microphonics (to an extremely low level), and minimizes phase
noise while achieving a broadband linear tuning range.
Figure 6-26a shows the measured phase noise plots of the novel oscillator circuit (Figure 624b), the measured phase noise performance is typically better than -129dBc/Hz @ 100 kHz
offset from the carrier frequency over the band (600-2100 MHz). The measured figure of merit
(FOM: defined in Ch-1, Eq 1.1) is -187.5 dBc/Hz for a given power-frequency tuning normalized
(PFTN: defined in Ch-1, Eq 1.2) 16.02 dB, with power consumption of 200mW (Vcc=5V, Ic=40
mA), output power is +3.0 dBm.

FOM=-187.5 dBc/Hz
PFTN=16.02 dB
Tuning (600-2100 MHz)
Tuning > 115 %
PN@ 1MHz=-148 dBc/Hz
f0=1341.5 MHz

Figure 6-26a shows the measured phase noise plots of this oscillator, the measured phase noise performance is
typically better than -129dBc/Hz @ 100 kHz offset from the carrier frequency over the band (600-2100 MHz),
measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -187.5 dBc/Hz for a given power-frequency tuning
normalized (PFTN: defined in Ch-1, Eq 1.2) 16.02 dB, with power consumption of 200mW (Vcc=5V, Ic=40 mA), O/P
power is +3.0 dBm.
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As illustrated in Figure 6-26a, the variation in phase noise over the operating frequency band
is typically 10-15dB, this variation is not acceptable in the high performance synthesized signal
sources. To overcome the variation in phase noise performance over the desired operating
band, novel technique is to incorporate dynamic phase-synchronization mechanism for the
suppression of multi-mode dynamics but penalty is external reference source and also require
large real estate area.
The innovative approach is to incorporate multi-mode phase injection locking (Fig. 6-24b),
(where signal P1 acts like a reference input signal to RF signal P2) that is coupled through a
distributed medium for broadband tuning and minimum noise performance. This approach
supports multi-octave tuning in a small package, and is comparable with integrated circuit
fabrication processing. In addition, the topology allows for a substantial reduction in phase
noise by dynamically optimizing the impedance transfer function and coupling factor across a
guided distributed medium of the planar multi-coupled network.
As illustrated in Figure 6-24a, a phase compensating network is capacitive coupled between
the base terminal and the slow-wave, and progressive-wave coupled resonator for uniform
phase noise performance. The slow-wave and progressive coupled resonator network as shown
in Figure 6-24a is coupled through hybrid resonance mode causing convergence effect,
connected through the phase compensating network which is capacitively coupled between
the base terminal and the slow-wave and progressive-wave coupled resonators, optimizes
group delay dynamically for uniform and minimum phase-noise performance over the band. As
the RF output signal is coupled through a distributed coupled medium, which is coupled across
the slow-wave and progressive wave resonator networks, uniform output power and improved
higher-order harmonic rejection throughout the operating frequency band can be achieved.
Figure 6-26b shows the measured phase noise plots of this oscillator, the measured phase
noise performance is typically -157dBc/Hz at 1 MHz offset from the carrier frequency for multioctave-band tuning range (500-2500 MHz), the operating DC bias is 5V and 40mA. The typical
variation in phase noise over the operating frequency band is typically lower than 3dB with
output power varying between 3 dBm to 5.2dBm, which is acceptable limit in the high
performance synthesized signal source applications.
The measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -197.5 dBc/Hz for a given
power-frequency tuning normalized (PFTN: defined in Ch-1, Eq 1.2) 26.02 dB, with power
consumption of 200mW (Vcc=5V, Ic =40 mA), output power is +3.2 dBm.
The measured RF output power is better than 3dBm with more than 136 % tuning ranges (500
MHz-2500 MHz) with sufficient margin at both lower (f=450 MHz @ Vt=0.2 Volt) and upper
(f=2600 MHz @ Vt=26 Volt). The novel oscillator circuit is stable over operating temperatures of
-40 0C to +85 0C, and provides sufficient margin for compensating the frequency drift caused
due to the change in operating temperature, including the package parasitics and component
tolerances.
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FOM=-197.5 dBc/Hz
PFTN=26.02 dB
Tuning (500-2500 MHz)
Tuning > 136 %
PN@ 1MHz=-157 dBc/Hz
f0=1500.5 MHz

Figure 6-26b shows the measured phase noise plots of this oscillator, the measured phase noise performance is
typically better than -136dBc/Hz @ 100 kHz offset from the carrier frequency over the band (500-2500 MHz),
measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -197.5 dBc/Hz for a given power-frequency tuning
normalized (PFTN: defined in Ch-1, Eq 1.2) 26.02 dB, with power consumption of 200mW (Vcc=5V, Ic=40 mA), O/P
power is +3.2 dBm.

6.4.1.6

High Frequency Push-Push VCO Topology (US Patent No.7, 292,113)

As the frequency band for the wireless communication shifts higher, generation of the power
efficient ultra low noise wideband and thermally stable compact signal sources with low cost
becomes more and more challenging due to the frequency limitations of the active devices. A
high frequency signal can be generated based either on an oscillator operating at a
fundamental frequency or on a harmonic oscillator. A typical oscillator operating at the
fundamental frequency suffers from a low Q factor, insufficient device gain and higher phase
noise at a high frequency of operation. There are two main configurations of the harmonic
oscillators: cascade structure, which supports second-harmonic oscillator based on frequencydoubler approach and parallel structure, which supports Nth harmonic oscillator (N-push/pushpush oscillator topology as an Nth harmonic oscillator) based on coupled-oscillator approach.
The frequency doubler and other means of up conversion can be a practical and quick solution
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to generate high frequency signal from the oscillators operating at lower frequency but it
introduces distortions and have poor phase noise performances. This limitation has created
interest in microwave community to develop alternative high frequency low cost sources. The
push-push topology has several advantages over single-ended versions other than
improvement in phase noise. The usable frequency range of the transistors can be extended,
and this can be exploited, for instance, using transistors that are larger than usual and have
lower 1/f noise due to reduced current density. The coupled oscillators N-Push topology
improves the phase noise and extends the operating frequency beyond the limitation caused by
the cut-off frequency of available active devices, Appendix-A [74]. The novel state-of-the-art
topology is based on following:


Provides constant negative resistance over octave-band



Novel tuning arrangement for wideband tunability without degrading the loaded- Q of the
tuning network over the octave-band.



Novel coupled-resonator structure, which will support resonance over multi-octave-band



Optimum size (Icmax/Idss) of the bipolar or FET for low phase noise



Coupled-oscillator/N-Push approach for improvement in phase noise



Dynamically tuned phase coupling network

Figure 6-27(a) shows the block diagram illustrating principle modules of the ultra low noise
octave-band VCO in the frequency range of 1000-2000MHz/2000-4000MHz. As shown in Figure
6-27a, all the modules are self-explanatory, the oscillator circuit is realized by using dynamically
tuned coupled-resonator network, dynamically tuned phase-coupling network and dynamically
tuned combiner network for octave-band push-push operation. In push-push topology, two
sub-circuits of a symmetrical topology operate in opposite phase at the fundamental frequency,
and the output of the two signals are combined through the dynamically-tuned combiner
network so that the fundamental cancels out, while the first harmonics interfere constructively,
and are available over the tuning range.
The state-of-the-art topology overcomes the limitations of the fixed frequency operation of
the push-push oscillator/N-push oscillator by designing a novel tuning and phase controlling
network over the desired frequency band (octave-band) [76]-[83]. Figure 6-27b and Figure 627c show the schematic and layout of oscillator circuit configured in push-push topology with
broadband tuning characteristics (1000-2000MHz/2000-4000MHz). The various modules
depicted in the Figure 6-27a are implemented in a way that allows miniaturization, and is
amenable for integrated chip design. The structure and application is covered in US Patent
No.7, 292,113 and 7,088189. As shown in Figure 6-27a, each sub-circuit is designed at one-half
of the desired output frequency (f0), and thereby the second harmonic (2f0) is constructively
combined with the help of the dynamically tuned combiner network. Thus, separation of the
two harmonics is accomplished using symmetry, which avoids space-consuming filter elements.
The wideband tunability is achieved by incorporating a dynamically tuned phase coupling
network so that the 180o phase difference, (mutually locked condition) is maintained over the
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tuning range for push-push operation [74]. As shown in the Figure 6-27b, dynamically tuned
coupled resonator is connected with the emitter of the transistor (NE68830) to provide a
uniform loaded Q over the tuning range. The layout shown in the Figure 6-27c is fabricated on
32 mil thickness Rogers substrate of dielectric constant 3.38 and loss tangent 2.710-4,
1.75x1.75x0.18 inches size of the printed circuit board (PCB).

Figure 6-27a: Shows the block diagram illustrating principle modules of the ultra low noise octave-band VCO in the
frequency range of 1000-2000MHz/2000-4000MHz (US Patent No.7, 292,113) [60, 74]

247

Experimental results have shown that a poor mismatch at the fundamental, results in
discontinuous tuning due to the non-uniform phase shift over the tuning range. This mismatch
in phase-shift between the two sub-circuits is due to possible component tolerances, package
parameters, and the phase associated with the path difference over the tuning range.
Therefore, oscillator goes out of the locking range. Figure 6-27d shows the compact layout of
Figure 6-27c for the minimization of the phase-shift between the two sub-circuits as shown in
Figure 6-27a.

Figure 6-27b: Depicts the schematic diagram of oscillator circuit comprises of printed coupled-resonator network,
phase-coupling network and combiner network for octave-band Push-Push operation in accordance with the block
diagram shown in Figure 6-27a [60]
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The attempt to reduce the size of the PCB is done by combining the resonator of sub-circuit #
1 and sub-circuit #2 as in dual horseshoe configuration as shown in Figure 6-27d. This allows 3times reduction in real state area as compared to the layout shown in Figure 6-27d. An
innovative dynamic tuning network integrated with coupled horseshoe microstrip resonator is
incorporated to get more than octave band tunability keeping phase noise uniform throughout
the band. Figure 6-27d shows the compact layout of integrated structure of the dynamically
tuned coupled resonator of both the sub-circuits shown in Figure 6-27c, layout is built using
multilayer with 64 mills substrate height and 3.38 dielectric constant of 0.75x0.75x0.18 inches
size of the printed circuit board (PCB).

Figure 6-27c: Shows the layout of the schematic of Push-Push oscillator circuit shown in Figure 6-27b (multilayer
32 mills substrate, Dielectric constant 3.38) 1.75x1.75x0.18 inches ROGERS PCB (US Copyright Registration No:
Vau-603-982) [60, 74].
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Figure 6-27d : Shows the compact layout of integrated structure (coupled horse-shoe microstrip resonator)of the
dynamically tuned coupled resonator of both the sub-circuits shown in Figure 6-27c, layout is built using multilayer
with 64 mills substrate and 3.38 dielectric constant of 0.75x0.75x0.18 inches US Copyright Registration No: Vau603-982) [60, 74].

Figures 6-27e and 6-27f show the CAD simulated plots of oscillator output signal of sub-circuit
#1 and sub-circuit #2 in time domain, and the phase noise plot of push-push oscillator (20004000MHz). As shown in Figure 6-27f, the simulated phase noise plot (CAD tool: Serenade 8.71)
is typically better than -109dBc/Hz @ 100 kHz offset from the carrier frequency over the band
(2000-4000 MHz). Referring to Figure 6-27e, RF-collector current of both the sub-circuits is out
of phase for the fundamental (undesired frequency of the operation: 1000-2000MHz). Further
increase in operating frequency and tuning range is limited by the phase shift and mode locking
between two sub-circuits (sub-circuit # 1 and sub-circuit # 2) as shown in Figures 6-27a and 627b. The prototype is built by careful selection of active devices but very difficult to tune to RF
oscillator output of sub-circuit #1 and sub-circuit #2 in 180o out of phase across the full band
(1000-2000MHz/2000-4000MHz) using discrete components.
By optimizing the tuning network, up to 25 % increase in tuning range is obtained but at the
cost of increase in level sub-harmonics (due to poor matching), mode-jumping, and degradation
in phase noise, which is obvious due to increase in tuning sensitivity [83]. Figure 6-27g shows
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the CAD simulated phase noise plots of 3000-6000MHz push-push oscillator circuit. The
variation in phase noise performance across the band is typically 10dB.

Figure 6-27e: Shows the RF-collector currents Y1(mA) of sub-circuit #1 and sub-circuit #2 (Figure 6-27b), the output
currents are 180 degree out of phase, the fundamental frequency:1000-2000MHz, push-push operation: 20004000MHz

Figure 6-27f: Shows the phase noise plot for octave-band frequency range (2000-4000MHz), configured in pushpush topology as shown in Figure 6-27d.
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Figure 6-27g: Shows the phase noise plot for 3000-4000MHz, configured in push-push topology as shown in Figure
6-27d.

The layout shown in Figure 6-27d minimizes the phase-shift due to the path difference
between the two sub-circuits over the tuning range, but still shows discontinuous tuning at
some point over the band due to the package parasitics and component tolerances associated
with the discrete components of the circuit. Incorporating a phase detector to overcome the
problem of discontinuous tuning allows multi-octave band tuning and improved phase noise
performances. The objective is to identify the effects, which limits the wideband tuning range
and development of unique topology, which can minimize the phase shift and support the
broadband tunability without degrading the phase noise performance. With regard to the state
of the art push-push/N-push oscillator, the phase-synchronization techniques using phase
detector (PD) provides the general implementation of the wideband dynamically tunable
coupled oscillator for the extended frequency range of operation.
6.4.1.7 Multi-Octave Band Push-Push VCO Topology (US Patent No.7, 292,113) [63]
The free running frequencies of the two oscillators in the coupled oscillator system shown in
Figures 6-27a-6-27d are not identical because of tolerances in their respective circuit
component values. However, a phenomenon known as injection locking takes place , which
ensures that the frequencies of the two oscillators are locked to each other. The maximum
frequency range over which injection lock can occur is inversely proportional to the external Q
of the oscillators. Therefore, in the case of oscillators having low values of external Q, injection
locking occurs even with a large discrepancy in their free running frequencies. The circuit
principle usually requires a large-signal analysis to verify the odd-mode operation of the subcircuits and the bias network has to be properly designed with respect to two critical
frequencies.
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Figure 6-28a shows the typical block diagram illustrating principle modules of the ultra low
noise multi-octave-band push-push VCO in the frequency range of 1-5 GHz/5-10 GHz. Figure 628b shows the typical schematic diagram in accordance to the block diagram shown in Figure 628a. It shows a dynamically tuned coupled-resonator network, dynamically tuned phasecoupling network, dynamically tuned combiner network and dynamically tuned phase detector
network for wideband push-push operation, amenable to commercially available MMIC
technologies.

Figure 6-28a: Shows the typical block diagram of multi-octave-band push-push VCO in the frequency range of 1-5
GHz/5-10 GHz (it shows a dynamically tuned coupled-resonator network, dynamically tuned phase-coupling
network, dynamic tuned combiner network and dynamically tuned phase detector network), amenable to MMIC
technologies [63]
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As shown in Figure 6-28a and 6-28b, by incorporating a phase detector network integrated
with the tuning diode for compensating the phase error, extended operating frequency range is
1-5GHz/5-10 GHz operation. As shown in Figure 6-28a, the divider may comprise MC10EL32,
made by ON Semiconductor, Inc., and the amplifier and balanced mixers may, respectively,
comprise OPAMP TL071 from Texas Instruments and mixers available from Synergy Microwave.
The phase detector network dynamically compensates for phase errors between each oscillator
during wideband operation. The phase detector network detects random fluctuations in the
free-running frequency and translates those fluctuations into phase errors.

Figure 6-28b: shows the schematic (of the multi-octave push-push VCO (1-5GHz/5-10GHz), DC Bias: 5V, 60mA [63].
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Figure 6-28c: Shows the CAD simulated phase noise plot of multi-octave-band VCO (1-5GHz/5-10GHz), configured
in push-push topology as shown in Figure 6-28b.

PN@ 1MHz=-145 dBc/Hz
f= 1800 MHz

Figure 6-28d: Shows the measured phase noise plot of multi-octave-band VCO (1-5GHz/5-10GHz), configured in
push-push topology as shown in Figure 6-28b, with power consumption of 300mW (Vcc=5V, Ic=60 mA), O/P power
is -3.0 dBm.
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The phase errors are then fed back to the combiner network and used to control the phase
and frequency of the buffered signal during tuning operation. The phase errors are also fed
back to the dynamically tuned coupled resonator networks and used to tune the oscillating
frequencies of each of the three terminal devices. Figures 6-28c, 6-28d, 6-28e show the CAD
simulated and measured phase noise plots of multi-octave-band VCO (1-5GHz/5-10GHz),
configured in push-push topology as shown in Figure 6-28a and Figure 6-28b. As shown in
Figures 6-28c, 6-28d, 6-28e, the simulated and measured phase noise agree within 3-5 dB for 15 GHz operation in push-push configuration, however measured phase noise for 5-10 GHz is 5-8
dB inferior as compared to simulated data. This could be due to component tolerances and
phase dispersion across the higher band (5-10 GHz).

FOM= -171.2 dBc/Hz
PFTN= -7.41 dB
Tuning: (5.6-10.24 GHz)
Tuning > 58 %

PN@ 1MHz=-128 dBc/Hz
f=5.6 GHz

Figure 6-28e: Shows the measured phase noise plot of multi-octave-band VCO (1-5GHz/5-10GHz), configured in
push-push topology as shown in Figure 6-28b, measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -171.2
dBc/Hz for a given power-frequency tuning normalized (PFTN: defined in Ch-1, Eq 1.2) -7.41dB, with power
consumption of 300mW (Vcc=5V, Ic=60 mA), O/P power is -3.0 dBm

6.4.1.8 Substrate Integrated Waveguide (SIW) Resonator Based Oscillators
For portable communication systems, oscillator’s DC-RF conversion efficiency and phase noise
play important role. Toward this end, substrate integrated waveguide (SIW) based resonator
have drawn attention in microwave communities due to the low radiation losses, high quality
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factor, and capability of making waveguide-like structures using planar printed circuit board
(PCB) technology [98]. Recent publications on tunable or switchable SIW resonators [[99]-[101]
offer tuning or switching mechanism by connecting a varactor/PIN diodes to a floating metal on
top of the SIW cavity with jump wires, causing unwanted radiation loss due to the closed-loop
slots surrounding the floating metal, and therefore reduces quality (Q) factor . In addition, the
jump wires used for DC bias will increase fabrication complexity and may introduce some extra
parasitics as well. To overcome these problems, a new type of tunable resonator reported here
is based on complementary coupled resonators (CCRs) using SIW technologies [102]-[103]. The
proposed complementary coupled resonator is essentially a complementary version of a
conventional microstrip coupled line resonator [67, pp. 358]. Incorporated with SIW, the
complementary coupled resonators can be excited at its differential mode. In this case, the
equivalent magnetic currents on the slots flow in the opposite direction; therefore, radiation
loss is minimized and the quality factor of SIW Q resonator improves. To illustrate, Figure 6-29
shows the geometry of a conventional microstrip coupled line resonator and the proposed
complementary structure at about 5 GHz. The conventional coupled line resonator shown in
Figure 6-29(a) is excited at its differential mode and its electric (E) field is plotted in Figure 629(b).

Figure 6-29: A typical geometry of coupled planar resonator: (a) A microstrip coupled line resonator, (b) its
electric field distribution and electric current flow under differential excitation, (c) a complementary coupled
resonator and (d) its magnetic field distribution and equivalent magnetic current flow under the fundamental
mode of SIW cavity [102].
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Using the principle of duality, the coupling mechanism for the proposed complementary
coupled resonator is through magnetic (H) field as shown in Figure 6-29d) and has a similar
distribution as E field in the conventional one. Unlike the conventional coupled resonator
where the differential mode needs to be excited by a pair of inputs with opposite polarity, the
proposed complementary coupled resonator is excited itself at differential mode due to the
nature of the fundamental mode in the waveguide. As a result, the equivalent magnetic
currents on the slots of the complementary coupled resonator flow in opposite directions at
the symmetrically opposite edges on the SIW resonator, and therefore the radiation can be
minimized, which in turn generates a high Q factor of the resonator. The calculated unloaded Q
factor can be given by [Ch-5, Equation 5.25]
|

|

where
and
signify the impedance and its derivative respectively of the SIW
resonator structure at frequency of ω0.
Figure 6-30 shows the CAD simulated plots of [S11] of the 1-port CCR (complementary coupled
resonator) depicted in Figure 6-29c for the application in Colpitts oscillator configuration where
resonator is used as 1-port network. The resonant frequency for this fixed frequency resonator
is 5.34 GHz, and the calculated unloaded Q-factor using fractional 3-dB bandwidth from [S11] is
290, which agree closely with the simulated data from (6.43). For giving brief insights about the
radiation loss characteristics of this structure (Figure 6-29c), the 3-D EM simulated radiation
efficiency is 6.96% and the radiation gain is -4.64 dB, indicating a low radiation loss[103].

Port 1

Figure 6-30: CAD simulated [S11] plot of the 1-port CCR depicted in Figure 6-29c [102]
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Figure 6-31 shows the typical 2-port complementary coupled resonator for the application in
feedback oscillator configuration, using the resonator as a 2-port filtering network. Figure 6-32
shows the CAD simulated and measured plots of [S11], there is a good agreement. The
measured insertion loss is less than 1 dB at 5.1 GHz; the unloaded Q of the 2-port resonator can
be described by [Ch-5, Equation 5.25]

|

|

PORT 1

PORT 2

(a) 2-port complementary coupled resonator (CCR) fabricated using RT/Duroid 5880 substrate with a thickness of
0.508 mm and dielectric constant of 2.2 [103]

(b) Fabricated prototype of 2-port CCR
Figure 6-31: Two-port resonator structure (a) Fabricated prototype of 2-port CCR (complementary coupled
resonator) and (b) its S-parameters [103].
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As shown in Figures 6-29 and 6-31, these resonators are not tunable, tuning mechanism is
realized by incorporating tuning diodes (varactors) at the location where the E field on the slot
is maximum (shown in Figure 6-32) for achieving broadband operation. Figure 6-32 shows the
prototype of the 1-port CCTR (complementary coupled tunable resonator tunable resonator)
using varactor diodes (MA/COM MA46H120). Figure 6-33 shows the measured S11 plots as a
function of reverse bias voltages of both varactors from 0V to 20V, indicating the resonant
frequency can be tuned from 4.579 GHz to 4.984 GHz, or 8.84% of relative bandwidth. Further,
tuning range can be increased by reducing the gap between the DC bias line and SIW cavity,
adding a coupling capacitor between the bias line and the resonator, and selecting the hyperabrupt varactor diodes for broadband filtering and oscillator applications. It can be seen that
the measured unloaded Q varies from 50 to 220 (as shown in Figure 6-33 (b).

DC bias
(Vtuning)

SIW Cavity

varactor
s
varactor
s

SIW Cavity

DC bias

varactor
s

varactor
s

DC bias
(Vtuning)
(a) Schematic of varactor-tuned 1-port port CC

(b) Fabricated prototype of 1-port CCR

Figure 6-32: Tunable 1-port resonator structure (a) schematic of varactor-tuned 1-port port CCR (complementary
coupled resonator), and (b) prototype of 1-port CCR fabricated using RT/Duroid 5880 substrate with a thickness of
0.508 mm and dielectric constant of 2.2 [103]
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(a) Measured S11 plots of tunable 1-port resonator

(b) Measured unloaded Q of the proposed tunable 1-port resonator [103]
Figure 6-33: Measured data (a) measured S11 plots of tunable 1-port resonator structure shown in Figure 6-32,
and (b) measured unloaded Q of the proposed tunable resonator with various reverse bias voltages.
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Figure 6-34 shows the photo of the fabricated prototype of 1-port CCTR (complementary
coupled tunable resonator tunable resonator), where adding a coupling capacitor between the
bias line and the resonator, increases the tuning range from 8.84% (4.579 GHz to 4.984 GHz) to
66% (2.73GHz to 4.535GHz). Figure 6-35 (a) shows the tuning characteristics of the 1-port CCTR,
the resonant frequency varies from 2.73 GHz (marker m16) to 4.535 GHz (marker m15) for
change in the bias voltage from 0V to -15V. The increase in tuning range comes at price, Q factor
degrades from 10-130 as shown in 6-35 (b), this is due to the additional losses and loading from
the coupling capacitors. Multilayer capacitor with lower loss used to improve the resonator
quality factor up to some degree. However, there is a design challenge to achieve multi-octave
band tuning range without degradation of Q-factor. In this thesis, different approaches discussed
toward maximization of both Q-factor and tuning ranges for the application in high performance
signal sources. It has been shown that the resonator’s loss can be compensated using the
negative resistance provided by active devices, thereby enhancing the Q factors (see Ch-5,
section 5.5.4.1) [104]-[106].

Coupling Caps

Coupling
Caps

Coupling
Caps

Coupling Caps

(a) Prototype of 1-port CCTR with coupling capacitor

(b) Close-up view of 1-port CCTR

Figure 6-34: Photo of the fabricated prototype of 1-port CCTR (complementary coupled tunable resonator tunable
resonator) (a) Shows additional capacitor between the bias line and the resonator, and (b) close-up view [110].
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(a) measured S21 of the tunable 1-port CCTR with coupling capacitor shown in Figure 6-34

(b) Measured unloaded Q versus reverse bias voltage of 1-port CCTR with coupling capacitor shown in Figure 6-34
Figure 6-35: Measured data: (a) measured S21 of the tunable resonator shown in Figure 6-34, and (b) measured
unloaded Q versus reverse bias voltage.
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In order to optimize the Q of the CCTR shown in Figure 6-34, active device (HJ FET NE3210S01
from NEC), is embedded into the resonator network, powered by DC voltage, for compensating
the losses over the desired operating tuning band. The novelty of this design is the compact size
with improved Q factor, used for the realization of a low phase noise oscillator operating at Xband for RADAR applications. Figures 6-36 and 6-37 show the simplified schematic
representation and layout of the SIW-ACCTR (active substrate wave-guide complementary
coupled tunable resonator), fabricated using RT/Duroid 5880 substrate with a thickness of 0.508
mm and dielectric constant of 2.2 [110].

Figure 6-36: A typical schematic of active complementary coupled resonator (Cd=0.3 pF, Rg=50 ohm, Rs=127 ohm)

Ground

Vbias

Gain block
SIW-CCTR
Figure 6-37: The fabricated prototype of SIW-ACCTR (active substrate wave-guide complementary coupled tunable
resonator) fabricated using RT/Duroid 5880 substrate with a thickness of 0.508 mm and dielectric constant of 2.2.
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Table 6.1 summarizes measured unloaded Q from (6.43), showing that the highest unloaded Q
measured is 21172 when the transistor is drain biased at 1.8 V, thereby confirming that the
unloaded Q can be maximized by properly optimizing the DC bias operating condition, further
enhanced by using active devices [110].
Table 6.1 Measured unloaded Q
Vbias
0V
0.65V
1V
Unloaded Q 130.7 95.6
706.3
Vbias
1.4V
1.6V
1.8V
Unloaded Q 3390 7249 21172

1.2V
1913.1
2.0V
6938.5

Figures 6-38 and 6-39 show the layout and photo of the tunable oscillator using SIW-CCTR
(substrate wave-guide complementary coupled tunable resonator) network shown in Figure 634, fabricated using RT/Duroid 5880 substrate with a thickness of 0.508 mm and dielectric
constant of 2.2. As shown in Figure 6-38, NEC’s Hetero-Junction FET NE3210S01 is chosen to be
used for low power consumption, the transistor is drain-biased at Vd = 1.5 V, Ids = 22 mA, and
both of the varactors are reverse-biased at the same Vtune voltage. The gate of the transistor
(Hetero-Junction FET NE3210S01) is connected to SIW-CCTR (Figure 6-34) is DC grounded (Vg =
0V) through inductive load supported by SIW structure. A DC decoupling capacitor placed on the
output path prevents DC leakage.

Figures 6-38: A typical layout of the tunable oscillator using SIW-CCTR (substrate wave-guide complementary
coupled tunable resonator) network shown in Figure 6-34 [103]
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For stable oscillation, Γin should be greater than unity [102]. In order to make Γin greater than
unity, two stubs in series with inductors are shorted to ground and connected to the sources of
the transistor to increase its instability in the desired frequency band. The lengths of the stubs
⁄
are also chosen so that
to fulfill the oscillating conditions [103].
The oscillating frequency and output power after calibrating the cable loss versus the bias
voltage are plotted, as shown in Figure 6-40.

Figures 6-39: A photograph of the fabricated tunable oscillator using SIW-CCTR (substrate wave-guide
complementary coupled tunable resonator) network shown in Figure 6-34 [103]

Figure 6-40: Measured performance of the tunable oscillator shown in Figure 6-39 with different bias voltage [103]
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As shown in Figure 6-40, the oscillating frequency can be continuously tuned from 4.85 GHz
to 5.1 GHz while reverse biased from 0 V to 20 V, which provides a tuning range of 5.15%. In
addition, the output power varies from 6-8 dBm in the tuning range. The measured output
spectrum of the tunable oscillator at 5.09 GHz is shown in Figure 6-41, measured phase noise is
-115.2dBc/Hz at an offset frequency of 1 MHz. The figure of merit (FOM) is given by (1.1)
|

[ (

)

(

)

(

)]

(

)

where £(foffset) is the phase-noise at the offset frequency foffset, f0 is the oscillating frequency,
foffset is the frequency offset in MHz, and PDC is the total consumed DC power in milli-watts.
From (6.45)
|

(

)

(6.46)

Figure 6-41: Measured output spectrum of the oscillator (Figure 6-39) at 5.09GHz [103]

Figures 6-42 and 6-43 show the layout and photograph of tunable X-band oscillator topology
using active resonator as shown in Figure 6-37, fabricated using RT/Duroid 5880 substrate with
a thickness of 0.508 mm and dielectric constant of 2.2. As shown in Figure 6-42, NEC’s HeteroJunction FET NE3210S01 is selected for low power consumption and higher DC-RF conversion
efficiency, and a shunt stub is added at its source to increase instability at the desired
frequency. The DC bias is chosen to be Vd=2.5 V and Id=6 mA in the measurement in order to
have optimized result for DC-RF conversion efficiency and FOM. It is to note that the entire
circuit is biased with one single bias (Vd) enables miniaturization. The oscillator design is based
on the negative-resistance method [67]. The length of the stub for the main oscillating
⁄
transistor is also chosen so that
, to fulfill the starting condition
for oscillation, where
and
are the real parts of
and
, respectively, and
and
are the imaginary parts of
and
, respectively.
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The required DC biasing is done by adding lumped passive components (resistors) in order to
self-bias the two transistors at their appropriate biasing points. Two capacitors are used to
decouple the DC components from the transistors.

Figure 6-42: A typical layout of tunable X-band oscillator topology using active resonator as shown in Figure 6-37.

Figure 6-43: Photo of the fabricated tunable X-band oscillator topology (shown in Figure 6-42) fabricated using
RT/Duroid 5880 substrate with a thickness of 0.508 mm and dielectric constant of 2.2.
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Figure 6-44a shows RF output spectrum of the oscillator circuit depicted in Figure 6-43, the
fundamental tone of the designed oscillator is at 9.93 GHz and it has an output power of 2.36
dBm. The second harmonic is -18.33 dBm at 19.86 GHz, as shown in Figure 6-44b

(a) RF output spectrum oscillator shown in Fig 6-43

(b) second harmonic of oscillator shown in Fig 6-43

Figure 6-44: Measured data (a) shows RF output spectrum of the oscillator circuit depicted in Figure 6-43, and (b)
shows second harmonic -18.33 dBm at 19.86 GHz of oscillator circuit depicted in Figure 6-43.

The phase noise measurement is carried out by using two different set-ups. The first
measurement is done by using R&S FSUP26 Signal Source Analyzer, in which the measured
phase noise is -93.96 dBc/Hz and -123.86 dBc/Hz at 100 kHz and 1 MHz offset as shown in
Figure 6-45 (a).
The phase noise measurement is repeated on Agilent 5052B Signal Source Analyzer along
with E5053A Microwave Down-converter, in which the measured phase noise is -97.65dBc/Hz
and -127.01 dBc/Hz at 100 kHz and 1 MHz offset as shown in Figure 6-45 (b), respectively.
Table 6.2 summarizes the measured results of using the two sets of equipments.
Table 6.2

R&S FSUP
Agilent 5052B

Oscillating
Frequency

Output
Power

Phase Noise@
100 kHz

Phase Noise@
1MHz

9.904GHz
9.883GHz

2.02dBm
3.02dBm

-93.96dBc/Hz
-97.65dBc/Hz

-123.86dBc/Hz
-127.01dBc/Hz

DC Power
Consumptio
n
15mW
15mW

FOM@
100 kHz

FOM@
1 MHz

-182.2
-185.89

-192.1
-195.25
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(a) Measured phase noise plot on R&S FSUP26

(b) Phase noise plot on Agilent 5052B+5053A
Figure 6.45: The phase noise measurement is carried out by using two different set-ups (R&S FSUP and Agilent
5053) (a) measured phase noise plot on R&S FSUP26 Signal Source Analyzer, and (b) ) measured phase noise plot
on Agilent 5052B+5053A.
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As shown in Figure 6-45, the close-in phase noise (<100 kHz offset) performance is very poor
because of higher 1/f noise for HJ FET device. By incorporating SiGe HBT device in place of HJ
FET, the influence of 1/f noise or flicker noise can be reduced [67]. Figure 6-46 (a), and 6-46 (b)
show the oscillator circuit schematic using SiGe HBT device, and the measured phase noise plot.
It can be seen that measured phase noise plot as depicted in Figure 6-46 (b) shows stable
behavior over temperature (-40 degree C to +85 degree C), the novel bias stabilization circuit
incorporated in this research work allows optimum phase noise performance over desired
operating temperature (-40 degree C to +85 degree C). The oscillator circuit delivers 4.75-dBm
O/P power with DC bias of 5V and 12 mA.
As illustrated in Figure 6-46(a), 10 GHz oscillator circuit uses a SiGe Hetrojunction-bipolartransistor (HBT) active device (NEC), fabricated on Rogers substrate material with a dielectric
constant of 3.38 and thickness of 32 mil-microstripline medium. The reported paper [8, 10, and
13] by authors use BFP 540 SiGe HBTs from Infineon shows the significant improvement of more
than 40 dB in phase noise performance at 10 kHz offset from the carrier frequency 10 GHz but at
the cost of the increase in DC power consumption. In this research work, SIW-CCR oscillator
topology as shown in Figure 6-39 and 6-43 operating at C-band and X-band, can be easily scaled
to a higher frequency such as Ku- and Ka- bands.

SIW CCR
Figure 6-46 (a): A typical circuit schematic of the novel 10 GHz oscillator using printed resonator using 32 mil Roger
R4003C, Dielectric constant=3.38 (size of the board 0.5x0.5 inches), with DC bias (5V, 12mA)
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-92dBc/Hz @ 100 kHz
-114dBc/Hz @ 100
kHz
-135dBc/Hz @ 1MHz
kHz

- 40 Degree C

+ + 25 Degree C

+ +85 Degree C

Figure 6-46 (b): Measured phase noise plot of 10 GHz oscillator circuit shown in Figure (6-45 a). It can be seen that
phase noise plot shows stable behavior over temperature, the novel bias stabilization circuit helps for optimum
phase noise performance over desired operating temperature (-40 degree Celsius to +85 degree Celsius)

Figure 6-47 shows the CAD simulated layout of a Ku-band SIW-CCR with a size of 7.2 mm by 6
mm, whose center frequency is around 16 GHz. CAD Simulated results using HFSS show that the
unloaded Q of Ku band CCR is around 350. Similarly, the CCR scaled to Ka-band with a size of
3.6mmx 3mm that has a center frequency around 32 GHz, and the simulated unloaded Q is
around 330. In addition to SIW CCRs, Mobius inspired resonators using slow-wave structures
discussed in Ch-7 and Ch-8 for the realization of low phase-noise oscillator circuit.

Figure 6-47: A typical CAD schematic of Ku-band SIW-CCR
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6.4.1.9 Opto-Electronic Oscillator (OEO) using Metamaterial Resonator
Achieving ultra low phase noise is a great challenge in deep space communication, docking
and remote sensing (radar), analog-to-digital convertors (ADC), instrumentation, and timing
clocks. In many coherent detection systems, the required phase noise and the associated timing
jitters of the stable local oscillators becomes the limiting factor of the overall performance of
the system in terms of data bit error rate, achieved spatial and temporal resolution, and
effective number of bit resolution. In the past several decades, great efforts made in the
development of various techniques for generation of low phase noise oscillators. Optoelectronic oscillator (OEO) stands out among the others for its capability of generating ultrastable microwave and millimeter-wave oscillations owing to the extremely high Q achieved by
utilizing the low loss in optical fibers (Appendix E, F, G, H, and I) [86].
These high Q operation OEOs with their low phase noise performance could be employed as
highly stable sources to force oscillate a small size low stability RF oscillator. The standard
forced oscillation techniques of injection locking (IL) and phase-locked loop (PLL) are two viable
methods for further phase noise reduction by introducing external frequency reference to the
oscillator [86]-[89], where the lowest achievable phase noise with these techniques is limited
by the phase noise of the external reference source. The concepts of external forced
oscillations could not be extended to the already record setting OEO to further stabilize them,
but nonetheless self forced oscillation could be provided as a method to further reduce close-in
to carrier phase noise of oscillators, as demonstrated by H.C. Chang in [90] (Appendix F). A selfinjection locking (SIL) topology proposed by passing the output of oscillator through an
electrical delay line or a high Q resonator and feeding it back using a circulator (Appendix G).
The experimentally verified modeling demonstrates that the overall oscillator phase noise is
inversely proportional to the signal delay time or Q. However, due to the high loss and limited
Q in electric circuits, the phase noise improvement is not significant. To bypass the limitation of
electrical components, Lee et a.l [91] employed a 2.4km long optical fiber in the feedback loop
of the SIL topology and achieved a phase noise reduction of 27dB at 10kHz offset for a 30GHz
oscillator. The concept of forced oscillation could also be extended to Self-phase locked loop
(SPLL) demonstrated by Pillet et al. [92]. In the proposed structure, the microwave signal
generated from the beat note of a dual frequency laser (DFL) sent into a delay-line frequency
discriminator (DLFD) whose output used to stabilize the laser frequency for generating a more
stable beat note. The analytical modeling provided explanation for this phase noise reduction.
While IL phenomena are easy to implement, the phase noise in the close-in offset frequency
range degraded due to frequency offset detuning and limited locking range as explained in [93].
On the other hand, even though PLL has a longer pull-in time that results in a slow response,
the high gain loop filter enables the PLL to remove the close-in phase noise significantly, while
far away from carrier suffers from a higher noise. Sturzbecher et al. [94] demonstrated in
externally forced oscillators, a better phase noise characteristics for both close-in and far-away
from carrier, and a wider locking range is achieved by combining IL and PLL (ILPLL) [93, 95]
((Appendix H). However, external reference sources are required in the forced ILPLL topology,
which limits the ultimate phase noise performance. The novel approach is to incorporate both
SIL and SPLL for noise reduction technique using Push-Push configuration [85]-[86]. Figure 6-48
shows the typical block diagram that describes the novel push-push topology in conjunction
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with an evanescent mode metamaterial resonator combiner network. The unique properties of
the metamaterial resonator are that it has a negative permittivity and negative permeability,
and that it enables amplification of an evanescent mode wave without degeneration. Hence,
including a metamaterial evanescent mode resonator can yield a loaded Q-multiplier effect
(effectively multiplying the effect of the circuit's Q with regard to the phase noise of the circuit)
in the oscillator (or other autonomous circuits). Utilization of the evanescent mode resonator is
beneficial, as compared to the use of a multi coupled planar resonator because of higher Qfactor for a given size.

Figure 6-48: Shows the typical block diagram of 10 GHz source: Integrated realization of a highly stable self ILPLL RF
Oscillator (US Patent application No.: 61/746, 919; filed on Dec 28, 2012 and US Patent application no. 13/760767;
filed on Feb 06, 2013)
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The estimation and measurement of the unloaded Q-factor is done by measuring the [S]parameter using VNA (vector network analyzer). The methods involve circle-fitting procedures
applied to multiple data points representing S-parameter responses of the resonator around
the resonance. There are two practical methods for Q-factor measurement: (i) Reflection
method for reflection mode resonators [107], and (ii) Transmission Mode Quality Factor
Technique for transmission mode resonators [108]-[110].
Figure 6-49 depicts the unloaded Q (quality factor) of the evanescent mode resonator and
multi coupled planar resonator, plotted against a range of operating frequencies from about 2
GHz to about 16 GHz. The estimation of Q (quality factor) is done by experimental
measurement of [S]-parameter using vector network analyzer. As shown in Figure 6-49, the
evanescent mode resonator is capable of achieving a quality factor above 1000 at operating
frequencies ranging from about 2 GHz to about 15 GHz.

Figure 6-49: Shows the typical measured plot of unloaded quality factor (Q-factor) of novel resonators (MultiCoupled resonator, Slow-wave evanescent-mode metamaterial resonator, Evanescent–mode amplified resonance
regime).
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As shown in Figure 6-48, the metamaterial evanescent-mode resonator combiner network
coupled (capacitively) to each of the dynamically tuned resonator networks. This acts as an
evanescent mode (EM) buffer, storing a portion of the excess radio frequency (RF) energy
coupled into the resonator network for a given period of a signal cycle so that the conduction
angle of the device can be reduced, thereby reducing the average noise performance for a
given period of time. The spectral pure signal generated by locking the optical phase
modulation to a free spectral range resonator in conjunction with metamaterial evanescentmode resonator combiner network.
The oscillator circuit illustrated in block diagram as shown in Figure 6-48 operates in the
following manner. The electrical outputs of narrowband RF amplifiers are inputs to the
dynamically tuned coupled resonator networks respectively; similarly, the electrical output of
narrowband RF amplifier is input to the metamaterial evanescent mode resonator combiner
network. These signals provide injection locking (IL) and phase locking loop properties under
which the resonance of the VCO is controlled.
The circuit elements comprising of the various modules, e.g., diodes, resistors, capacitors,
resonators, etc., are selected so that each of the three terminal devices oscillates at a
fundamental frequency, f0. As the voltage level of the tuning voltage module is adjusted the
fundamental frequency of operation, f0, appearing as input signals is tuned over the operating
range of the oscillator, e.g., preferably octave-band. These signals are then combined in the
combiner network to produce a signal operating at twice the fundamental frequency, 2f 0, and
that is dynamically tuned as the voltage level of the tuning voltage module is adjusted. A
portion of the signal from the combiner network is fed to the modulator through electronic
circuitry including a buffer, low noise amplifier, and bandpass filter. A portion of the signal may
also be output as a tunable output (e.g., a signal operating at the second harmonic of the input
signals).
A select portion of the signal from the combiner network and a select portion of a signal from
the metamaterial evanescent-mode resonator combiner network is fed back to the tuning
network, the portion of the signal is then fed to tunable phase coupling network and used to
dynamically tune the phase of the output signals. This makes each of these signals remain in
phase during a tuning operation. A portion of the signal also fed to each of the dynamically
tuned coupled resonator networks. As the tuning voltage, Vtune is adjusted the frequency of the
signal f0 is present at each of the terminals. They are tuned over the operating frequency band
through the coupled resonator networks while the phase coupling network keeps the devices
operating in an anti-phase mode at the fundamental frequency, f0 (e.g., push-pull behavior),
while the second harmonic, 2f0, interferes constructively (e.g., push-push behavior) over the
octave band. In addition, the phase detector network operates as described above,
dynamically compensates for phase errors during wideband operation.
The microwave carrier at X-band and above, generated by locking the optical phase
modulation to a free spectral range resonator, in conjunction with metamaterial evanescent
mode resonator combiner network that offers the phase noise performance -160d Bc/Hz @ 10
kHz offset from the carrier, is best to date for the given figure of merit (FOM) and this class of
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oscillator topology [84]-[86]. The detailed description of ultra low phase noise sources using
optical methods are discussed in Ch-10.
6.5 Conclusion
The oscillator circuits using different resonator networks discussed in this Chapter allow clear
understanding about oscillator performance metrics in terms of size, power consumption and
frequency tunability [91]-[109]. Different printed resonator technology described in Appendix
B, Appendix C, , and Appendix D provides brief insights about pros and cons with respect to cost
and implementation issues. The design methodology of OEO technology discussed in Appendix
E, Appendix F, Appendix G, Appendix H, and Appendix I. Unfortunately, each development
design of VCO using resonator (passive and active) technology has its price in terms of size,
cost, efficiency and power budget.
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Chapter 7
Printed Coupled Möbius Resonator Oscillators
7.1
Introduction
Geometrical phenomenon of anholonomy depends on failure of a quantity to recover its
original value, when the parameters on which it depends are varied round a closed circuit.
Möbius strip provides one of the simplest examples of anholonomy, as the normal to the
surface of the strip does not return to its original direction even though the radius vector does.
The strip therefore deforms in such a way that its metrical properties are barely changed, some
nanostructures have the same elastic properties. A necessary and sufficient condition for a
Möbius surface to be developable is that its Gaussian curvature must vanish everywhere. Given
a curve with non-vanishing curvature there exists a unique flat ruled surface (the so-called
rectifying developable) on which this curve is a geodesic curve (Figure 7-1) is described by [1]
⃗(
( )

)

⃗⃗( )

⃗( )

( ) ⃗( )

(7.1)

( ) ( )

(7.2)
Where ⃗ is a parameterization of a strip with r as centerline and of length L and width 2w,
where ⃗ is the unit tangent vector, ⃗⃗ the unit binormal, k the curvature and τ the torsion of the
centerline, the parameterized lines s = const. are the generators, which make an angle β =
arc[Tan(1/η)] with the positive tangent direction.
The unique properties of Möbius strips, the shape minimizes the deformation energy, which
is entirely due to bending, can be described by
∫ ∫

(

)

(7.3)

where D =2h3E/[3(1-v2)], with 2h the thickness of the strip, and E and ν Young’s modulus and
Poisson’s ratio of the material.
In this section, a planar Möbius-coupled resonator is described, and the method for
miniaturization can be applied to tunable oscillator circuits and memory devices used for
receivers, filters, antenna, and matching networks.
7.2
Planar Möbius strip Resonator
A typical Möbius is a surface with only one side and only one boundary component, the
mathematical property of being non-orientable (Figure 7-1). A unified system of differentialalgebraic equations that describes models of this type was first published in 2007 together with
its numerical solution and many technical applications [1].
The concept of the Möbius strips is based on the fact that a signal coupled to a strip shall not
encounter any obstruction when travelling around the loop, the loop shall behave like an
infinite transmission line, enabling compact high Q-factor resonators [2]. This characteristic
enables many radio and microwave applications including: (i) a compact resonator with the
resonance frequency which is half that of identically constructed linear coils [2], (ii) Tesla Coil
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for global transmission of electricity without wires [3], and (iii) high temperature
superconductors [4] to name a few.

(i)

b
c
a
d
a

e
a

f
a
f
a

(ii)
Figure 7-1 (i): A typical Möbius strip, one can move along the length of the strip, return to its starting point having
traversed the entire length of the strip without ever crossing an edge, and (ii) Computed Möbius strips (coloring
changes according to the local bending energy density, from violet for regions of low bending to red for regions of
high bending). The left panel shows their 3D shapes for w = 0.1 (a), 0.2 (b), 0.5 (c), 0.8 (d), 1.0 (e) and 1.5 (f), and
the right panel the corresponding developments on the plane [1].
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Recent publication describes the Möbius strip resonator [2]-[7] but the surface is non planar
3-dimensional structure (Figure 7-2), not suitable for integration and surface mounted device
(SMD) technology applications. Printed resonators are a special class of transmission lines of
finite extent with well-defined boundary conditions. The particular interest here is a 1dimensional printed ring resonator that can be equivalently represented by the simple lumped
L-C network shown in Figure 7-3. In solving, the electric currents on the resonator can be
formulated by a periodic boundary condition of the form described by [8]
(7.4)
where Ik represents the electric current around the nth closed loop on the periodic ladder
structure of k-elements.
The boundary condition of the general form shown in (7.4) governs that Ik is a conserved
quantity that gives invariance of solutions under a 2π rotation with a definite handedness.

(a) Dual Mode
(b) Quad-Mode
Figure 7-2 Photograph of the non planar 3-D Möbius wire resonator [3]

From the circuit theory, Kirchhoff’s voltage relation for the kth element is given by (assuming
that the equivalent low pass ladder network is driven across any equivalent lumped inductor L
or capacitor C):
(

)

)(

(

)

(7.5)

where γ is mutual coupling coefficient (Mutual inductance ‘M’=2γL) between nearest
neighbor elements shown in Figure 7-3, and k is number of element structure.
Equation (7.5) is a 1-dimensional non-dissipative wave equation on the LC network (assuming
that the zero resistive loss and electromagnetic wavelength is much larger than the linear
dimensions of the network) with a discrete rather than continuous spatial variable [8]. The
solution for the ring resonator shown in Figure 7-4 (a) with the periodic boundary condition
given in (7.4) can be given in the form
(

)

(

)

(7.6)

where p is an integer specifying the normal mode and k is number of element structure.
From (7.5) and (7.6), the dispersion relation for the allowed frequency spectrum can be
described by [8]
{

(
(

)
)

}

(7.7)
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where p is an integer specifying the normal mode, γ is mutual coupling coefficient (Mutual
inductance ‘M’=2γL) between nearest neighbor elements shown in Figure 7-3, and k is number
of element structure.
From (7.5)-(7.7), for even value of k, there are k-1 eigenvalues, including (k-2)/2 degenerate
doublets and one singlet. A typical ring resonator, whose Eigen function satisfies (7.4), defines
a distinct inner and outer surface of the ring, shown in Figure 7-4(a). Figure 7-4(b) shows a
topological transformation resulting in a Möbius strip resonator, whose current dynamics can
be formulated by applying twisted boundary condition as
(7.8)
From (7.8), a simple topological transformation on the resonator ring (Figure 7-4) results in a
sign reversal of current (Ij) upon a 2π rotation of the solutions, and a 4π rotation is now
required for invariance of the Eigen functions [6]-[16]. Note that the eigenfunctions satisfying
the condition for twisted boundary are of the same form as (7.5) provided that the mode
indices are given half-integral values (p = 1/2, 3/2, 5/2,…(k-1)/2) relative to a ring consisting of
identical components. The dispersion relation for Möbius ring is same as (7.7), however, the
wave-vectors are shifted by
( )
(7.9)
The two distinct topologies shown in Figures 7-4(a), 7-4(b) can be considered as a
complementary pair related by a single transformation.

Figure 7-3.: Shows the typical low-pass ladder network consisting of a series of inductances L and capacitances C
along the transmission line (Printed resonators are a special class of transmission lines of finite extent with welldefined boundary conditions, the 1-dimensional printed ring resonator can be equivalently represented by the
simple lumped L-C network) [8].

(a) Closed loop ring resonator

(b) Möbius strip resonator

Figure 7-4: shows the orientation of typical closed loop resonator: (a)) the ring resonator (b) the Möbius strip
resonator (a topological transformation of ring resonator into a Möbius strip resonator) [8]
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From (7.4) and (7.8), it is evident that there is no additional structure associated with the
Möbius ring resonator, since a second topological half-twist transformation on the Möbius
resonator leads back to the boundary condition of (7.4). Their description divides into halfintegral and integral normal mode indices. The Eigen functions of the Möbius resonator form an
orthogonal basis set; presents an interesting possibility for the design of metamaterial for the
application in tunable oscillators, antenna, and filter circuits [6]. The oscillator’s loaded Q factor
QL is described by [15]
QL 

 0 d ( )

d ( )
 0 d; d 
2 d  
2
d  
0

d 

(7.10)
0

 (0   )   (0   )
d ( )

d  0
2

(7.11)

where  ( ) is the phase of the oscillator’s open loop transfer function at a steady state and d
is the group delay of the resonator. From (7.10), QL is proportional to the group delay;
therefore, for low phase noise application, the design goal is to maximize the group delay of
Möbius strip resonator by incorporating phase-injection techniques. The eigenfunctions of the
Möbius resonator form an orthogonal basis set, therefore all eigenfunctions of the pair are
mutually orthogonal; exhibits minimal electromagnetic interactions [8]. This presents an
interesting possibility for incorporating phase-injection along the mutually coupled surface of
the strips, resulting in higher quality factor for a given size of the printed transmission line
resonator [12]. The Möbius strips resonator show an interesting possibility, for example if the
arbitrary structure is composed of an array of typical Möbius strips as its basis, complementary
strips could in principle be introduced without much disturbance the coupling dynamics for
microwave component ( sensors, resonators, antenna, and filter) applications [13]-[15].
7.3
MCPR Oscillator: Inexpensive Alternative of DRO
Dielectric resonators (DRs) for example, exhibit a high Q-factor and have been used in highspectral-purity signal sources at RF and microwave frequencies. However, the DR requires
precise machining for fabrication, careful placement of the dielectric puck for optimal coupling,
and involves manual mechanical tuning of the DR for desired frequency of operation [7]-[16].
The printed coupled resonator based oscillator can overcome problems associated with DRO,
except the poor phase noise performance due to inherent low Q-factor associated with printed
transmission line resonator [17]-[29]. The Q (quality) factor of the coupled planar resonator
network can be enhanced by introducing slow wave propagation dynamics as discussed in Ch-6,
however large physical size and mode-jumping restricts the application especially at lower
frequencies. The loaded quality factor QL of the coupled resonator network is given in terms of
unloaded quality factor Qo as [Ch-6, Figure 6-8]:
 Q0 
[QL ( 0 )]electricalcoupling  2
 2Q0

 (1   e )   e 1

(7.12)

[QL ( 0 )]magneticalcoupling  2Q0 (1   m ) 1  2Q0

(7.13)
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[QL (0 )]hybridcoupling  2Q0

(1   eh )   1,

e

 4Q0

(7.14)

 mh 1

where coupling factor  (e for electric field, m for magnetic field, and h for hybrid field).
From (7-12)-(7.14), hybrid coupling (h) shown in Figure 6-8(f) (Chapter-6) acts as a Qmultiplier effect, but this phenomenon holds good for fixed frequency operation only and very
difficult to realize broadband Q-multiplier dynamics which is necessary for wideband oscillators.
In addition to this, mode jumping caused by undesirable higher order mode generation in
hybrid coupling makes this structure not suitable for tunable wideband VCO (voltage-controlled
oscillator) applications. The alternative approach is to tune the coupling factor j over the
desired operating frequency band in conjunction with higher order mode-suppressing network.
But broadband mode-suppression is not an easy task in multi-mode resonator structure. A
simplified approach is to use injection-locking and phase-synchronization techniques for
broadband applications. The Möbius strip resonator topology described in Figure 7-1 can offer
promising solution for broadband oscillator circuits in compact size, integratable and
inexpensive alternative of expensive DROs [12].
Figure 7-5 shows the typical layout of 10 GHz Möbius resonator based oscillator for building
low phase noise signal source for RADAR applications. As shown in Figure 7-5, Möbius strips
resonator is formed by connecting the outer and inner strips by via hole for the realization of
planar structure. It can be seen that two concentric rings inside the Möbius loop minimize the
spurious modes, thereby stable oscillation.

Möbius Loop
Ring
Resonator

Air Bridge
(Connected
thru via
hole)

Figure 7-5: Shows the layout of 10 GHz oscillator (depicts the Möbius strips resonator sued for high Q-factor
resonator (PCB layout is done with 22 mil substrate thickness with 3.38 dielectric constant, 0.5x0.5x0.18 inches)
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Figure 7-6 shows the measured plot of unloaded Q-factor of the printed resonator structures
(electrical coupled, magnetic coupled, hybrid or mixed coupled, and Möbius coupled) for giving
brief insight about the improvement in quality factor in planar domain. As shown in Figure 7-5,
the Möbius coupled printed resonator (MCPR) structure and hybrid coupled resonator (Figure
6-8, Ch-6) act like a Q-multiplier, peaking at 8.6 GHz due to the convergence of evanescentmodes. It can be seen in Figure 7-6 that Möbius resonator exhibits the undesired multi-mode
resonant characteristics because of non-uniform coupling across the strips (ideally Möbius strip
is 3-Dimensional structure (Figure 7-1)), and care must be taken to suppress these spurious
modes for low jitter in RADAR applications.
The drawback of this approach is that the multi-mode frequencies and mode-jumping
(encircling the resonator characteristics), restricts the broadband operations. To overcome this
problem, mode stabilization (injection of higher order modes into the resonant cavity with
proper phase shift that improves the stability factor) control circuit is incorporated.

Figure 7-6: Shows the measured plot of unloaded Q-factor of the printed resonator structures (electrical coupled,
magnetic coupled, hybrid or mixed coupled, and Möbius coupled) for giving brief insight about the improvement in
quality factor in planar domain (PCB layout for these resonators done with 20 mil substrate thickness with 2.22
dielectric constant and PCB size: 0.5x0.5x0.18 inches).
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This degrades the Q factor by 10-20% resulting in degradation of phase noise performances
by 3-6 dB but overcomes the problem of mode jumping, hence achieving stable operation and
inexpensive alternative of 10 GHz DROs (Dielectric resonator oscillator) for X-Band RADAR
applications. Figure 7-7 shows the typical block diagram of 10 GHz Möbius coupled resonator
VCOs using a SiGe Hetro-junction-Bipolar-transistor (HBT) active device, built on 20mils
substrate material with a dielectric constant of 2.2 for the validation of the new approach.
Figure 7-8 shows the measured phase noise plot (–110 dBc/Hz @ 10 kHz offset) from the carrier
frequency of 10 GHz, offers promising performances for a given size in planar configuration
[19]-[22].
As shown in Figure 7-8, the measured figure of merit (FOM: defined in Ch-1, Eq 1.1) is -195.9
dBc/Hz for hybrid coupled resonator, -202.9 dBc/Hz for Möbius coupled resonator, -204.9
dBc/Hz for Mode-locked Möbius coupled resonator network; with power consumption of 160
mW (Vcc=5V, Ic=32mA). The DC-RF conversion efficiency is 1.2% for hybrid coupled resonator,
1.3% for Möbius coupled resonator, 1.7% for Mode-locked Möbius coupled resonator
network; with DC power consumption of 160 mW (Vcc=5V, Ic=32mA).

Figure 7-7: Shows the typical block diagram of 10 GHz Möbius coupled resonator VCOs using a SiGe Hetro-junctionBipolar-transistor (HBT) active device, built on 20mils substrate material with a dielectric constant of 2.2 for the
validation of the new approach, PCB size: 0.75x0.75x0.18 inches [15]
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for Mode-locked Möbius coupled resonator network; with power consumption of
160mW (Vcc=5V, Ic=32mA).

7.3.1 Synthesized Frequency Sources using MCPR (Möbius Coupled Resonator) VCOs
Figure 7-9 (a) shows the layout of 2-8 GHz broadband synthesizer using wideband (2-10 GHz)
tunable MCPR VCO (Layout of VCO is shown in Figure 7-9 b), offers a viable cost-effective
solution for expensive YIG resonator oscillator with less susceptibility to thermal drift,
vibrations, and microphonics.
As shown in Figure 7-9(a), the synthesizer circuit draws typically 200 mA current from a 5-V
supply, uses multi-band/multi-mode MCPR VCO (operating at 5V, 32mA) resulting in low-cost
power-efficient configurable synthesizer. Figure 7-9(b) shows the typical layout of 2-8 GHz
wideband MCPR VCO in 0.3x0.3x0.18 inches size, built on 22 mils substrate and dielectric
constant of 2.2.
292

Figure 7-9 (c) shows the typical measured phase noise plot of the mode stabilized synthesizer
circuit as illustrated in Figure 7-9(a) using MCPR VCO. The measured phase noise is typically
better than -108dBc/Hz @ 10 kHz offset for 2-8 GHz operations.
The reported synthesizer module shown in Figure 7-9(a) offers wide bandwidths with
excellent performance in terms of phase noise, harmonics (> -20dBc), settling time (less than
1millisecond), and sideband spurious content (better than -60dBc), with low power
consumption in compact size (1x1x0.2 inches) built on 22 mils substrate material with a
dielectric constant of 2.2 for the validation of the new approach.

(a) Synthesizer Layout (1x1x 0.2 inches) using MCPR VCO

(b) MCPR VCO Layout (0.3x0.3x0.18 inches)

(b) The measured phase noise plot of synthesizer circuit shown in Figure 7-9 (a)
(c)
Figure 7-9: Shows high performance wideband synthesized signal sources for modern communication systems: (a)
a typical PCB Layout of 2-8 GHz Configurable Synthesizer Module, (b) a typical layout of Möbius Coupled planar
resonator (MCPR) VCO (2-8 GHz), and (c) measured phase noise plot of synthesizer circuit shown in Figure 7-8(a)
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The new approach to designing tunable oscillators with Möbius strips resonators yields
compact VCOs with excellent phase-noise performance and in configurations that can be readily
adapted to modern RF integrated circuit (RFIC) and MMIC semiconductor manufacturing
processes. These compact tunable oscillators provide performance levels that are comparable
to those of traditional DROs and YIG oscillators, but without the temperature sensitivity, large
size, and high cost.
7.4
Möbius Coupled Resonator: Applications
The signal retention characteristics of Möbius coupled strip resonators are useful in
radiofrequency and microwave applications, including radio astronomy, medical fields and
software driven radios. Conventionally, high Q-factor cavity echo box is used in Radar testing to
retain the input signals but this technique has bandwidth limitation [4]. Frequency Memory
Loop (FML) technique is used in Military electronics for retention of signals, this is an expensive
solution with considerable digital signal processing and invariably noisy and bandwidth limited
[11]. The novel Möbius strip configuration (back-to-back coplanar waveguide) reported here
shows how the characteristic is non-resonant unlike open or shorted transmission lines, which
has ability to store broadband frequencies in compact size.
In this section, a typical back-to-back coplanar waveguide (CPW) in the form of Möbius strip
was constructed which resulted in an infinite transmission line capable of retaining a large
bandwidth of frequencies that can be useful for real time signal retention device (RTRD) [14].
By providing Möbius twist to CPW, a continuous phase change reported instead of abrupt
phase change by using shorting pins between two parallel transmission lines. It is observed that
the device retains the injected signal in time domain over a broad band of frequencies. The
signal can also be a pulsed signal as in Ultra Wide Band (UWB), or a modulated microwave
signal, and can retain transient signals encountered in Radio Astronomy, Medical applications
and many more exciting applications.
7.4.1 Möbius Resonator Strips for (Real Time Signal Retention Device) RTRD Applications
To construct a Möbius strip, two back-to-back coplanar waveguides (CPW) with ground plane
is used. Figure (7-10) shows the typical cross-section of the transmission line using two back-toback coplanar waveguides with 50-Ohm impedances. The low loss Taconic TLY5® substrate with
thickness of 0.25 mm and dielectric constant of 2.2 is used for fabrication.
As shown in Figure 7-10, the partition ground planes provide the separation between back to
back CPW to decouple the top and bottom CPWs.

Figure 7-10: A typical cross section view of back-to-back CPW [14]
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Figure 7-11: A typical layout of the Directional Coupler [14]

These back-to-back CPWs were joined together and then twisted to form a Möbius strip to
close the CPWs on itself to obtain the infinite transmission line. To inject signal into the Möbius
strip, a directional coupler designed at 4 GHz was incorporated in one of the CPWs. The
coupling coefficient of 10 dB was chosen to provide loose coupling to the main loop (Figure 711). The length of the loop was chosen as 30 cm, which corresponds approximately to one
wavelength at 1000 MHz.
The main function of the partition ground planes is to decouple the top and bottom CPW and
it was decided that the continuity of this ground plane is not considered to be important.
Experimental verification also confirmed this assumption. No ground plane strapping was used
to prevent any unbalanced ground loop current flow. Thus, the Möbius Twist provides a single
surface for signal propagation and the central conductor provides a continuous loop along with
the ground plane. An edge coupled directional coupler at 4 GHz was designed and incorporated
in one of the CPW’s, the top layer as shown in Figure 7-10. SMA connectors were used at ports
of the directional coupler for coupling and decoupling the signal from the device. The
photograph of the finished Möbius device with the 10dB coupler is shown in Figure 7-12.

Figure 7-12: A prototype of CPW Möbius device with SMA connectors [19]
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As shown in Figure 7-12, the two CPWs with ground planes are bonded back to back. The top
CPW is called CPW-1 and the bottom is called CPW-2. These are then twisted and the ends are
brought together manually. The CPW-2 now comes in the same plane as CPW-1. The ground
planes and the centre conductors of both CPWs are strap soldered to complete the Möbius
configuration. The launching of the signal was done using two SMA connectors soldered to the
ports of the coupler.
Agilent Field Fox RF Analyzer N9912 was used to test the proof of concept [17]-[18]. This
instrument has a single port S-parameter testing capability (VNA) along with Cable Testing
facility; in addition it contains a Spectrum Analyzer up to 6 GHz. The Test setup is as shown in
Figure 7-13. First, the return loss was tested from 2 GHz to 6 GHz with one of the ports
terminated with 50 ohms. It was observed that the device has a return loss between 6 dB and
20 dB over the frequency range. This indicates that the device is exhibiting broadband behavior
and the signal is being coupled to it. In other words the continuous central conductor is getting
excited over a broad band of frequencies. Figure 7-14 shows the polar plot of S-parameter (S11)
from 2MHz to 6 GHz but useful information lies in the range from 2 to 6 GHz.

Figure 7-13: Shows testing with Agilent Field Fox RF Analyzer N9912 with the device connected. The return loss
test shows S11 parameter on Smith Chart from 2 MHz to 6 GHz. The display clearly indicates the broad band
coupling of signal into the device [19].

296

Figure 7-15 shows the return loss in rectangular coordinate from 2 GHz to 6 GHz, which is
typically 10d B. The Smith Chart display shows the excitation of the signal to the continuous
centre conductor of the device over a bandwidth of 4 GHz. In this way the device exhibits an
infinite transmission line. The return loss response of more than 10 dB indicates that the energy
is efficiently coupled to the device over a bandwidth of 4 GHz.
The Vector Network Analyzer (VNA) was switched to Cable and Antenna Testing Mode to
check the delay response in real time. In this way the retention of the signal can be tested. The
instrument converts the measured frequency response into time domain response by
performing Inverse Fast Fourier Transform (IFFT).
The results are shown in Figure 7-15, the plot is taken from 2 to 6 GHz. As expected, there is
a gradual decay of the signal after every transit around the loop.

Figure 7-14: The measured S11 plot shown on Smith Chart, display from 2 MHz to 6 GHz [19]
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Figure 7-15: The measured return Loss display in rectangular coordinates [19]

Thus testing of the device has confirmed the retention of the signal in real time over
broadband of microwave frequencies. The total span time is around 200 milliseconds. The
physical length of the loop is 30 cm. The markers as indicated are at 0.72m, 0.89m, 0.98m,
1.05m, 1.13m and 1.46 m. This clearly indicates multiple transit of the signal around the loop. It
also shows the broadband retention characteristics since it is derived from the frequency
response of the device.
The signal travels twice around the loop before arriving the feeding point, the first signal is at
twice the length of the loop which is at 72 cm. The decay of the signal over the time indicates
the coupling of the power at the output port along with the losses, considering the radiation
losses are minimal. This behavior calls for extensive mathematical modeling of the device. The
unusual behavior could be due to the magnetic field coupling between the top and bottom
layers. This will result in a distributed mutual inductance between the layers. This characteristic
is similar to non-inductive resistor design [9]. The Transmission characteristics S21 measured at
the output port indicates the coupling of the signal to the load (Figure 7-16).
The frequency response of the device calls for rigorous three-dimensional mathematical
modeling and analysis using Maxwell’s equations and shall lead to considerable research in the
field of signal retention [14].
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Figure 7-16: The measured transmission Characteristics (S21) of the device [19]

Möbius co-planar structure proposed in Figure 7-12 for signal retention is analog by nature
and is an economical solution for signal retention [14]. By providing Möbius twist to CPW as
shown in Figure 7-12, a continuous phase change was reported instead of abrupt phase change
by using shorting pins between two parallel transmission lines. The true Möbius strip is being
created, and can achieve a gradual transition resulting in the wide band behavior of the device.
It is observed that the device retains the injected signal in time domain over a broad band of
frequencies. The signal can also be a pulsed signal as in Ultra Wide Band (UWB), or a modulated
microwave signal. It can retain transient signals encountered in Radio Astronomy, Medical
applications and many other such applications. The device is truly an analog device, can
improve the performance of Analog to Digital Converter (ADC). One can use a lower speed
Digital Signal Processing (DSP) since one has the same signal available for a considerable
duration of time in a repetitive manner.
It is also feasible to fabricate the device using rapid proto-typing MEMS applications. This will
open out many more exciting millimeter wave applications such as microwave sensors for
remote sensing and detection of hidden objects, to find concealed arsenal or explosive and
hazardous chemical which is of importance in our world of a growing threat.
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7.4.2 Möbius Coupled Resonator Strips: Discussion
I.
GCPW- The transmission line we have used to construct the Möbius strip is CPW with
ground plane, so technically the term GCPW can be used. The central partition plane
acts more as a separation between top and bottom layer to prevent coupling. The
spacing between the central conductor and ground plane on the coplanar side is much
smaller than the thickness of the substrate leading to maximum field confinement on
the surface.
II.
Higher order modes at interface: There exists a discontinuity in the partition ground
planes. This characteristic is taken into account for futuristic study while developing the
mathematical model for the infinite strip. Ground looping was avoided to realize the
infinite transmission line at the cost of generation of higher order modes.
III.
Abnormal behavior: Unlike any resonant structure the return loss was observed to be
around the centre of the Smith Chart (Figure 7-6), which is non resonant behavior from
2MHz to 6 GHz. Based on our observation, any loop was exhibiting resonant nature and
the response was touching the outer edge of the Smith Chart, in other words the input
impedance moved from short to open.
IV.
The return loss in rectangular coordinates indicates an average of 8-10dB over the
frequency sweep from 2 GHz to 6 GHz (Figure 7-6). The future research effort is to
improve the return loss for good figure of merit (FOM).
V.

Testing of Loop: A CPW guide with Quadrature coupler was made into a simple loop
and tested for performance. The purpose of this was to isolate the effect of the twist. It
is found that the loop behaves like a resonant circuit with multiple frequencies and S 11
touched the 0dBm axis.

VI.

To verify the effect of SRD-performance one more assembly was made with 45 cm
length. A quadrature coupler designed at 4 GHz was used for coupling the power. The
performance was similar to 30 cm SRD with edge-coupled input.

VII.

Video recording: The Yagi antenna was connected to the spectrum analyzer with and
without the Signal retention Device. This is to check whether the device retains pulsed
RF waveforms. A cell phone was kept nearby and the filming was done using a digital
camera. The uplink from the cell phone is a burst signal. There is a repetitive
appearance of the signal on activating the cell phone when the device was connected
indicating the retention of burst signal.

7.5
Conclusion
The signal retention device developed here has the ability to store a very broad band of
frequencies. It also has the ability to store a transient signal for delayed analysis. This property
of the device is extremely useful in many applications including radio astronomy, medical fields
and software driven radios, real time retention of signals for signal processing, and Frequency
Memory Loop in Electronic Warfare (EW). This device will be less ‘noisy’ compared to digital
storage devices, can be very useful in Software Driven Radios (SDR) and help in soft handover
from one system to another and other applications.
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Chapter 8
Printed Coupled Metamaterial Resonator Based Frequency Sources
8.1
Metamaterial
Metamaterials are engineered periodic composites that have negative refractive‐index
characteristic not available in natural materials [1]. In 1968, Veselago reported artificial
composite Left handed material (LHM), which exhibits simultaneously negative values of the
electric permittivity (ε< 0) and the magnetic permeability ( < 0), characterized as [2]:
(i)

Simultaneous negative permittivity (‐ε) and permeability (‐μ)

(ii)

Reversal of Snell’s Law (negative index of refraction), Reverse Doppler effect,
and Reverse Vavilov‐Cerenkov effect, Diffraction‐limit breaking imaging

(iii)

Electric field, Magnetic field, and wave‐vector of electromagnetic wave in a
LHM form a left‐handed triad

(iv)

LHMs support backward wave propagation: anti‐parallel group and phase
velocity

(v)

Artificial homogenous structure

The characteristics of the artificial composite metamaterial depend on the properties of the
host materials, embedded material, volume of the fraction, operating frequency, and the
morphology of the composite material such as the dimensions and shapes of the host structure
and the guest structure [3]‐[5]. Therefore, when all other variables are known, the important
parameter is to control the dynamics of the morphology of the embedded structure that allows
control over a change of the properties (permittivity, permeability and the refractive index) in
the desired frequency range.
In general, the refractive index of the medium can be characterized by four possible sign
combinations in the pair ( ), can be described as [6]‐[27]:

= √

= √

→ (DPS‐double positive material)

(8.1)

= √

→ (ENG‐epsilon negative material)

(8.2)

→

(DNG‐double negative material)

(8.3)
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√

→

(MNG‐mu negative material)

(8.4)

From (8.3), double negative (DNG) material is nomenclatured as metamaterial, which is
broadly defined as Left‐handed (LH) material with artificial homogeneous structures related to
negative refractive index as
√
Where

is 8.85x10‐12 F/m and

(8.5)

=4πx10‐7H/m, n is refractive index of the medium.

From (8.1)‐(8.4), there are four possible classes of materials, as illustrated in Figure 8‐1 [28]:
(i) DPS (ε > 0 and  > 0)
These are conventional materials, also named as double positive materials (DPS) or right
handed materials (RHM) and dielectrics are its examples. The propagation of
electromagnetic waves is possible in such materials.
(ii) ENG (ε < 0 and  > 0)
These are epsilon‐negative materials (ENG), having characteristic of negative value of
permittivity, normally shown by many types of plasma in a particular frequency region.
Metals like Gold, Silver etc., demonstrate this negative permittivity in the infrared and
visible frequency domains. The propagation of electromagnetic waves is not possible in
ENG materials.
(iii) MNG (ε > 0 and  < 0)
These materials are named as mu‐negative materials (MNG), having characteristic of
negative value of permeability, shown by Gyrotropic materials in certain frequency
bands. The propagation of electromagnetic waves is not possible in such materials.
(iv) DNG (ε < 0 and  < 0)
These materials are named as double negative materials (DNG) or Left‐handed materials
(LHM). These materials do not exist in nature but are physically realizable by making
composite structures. The propagation of electromagnetic waves is possible in such
material.
From (8.5) the negative refractive index referred to as left‐handed (LH) material is
characterized as anti‐parallel phase and group velocity material that exhibits unusual
properties. It can allow an electromagnetic wave to convey energy and group velocity in the
opposite direction to its phase velocity, causing strong localization and enhancement of fields,
thereby significant enhancement in the slew rate and group velocity of resonator resulting in
lower phase noise for oscillator applications [7].
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Figure 8‐1 Permittivity‐P
Permeability Diagram, R and I represents R
Real and Imagginary terms;
electric and magnetic plaasma frequenccies respectivelly [28].

and

are the

These unusual chaaracteristics of metamaaterial open new degreees of freedom in resonator
design for
f high fre
equency osccillator, filte
er, phase‐shhifter, anteenna and o
other microwave
applicatio
ons in com
mpact size. The artificiial metama terial comp
ponents (neegative valu
ue of
permittivvity and permeability)) have bee
en demons trated over a large portion off the
electrom
magnetic spectrum, from visible to raadiofrequen cy [12].
The siggn (positive or
o negative values) of permittivity aand permeability is not restricted byy any
physical law, and caan be positivve or negatiive. In naturral materialss, negative permeabilityy can
uring resonant condition
n [13]. The real part of permeabilitty may takee negative vvalues
occur du
near a resonance
r
of
o sufficient strength, as
a for exam
mple in ferriites near th
he ferromaggnetic
resonancce frequencyy.
For arttificial mate
erials, manip
pulation of a negative permeabilitty response can be reaalized
using ele
ectrically sm
mall resonan
nt metal incclusions of special shap
pes, e.g. sp
plit rings. Am
mong
metamatterial compo
onents, a split‐ring resonator (SRR) is used for microwave oscillator cirrcuits
and planar microwavve devices [1
12]‐[14].
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8.2
The Electromagnetic Wave Propagation Dynamics of Metamaterial
The Maxwell's equations can be given by



(Faraday’s Law)
  
Ms
t



D
(Ampere’s Law)
   J 
t

(Electric Gauss’s Law)
  D  V

(Magnetic Gauss’s Law)
 B  m

(8.6)
(8.7)
(8.8)
(8.9)

Where
(8.10)
∈

(8.11)

′

1
′

,

(8.12)

,

(8.13)



Where  (V/m) is the electric field intensity,  (A/m) is the magnetic field intensity, D

(Coulomb/m2) is the electric flux density, B (W/m2) is the magnetic flux density, M s (Volt/m2) is



the fictitious magnetic current density, J (A/m2) is the electric current density, V
(Coulomb/m3) is the electric charge density,  m (Coulomb/m3) is the magnetic charge density,
is 8.85x10‐12(Farad/m),
=4πx10‐7(Henry/m),
is the relative permittivity, and
is the
relative permeability of the medium.
From (8.6)‐ (8.7), conventional medium follows right hand rule, which means the electric field


intensity vector  , magnetic field intensity  and Poynting vector inside medium form right
handed triplet.
The plane wave propagation along +z direction can be described by Helmholtz Equations [16]:


(Vector wave equation‐Helmholtz Equations) (8.14)
 2  k 2  0
d 2
dz

2

x

 k 2 x =0

(Simplified scalar wave equation‐Helmholtz Equations)

(8.15)


 ( z , t )  aˆ x  0 cos(  t  kz ) (Traveling wave E‐field solution in time‐domain) (8.16)

 ( z , t )  aˆ y

 0



cos(t  kz ) (Traveling wave H‐field solution in time‐domain)

(Wave impedance)

(8.17)
(8.18)
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For right‐handed material ( ,

0 , triad [ , , ] can be illustrated by [28]
(8.19)
(8.20)

For left‐handed material ( ,

0 , triad [ , , ] can be illustrated by [28]
| |

(8.21)

| |

(8.22)

Assuming the frequency is positive quantity, the phase velocity is given by
⁄| | )

,
̅

:

0

0

(8.24)

:

0

0

(8.25)

| |

1,
1,

,

(8.26)

| |

(8.27)

(where ‘s’ is definition of handedness with respect to k)

(8.28)

| |

,
| |
where k 



(8.23)

| |

(

:

(wave number or phase constant), v p 

up
(phase constant in terms of wavelength).

1



(8.29)
(8.30)
2
(Phase velocity), k =


Figure 8‐2 (a) illustrates the plane wave propagation characteristics in right‐handed and left‐
handed orthogonal coordinate system. From (8.19)‐(8.20), [ , , ] form a right‐handed
orthogonal coordinate system for positive values of ε and μ, whereas from (8.21)‐(8.22),
[ , , ] form a left‐handed orthogonal coordinate system for negative values of ε and μ [17, 28,
and 144].

Figure 8‐2 (b) depicts the 2‐layer structure (left layer is a DPS material and right layer is a DNG

material), the direction of Poynting vector S is parallel with the direction of phase velocity or
wave vector in DPS material but these two directions are anti‐parallel in DNG material (right
layer). Figure 8‐2 (c) exhibits CAD HFSS simulation illustrating the plane wave propagation
dynamics using effective medium [28].
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(a)

(b)

(c)

(d)
Figure 8‐2: (a) Right‐han
nded orthogon
nal coordinate
e system for m
materials with positive ε and
d μ, (b) left‐handed
μ, (b) depicts th
he 2‐layer stru
ucture (left layyer is a
orthogonal coordinate syystem for matterials with neggative ε and μ
d (c) CAD HFSSS simulation sh
hows the plane wave propagation
DPS materrial and right laayer is a DNG material), and
dynamics using
u
effective medium [28, 144]
1

From (8
8.24) in LH (left‐handed
(
d) medium phase
p
velocitty vp propaggates backwaard to the so
ource
in the opposite dire
ection to that of power, related too group velocity vg (Figgure 8‐2(c)). The
backward
d propagation implies that the fie
elds have tim
me‐space dependence.. Backward‐wave
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media are media in which the energy velocity direction is opposite to the phase velocity
direction (or, the scalar product between the corresponding vectors is negative). In particular,
this takes place in isotropic materials with negative permittivity and permeability (double
negative media). Negative refraction takes place on interfaces between ‘usual’ materials and
backward‐wave media. Surface waves (waves propagating along a surface but exponentially
decaying in the directions orthogonal to the surface) can exist on interfaces between media
having material parameters of the opposite sign. The anomalous refraction at the boundary of
such media and the fact that for plane wave the direction of the Poynting vector is anti‐parallel
with the direction of phase velocity, can be advantageous in designing compact high quality
factor resonator circuit.
From (8.16) ‐ (8.17), the power flow as shown in Figure 8‐2 (c) is given by Poynting theorem as
[29]






s (    )  d s

 


t

1

1
  2 ) dv     2 dv
2
 



s (    )  d s  s S . d s

 ( 2 

2



(8.31)
(8.32)

  
where S  (  ) is the Poynting vector.
From (8.31)‐(8.32), the propagation of energy will take place at the direction extracted from
Poynting vector. The direction of Poynting vector is same for both LHM and RHM, always
calculated as a right‐hand‐triplet from the electric and magnetic field. From (8.32), average
Power density transmitted by a uniform plane wave in z direction is given as [30]‐[36]:

 02
S av ( z )  aˆ z
e  2  z cos  
(Lossy medium)
(8.33)
2 |c |

2
S av ( z )  aˆ z 0
2


1
S av  Re (   * )
2

(Lossless medium)

(8.34)

(Phasor form)

(8.35)

The realization of true DNG material (metamaterial) is questionable! In general, it is difficult
to build a material or medium simultaneously with negative permittivity and negative
permeability for a broad operating frequency ranges from a set of arbitrary passive structure
unit cells arranged in predefined order. This may lead to violation of energy conservation
principle at the intersecting plane between a RHM (right‐handed material) and LHM (left‐
handed material) media because of the generation of energy. However, an attempt to build the
DNG material or medium based on the fact that for a specific orientation and arrangement of
the passive structure, the values of permittivity and permeability reduces as the frequency
increases till these material or medium initiate demonstrating negative permittivity and
permeability at specific narrowband frequencies and lacks the validity for broadband operation.
It is however, easy to demonstrate independently MNG (negative permeability) or ENG
(negative permittivity) characteristics but achieving negative regime for permittivity and
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negative permeability could be
e challengingg task and need comp
plex and acttive structure to
support the
t evidence
e of DNG maaterial for brroadband opperation. For clear undeerstanding, FFigure
8‐3 exhib
bits the electtromagneticc wave propaagation in diifferent med
dia [16].
8.2.1 Backward Wa
ave Propagaation Dynam
mics in Left‐H
Handed Matterial
A typiccal material which has both
b
negativve permittivvity and perrmeability nomenclatureed as

left‐hand
ded (LH), is where
w
the electric
e
field intensity veector  , and the magnetic field inteensity

 vector forms a lefft‐handed trriplet (Figuree 8‐2(b)).
From (8.24),
(
backkward wave implies thaat the phasse traveling direction iss toward so
ource
instead of
o away from
m source aftter electrom
magnetic wavve enters the Metamateerial (Figure 8‐3).
From (8.3
32) and (8.3
35), the enerrgy flowing direction
d
is aalways awayy from sourcce irrespectiive of
type of the medium the wave is traveling ass shown in FFigures 8‐2 aand 8‐3, thee main differrence
is which side of no
ormal face the
t energy will be flow
wing to [21]. This intrinsic properrty of
negative phase advaance in left‐h
handed matterial exhibitts the propeerties well ssuited for peerfect
lenses orr super lense
es [25].

Figure 8‐3:
8 shows the
e electromagne
etic wave proppagation in diffferent media [1
16]

If the electromagn
e
netic wave propagation
p
is in the z aaxis, in ordeer to transm
mit all the en
nergy
through the
t DNG maaterial slab itt is required that we havve a propagaation constant [26]:
((8.36)
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The ovverall transm
mission coeffficient for th
he wave enttering into D
DNG slab (ε=‐1 and =‐‐1) as
shown in
n Figure 8‐4 is
i given by [2
26]
((8.37)
((8.38)
where t and t’ are the transmission coefficcient of DPS and DNG m
medium, and d is the disttance
the wave
e travels inside the DNG (Metamaterial slab).
The ch
hoice of the propagation constant
is made in order to
o maintain ccausality and
d the
required phase corrrection gran
nts the DNG
G material capability o
of refocusin
ng the imagge by
cancelingg the phase of the tran
nsmitted waave as it proopagates fro
om its sourcce [1]. This is an
interestin
ng phenome
enon, which
h can be usseful towardds improvin
ng the phase‐dispersion
n and
group de
elay in resonator for osciillators and filters
f
appliccations.
8.2.2 Evvanescent Wave
W
Propaggation Dynaamics
Considering the fie
eld expressio
on for TE wavve propagattion in vacuu
um (medium
m 1) is
̅

pagation con
nstant,
where kz is a prop

̅

((8.39)
w
with

((8.40)

Figurre 8‐4: shows the
t wave propaagation from free space (DPSS) into Metamaaterial slab (DN
NG medium) [2
26]

In orde
er to maintain the causaality the field
d must decayy as it goes aaway from tthe interfacee; the
transmittted (
and reflected field
f
( ) caan be describbed by
̅ ′
̅

((8.41)
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̅

̅

(8.42)

Where
where

and

(8.43)

are the permittivity and permeability of the medium 2 (slab) and

. The transmission, T, and reflection coefficients, R, can be derived by matching the
electromagnetic wave fields at the interface from medium # 1 and medium #2 [26]:
(8.44)
(8.45)
The transmission, T’, and reflection coefficients, R’, of the transition from slab (inside medium
# 2) to medium # 1 is given by
(8.46)
(8.47)
The expression of the wave transmission coefficient ( ) through both the interfaces can be
derived by adding the multiple scattering dynamics, described by
(8.48a)
...

(8.48b)
(8.49)

For metamaterial (DNG medium), ε=‐1 and =‐1
→

→

(8.50)

, →

≅

, →

(8.51)

where
→

(8.52)

, →

From (8.51)
→

, →

=

(8.53)
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The overall reflectiion coefficient can be givven by (Rr) aas[26]
1

((8.54)

uations (8.45
5), (8.47) and
d (8.54)
Simpliffying the Equ
→

, →

→0

((8.55)

From (8.55), the re
eflection coe
efficient
is zero in DN
NG medium. The conseq
quence of having
negative index →
, →
) refraction result inn the wave o
of the form
ou
utside
the slab (DNG) that couple
c
to waaves of the form
f
inside the sllab (DNG). TTherefore, evven if
the wave
es decay outtside the slab
b, they are amplified
a
onn the inside o
of it, recoveering an imagge on
the oppo
osite side off the slab, frrom the sou
urce, and all done by th
he transmission process [26].
Since the
e wave decaay in amplitu
ude not in phase, as theey get furtheer from the source, the DNG
slab focu
us the image
e by amplifyying these waves
w
ratheer than correecting the p
phase. Figure 8‐5
illustrate
es the evanesscent field variation
v
in DNG
D
slab.

Evanescent field
Distance in DNG Slab (d)
i Metamateriial slab (DNG),, shows ampliffication of evanescent wave inside
Figure 8‐5: Evanescent field variation in
the DNG sllab [26]

These features
f
can
n be utilized
d for improving the Q‐faactor of the evanescent mode resonator
because both the prropagating and evanesce
ent waves c ontribute to
o improving the group d
delay.
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This phen
nomenon do
oes not violaate energy conservationn law becausse evanescen
nt wave doees not
transportt the energyy [27].
8.2.3 Phase Velocitty, Group ve
elocity, Enerrgy Density
8.2.3.1
Phase Velocity
From (8.23),
(
the phase veloccity of a wave is the rate at which the phaase of the wave
propagattes in space or medium. The phase velocity
v
is giiven in term
ms of the wavve’s frequen
ncy ω,
wavenum
mber k, veloccity of light c,
c and refracctive index nn, given by [228]‐[29]

√

((8.56)
√

((8.57)

8.2.3.2
Group Ve
elocity
oup velocityy is the rate at which the
e envelope oof the waveform is prop
pagating in sspace
The gro
or mediu
um, i.e. the rate
r
of variattion of the amplitude
a
off the wavefo
orm. Assuming the waveeform
is not disstorted significantly durring propagaation, it is thhe group veelocity, whicch representts the
rate at which
w
inform
mation (and energy) is transmittedd by the wave. Howeveer, if the waave is
travellingg through an
a absorptivve and strongly disperssive medium
m, this cond
dition no lo
onger
holds. Fo
or certain co
ondition, it is possible to
t reduce thhe group veelocity to zeero, stoppingg the
wave, orr have negative group velocity,
v
maaking the waave appear to propagatte backward
ds. In
isotropic media, the group velocity is given as
a [28]
((8.58)
oup velocity,,  is the waave’s angularr frequency,, k is the wavve number.
Where vg is the gro

Figurre 8‐6: shows the
t typical reprresentation of electromagneetic wave veloccity

The fun
nction ω(k), which givess ω as a funcction of k, is known as th
he dispersio
on relation. If ω is
directly proportionaal to k, then the group
p velocity i s exactly eq
qual to thee phase velo
ocity.
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Otherwise, the envelope of the wave will become distorted as it propagates. Figure 8‐6 shows
the typical pictorial representation of the electromagnetic wave velocity.
From (8.56) and (8.57) [29],
(8.59)
,

0

where

(8.60)

From (8.60), for positive refractive index n, the group velocity is always smaller than the
phase velocity and smaller than the speed of light in vacuum.
From (8.60), for negative refractive index material (n < 0), the group velocity can take any
value because
0 in a low‐loss media, including materials with negative refractive index.
8.2.3.3

Energy Density

It is well known that any physical media other than vacuum is dispersive [28]. The expression
of energy density U for non‐dispersive media can be described by [30]:
| |

| |

| |

→

| |

(8.61)

From (8.61), the physical requirement of the existence of the positive energy density is given
by
0,
From (8.61), for Metamaterial ( ,

0

(8.62)

0 the energy density results of negative value, which

yields nonphysical result. Equation (8.62) is compatible with ( ,

0 , provided

| |

and

| |

. Hence, physical left‐handed media is highly dispersive (Metamaterial resonator

exhibits negative value of ε and  in the highly dispersive regions just above resonances). For
Metamaterial, backward‐wave propagation implies opposite signs between phase and group
velocities [31], can be expressed as [29]
2

2

(8.63)
0

(8.64)
0

(8.65)

√ .
Backward wave transmission line can form a non‐resonant LHM (left‐handed material) [28, 35].
Where

8.3

and

are the phase and group velocity respectively, and

Realization of Negative Refractive Index material (NRIM) Components

The refractive index is the most fundamental parameter to describe the interaction of
electromagnetic radiation with matter. It is a complex
where
is generally
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being co
onsidered to
t be posittive. While the condittion of
0 does not violatee any
fundame
ental physicaal law, matterials with negative inndex exhibitt interestingg propertiess. For
example,, electromagnetic wave
e when refrracted at ann interface between po
ositive refraactive
index maaterial (PRIM
M) and a neggative refracctive index m
material (NR
RIM), is ben
nt in the “wrrong”
way with
h respect to the
t normal, result in gro
oup and pha se velocity aare antiparallel.
A posssible‐but nott only‐appro
oach to ach
hieve a NRIM
M in a passsive medium
m is to design a
material in which the (issotropic) permittivity
p
and the (isotrropic)
permeab
bility
obe
ey the inequ
uality [35]‐[441]
| |

| |

0

((8.66)

This leads to a ne
egative real part of the
e refractive index
√ . Equation
(8.86) on
nly holds good for passiive media and the equaality condition is satisfieed, if
0 and
0 . But this is not a necessaary condition, there mayy be magnetically activee media (
1)
forr which (8.66) is justifieed and show
w a negativee real part o
of the
with a positive real part
refractive
e index . From
F
[100], the incorporating impeddance term Z in the gen
neral relationship
between the refractiive index can
n lead to mo
ore general rrelationship [37]
2

| |

((8.67)

| |

2
where

((8.68)

, the directio
on of the Poyynting vectoor and wave vectors are governed b
by the

sign of

and

respectivelly [101].

Therefo
ore, the sign
n of

| |
| |

should be
b negative for the NRIIM. Equation (8.68) req
quires

beingg negative fo
or the absorb
bing effectivve. medium and positivee for a NRIM
M. The
key to th
he design off the artificiial NRIM ressonator is t o select novvel geometrric shape so
o that
induced currents form loops with a relativelyy uniform diistribution o
of the induceed current, w
which
ment.
producess a strong magnetic mom
In gene
eral, three tyypes of typiccal geometry are used ffor the realizzation NIRM
M components: (i)
split‐ringg resonatorss, (ii) couple
ed wire setss, (iii) and ddielectric ressonators. Figure 8‐7 deepicts
these ressonators, wh
hich exhibit negative
n
refractive inde x property d
described in (8.66) [38]‐[[52].

(a)

(b)

(cc)

es that exhibit negative refraactive index prroperty: (a) Split ring
Figure 8‐7 illustrates the typical resonaator geometrie
w sets, and (cc) dielectric ressonators [53].
resonator, (b) coupled wire
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8.3.1 Split Ring Ressonator (SRR
R)
As shown in Figure 8‐7 (a), Sp
plit‐ring reso
onator (SRR ) produces a negative p
permeabilityy just
above th
heir resonantt frequency,, typically th
hese structurres are bi‐an
nisotropic exxhibiting cou
upled
electric and
a
magnettic effects [52]‐[53].
[
A negative reefractive ind
dex transmission pass‐‐band
occurs at
a the resonant freque
ency of the
e split ring when wirees that pro
ovide a neggative
permittivvity are aliggned with their axis parallel to the plane of the loo
op [54]‐[56]. By
incorporaating concen
ntric split rin
ngs in conjunction with varactor dio
odes as show
wn in Figuree 8‐8,
resonantt frequency can
c be switcched and tun
ned for multti‐band appliications [17, 46, and 57].

Figure 8‐8: show
ws the typical geometries
g
of metamaterial
m
rresonators forr switchable baand operation.

8.3.2 Coupled Wire
e Sets NRIM
M
Figure 8‐7 (b) show
ws a typical coupled wirre constructted as negattive refractivve index material
(NRIM) that uses pairs of conduccting wire sttrips, or otheer shapes, w
which are spaaced apart in the
direction
n of wave pro
opagation att a distance much smalleer than the w
wire’s width
h [53].
As shown in Figure 8‐7(b), the electric field interactts with lineaar elements of the structure
t negative permittivity,
p
, whereas magnetic
m
fieldd interacts w
with the small gaps betw
ween
leading to
conducting elements, exciting anti‐parallel
a
currents inn the open loop of the two condu
ucting
es, leading to
t negative permeabilitty [58]‐[86]. While coup
pled wire sttructures caan be
structure
built as a bulk Metam
material, sin
nce the desirred properti es are achieeved face‐on
n, the structu
ure is
planar byy design. Th
hus the axis perpendicular to the m
material facee has a diffeerent permitttivity
and perm
meability thaan do the axxes parallel to
t the materrial face. Eveen though th
he working aangle
of the Metamateria
M
l is broad, the
t refractio
on angles oof different polarization
ns will eventtually
decouple
e because th
he structure is uni‐axial [52].
[
8.3.3 Dielectric
D
ma
aterial reson
nator NRIM
Dielecttric material resonator NRIMs
N
(Figu
ure 8‐7(c)) u ses a non‐conductive p
particle with
h high
permittivvity, comparred to that of the surrrounding maaterial, to ccreate negattive permeaability
[58]. The
e shape of the inclusion
ns determines the resonnant frequeencies as weell as the levvel of
anisotrop
py. The reso
onances are Mie resonances (name d after Gusttav Mie for his theory o
of the
electrom
magnetic wave scatterin
ng of sphere
es) for cubees and spheres: the fiirst resonan
nce is
magneticc; the second
d resonance
e is electric [5
59]‐[72].
316

8.4
Metamateria
M
al (NRIM) Mo
odel
There are
a differentt models to describe the Metamateerial behavio
or (negative permittivityy and
negative permeabilitty), but the resonator an
nd transmis sion line mo
odels are mo
ost common
n that
use the analogy
a
betw
ween natural medium an
nd artificial M
Metamaterial [21].
8.4.1 Resonator
R
Model
Figure 8‐9 shows the typical artificial metaamaterial reesonator mo
odel, which cconsists of d
dipole
t
wire fo
or creating negative pe
ermittivity a nd split rin
ng for negattive permeaability
shaped thin
medium.. By adjustin
ng the spaccing and dim
mension of dipole shap
ped thin wirre and split ring,
negative permittivityy and perme
eability medium in microowave frequ
uency region
n can be reaalized
menclature as double neggative mediuum (DNG).
simultaneously, nom

Figure 8‐9:: shows the typ
pical coupled SRR,
S
exhibits ne
egative permitttivity and perm
meability at ressonance [35]

Figure 8‐9 shows the
t 3‐dimen
nsional SRR‐m
metal wire w
which exhib
bits negativee refractive index
propertie
es (ε < 0 and  < 0) for the realizaation of mettamaterial resonator, th
herefore resstricts
the uses in planar microwave
m
circuit applicaations [22]. For the application in p
planar microwave
devices, 2‐dimensio
onal transmission‐line networks
n
caan be perio
odically loaded with sseries
capacitorrs and shun
nt inductors for the realization of nnegative reffractive indeex, such meedium
makes le
eft‐handed material
m
and
d supports propagating
p
g backward waves exhib
biting a neggative
refractive
e index overr a wide bandwidth [23]‐‐[24].
8.4.2 Transmission
n line model (TLM)
A typiccal transmisssion line iss a uniform and homoogenous stru
ucture with invariant ccross‐
section along
a
the direction of propagation,
p
which can transmit siggnals from zzero to veryy high
frequenccies [29]. In general,
g
TLM
M can be classified as Rigght‐handed (printed microstripline)). The
Left‐hand
ded (Metam
material) material is nott available inn nature and can be arrtificially creeated,
nomenclature as CRLH (compossite right/lefft‐handed) m
material. Traansmission line model ((TLM)
assumes Metamaterrial as an issotropic and
d homogeneeous medium as contraary to reson
nator
model. A TLM can be
e represente
ed by distrib
buted series impedance (Z) and shun
nt admittancce (Y)
in terms of electric permittivity
p
(ε)
( and magn
netic perme ability () [222] as
⇒

; Z’ is impeedance per u
unit length = Z()/d

((8.69)

⇒

; Y’ is admitttance per unit length = Y()/d

((8.70)

The efffective propaagation consstant

of
o right‐handded (normal) material iss given by
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((8.71)
The serries inductan
nce and shunt capacitan
nce of right‐hhanded material is given
n by
,

,

,

((8.72)
√

((8.73)

From (8.69)
(
to (8.73), the efffective permittivity is connected with series inductancee and
permeab
bility is conne
ected with shunt
s
capacitance for rigght‐handed m
material.
For leftt‐handed maaterial (Mettamaterial) that
t
exhibitss negative peermittivity aand permeab
bility,
change in polarity iss implementted for the realization oof negative series impeedance for ((8.69)
and negaative admitttance for (8
8.70). There exists a revverse symm
metry betweeen right haanded
medium and left handed mediu
um, hence series
s
inducttor and shunt capacitorr in right‐haanded
medium is replaced by series caapacitor and
d shunt induuctor in thee unit cell off the left‐haanded
material (Metamaterrial) as show
wn in Figure 8‐10
8
[21]‐[2 2].
/

⇒

((8.74)

/

⇒

((8.75)

pacitance C’’ = C/d and sshunt
From (8
8.74)‐(8.75),, the left‐handed mediu
um distributeed series cap
inductance L’ = L/d.
The efffective propagation constant
10 and iss given by [97]

of left‐handded (Metamaaterial) is sh
hown in Figu
ure 8‐
/

/
√

((8.76)
From (8
8.76), the ph
hase velocityy and group velocity of l eft‐handed material is ggiven by

√

√

′ ′

((8.77)

′

′

((8.78)

From (8.77) and (8.7
78), direction
n of group velocity
v
is oppposite of th
he phase velocity, and ggroup
velocity has
h positive value.

(a)
(b)
Figure 8‐10
0: Equivalent circuit
c
of the metamaterial
m
unit cell (a) Genneral model, (b
b) LC model (using shunt inductors
for affectin
ng εr and seriess capacitors for affecting µr ) [22]
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This im
mplies that phase
p
will propagate baackward andd the group velocity dirrection (Poyynting
Vector) is
i forward as
a the direction of energy flowing away from the sourcee. In an isottropic
medium for right‐handed mediu
um, the phasse and grou p velocity has same direction, therefore
no dispe
ersion pheno
omenon. Ho
owever, in left‐handed medium (LH
HM) the ph
hase velocityy and
group ve
elocity are 180 degree
e out of phase (directiion is anti‐p
parallel with
h group velocity
direction
n), implies medium
m
is dispersive.
d
From (8.77)), the negative phase velocity in LHM
medium leads to the
e negative re
efractive inde
ex, which caan be given b
by
((8.79)
((8.80)
ocity of light in free spacce
Where c is the velo
8.5
Physical Reallization of Metamateria
M
al Componen
nt for Oscillaator Circuitss
Cascad
ded composiite right/leftt‐handed strructures (CR
RLH) with unit dimensio
on much sm
maller
than the
e guided wavelength
w
behave as Metamate rial, produccing simultaaneous neggative
permittivvity (εr) and permeability (μr) prroperties. A CRLH‐TL consists of a conventtional
transmission line (TLL), or a right‐‐handed (RH
H) TL, and itss dual consissting of seriees capacitorrs (CL)
and shun
nt inductor (L
( L), termed a left‐hande
ed (LH) TL a s shown in Figure 8‐11.. CRLH strucctures
may be realized in many
m
differe
ent forms su
uch as in M
Microstrip TLL, SIW, and CPW [39]. TThese
types of TLs can be designed
d
to provide a nonlinear
n
phhase responsse with resp
pect to frequ
uency
[136]. With
W proper coupling
c
and terminatio
on (either oopen or short), CRLH reesonators caan be
designed
d.

(a) Microwaave realization of metamaterrial (MTM): Losssles Transmisssion line (CRLH
H unit‐cell)

CL LR

R
CR

G

LL

(b) Equivalent circuit model of lossyy (R>0) CRLH un
nit‐cell
Figure 8‐11
1: A typical equ
uivalent circuitt model of CRLLH unit‐cell: (a)) Lossles (R=0) transmission line represenattion of
CRLH unit cell, and (b) Lo
ossy circuit mod
del of CRLH un
nit‐cell [39]
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Compaarison betwe
een the disp
persion relattions of the convention
nal resonato
ors and the CRLH
resonato
or under unbalanced co
ondition is illustrated iin Figure 8‐‐12. Note th
hat the spu
urious
(higher order)
o
resonances are not
n at the haarmonic freqquencies an
nd the modee spacing maay be
manipulaated. Balan
nced conditio
on may also
o be achieveed by overlaapping the shunt and sseries
resonantt frequenciess, thereby crreating smoo
oth transitioon from LH to RH regions.
CRLH resonator exhibits a uniq
que resonancce m = 0, at the frequen
ncies:
open
 res
  ssh 

short
res
 se 

1
LL C R

1
LRCL

(a)

((8.81)
((8.82)

(b)

o a (a) conventional micros trip line and (b) CRLH Transm
mission Line [3
39]
Figure 8‐12: Disperrsion diagram of

The unloaded quality factor Qo is independ
dent of the pphysical lenggth of the sttructure and
d only
depends on one of tw
wo present losses,
l
eithe
er G or R,
Qooppen 

1 CR
G LL

((8.83)

CL
LR

((8.84)

Qosshort  R

For instance, shortt‐circuited fo
ormat is preferred in ordder to avoid
d conductor loss of the sshunt
inductance LL. In ad
ddition, unlike the con
nventional rresonator, sspurious ressonances caan be
ency away from harmoonic frequeencies and Q‐factor caan be
engineerred to arbittrary freque
improved
d as comparred to the co
onventional resonators
r
[[40].
When aforementio
oned zeroth order reson
nators (ZOR)) operate un
nder balanceed condition
n, the
mode spacing and Q‐factor
Q
beco
ome depend
dent. The phhase slope o
of the resonaant structure can
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be manipulated to either incre
eased mode
e spacing/d ecreased Q
Q‐factor or d
decreased m
mode
spacing/iincreased Q‐factor.
Q
How
wever, unde
er unbalanceed condition
n, the modee spacing an
nd Q‐
factor be
ecome independent an
nd it has be
een demonsstrated wheere first‐order mode caan be
consideraably increased (from ƒmoode1/ƒmode0 = 3.5 to 5.33)), without saacrificing thee Q‐factor [4
41]. A
high‐Q re
esonator baased on unb
balanced CR
RLH resonatoor was builtt using lump
ped compon
nents
with the first‐order resonance occurring
o
att around 5 ttimes ƒmode0. However, tthe perform
mance
e when thee resonatorr is built u
using distrib
buted
was deggraded due to undesirred leakage
technolo
ogy. To preve
ent the radiaation, prope
er shielding m
may be addeed or lower modes such
h as n
= ‐1, ‐2, etc.
e may be used to prevent leakage
e radiation. If the size iss not the con
nstraining faactor,
higher orrder modes such as n = +1,
+ +2, etc. can
c be exploored.
Figure 8‐13 showss the typicall CRLH SIW structure, w
which is a ggood candidate for oscillator
resonato
ors because of high‐Q faactor. In addition, CRLH
H substrate integrated w
waveguide (SIW)
th
structure
e can suppo
ort 0 order and negattive order rresonance aand therebyy miniaturizee the
circuit [43].
As shown in Figurre 8‐14, the one unit‐ce
ell CRLH SIW
W structure and miniaturized CRLH
H SIW
antennass based on negative
n
ord
der resonance. The rad iation throu
ugh the interdigital capaacitor
creates radiation
r
loss and it is difficult to use
e this as a guuided‐wave application,, such as a caavity.
Shielded CRLH SIW can howeve
er eliminate
e the radiat ion by enclosing the to
op side with
h the
e proposed structure has
h small siize when o
operated in the left‐haanded
metallic shield. The
d high qualitty factor due
e to the wavveguide natu
ure.
frequenccy region and
Figure 8‐14 shows the propose
ed shielded CRLH
C
SIW unnit‐cell and tthe dispersio
on relation o
of the
e. Even with the shield, this
t structure shows CRLLH characterristic.
structure
Figure 8‐15 shows possible candidates of shielded CR
RLH SIW ressonators. It iis noted thaat the
resonato
ors are direcctly excited by a strip line type feeeding structu
ure. Howeveer, we could
d use
Microstrip line input using the trransition of Microstrip
M
li ne to strip liine.

(a)

(b)

Figure 8‐13 (a) The con
nfiguration of the
t CRLH SIW unit‐cell
u
and (bb) Its applicatio
ons to resonato
or antennas [4
43]

321

(a)

(b)

4: (a) The struccture and (b) The
T dispersion relation of thee shielded CRLH
H SIW unit‐celll [a preliminaryy work
Figure 8‐14
carried outt at UCLA as a joint
j
collaboraation research work
w
with Syn ergy Microwavve Corp.

(a)

(b)
Figure 8‐15: Possible ressonator structures using the
e shielded CRLLH SIW (a) Oppen ended and
d (b) Short end
ded [a
a a joint collab
boration researrch work with Synergy Micro
owave Corp.
preliminary work carried out at UCLA as
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Figure 8‐16 shows the typical layout of the
e CRLH CPW
W resonator ffor low phasse noise oscillator
applicatio
ons. CRLH based ZOR using CPW
W technologgy may pro
ovide high‐Q
Q with spu
urious
resonancces far away from the harmonic resonances since this resonator d
dimension iss not
proportio
onal to the resonant fre
equency as the conventional Micro
ostrip resonator. Also, w
when
th
operated
d in 0 ‐order mode, it caan also be miniaturized.
m
CRLH based
d ZOR in CPW
W technologgy has
been use
ed for miniatturized band
d pass filter application
a
[[44].
Similarr concept maay be applied in designin
ng resonatoor for oscillattor application. Howeveer, as
previously mentione
ed, one majo
or problem with the strructure mayy be the und
desired radiation
leakage [41].
[
This may be alleviated by encclosing the sstructure insside the wavveguide shieeld or
using MIM capacitorr rather than
n edge coupled capacitorrs.

(a)

(b)

Figure 8‐1
16: Possible re
esonator struccture using th
he shielded CCRLH CPW (a) Top view an
nd (b) Side viiew [a
preliminary work carried
d out at UCLA as a joint colllaboration reseearch work with Synergy M
Microwave Corp
p. as a
part of thiss research worrk]

8.6
CSRR (Complementary Split Ring Ressonator) forr Oscillator C
Circuit Appliications
ws the typical circular Split‐ring resonator (SRR) that is one kin
nd of
Figure 8‐17 show
Metamatterial provid
ded effectivve positive permittivity (ε) and neegative perm
meability (μ
μ). As
shown in
n Figure 8‐17 (a), SRRs can induce resonating currents in the loop an
nd thus generate
equivalen
nt magnetic dipole mom
ments. On th
he other hannd, complem
mentary split‐ring reson
nators
(CSRRs), a duality form of SRRs shown in Figgure 8‐17 (bb), behaves as electric d
dipoles that need
an axial electric
e
excittation and arre able to exxhibit negatiive permittivvity [42].
Typicallly, waveguid
de structure
es are often utilized wheen it comes to the need
d of high Q‐ffactor
and high power handling capability. When these wavegguide structtures are loaaded with M
MTMs
such as SRRs
S
or CSRR
Rs, they can operate below their ori ginal cut‐offf frequency and thus achieve
size redu
uction. However, main disadvantagges in using conventional waveguid
des are high
h cost
and the difficulty
d
in fabrication.
f
In addition, it is also nott easy to loaad MTMs to the conventtional
waveguid
des. Substraate integratted waveguides syntheesized in plaanar form by two row
ws of
metallic via
v embedded in a diele
ectric substraate have serrved as a good candidatte in realizingg low
cost and highly integrated wave
eguide components, sinnce SIWs caan be easily fabricated using
printed circuit
c
board (PCB) techn
nology.
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(a)

(b)

(c)
a equivalent magnetic
m
dipoles (b) CSRRs, as equivalent eelectric dipoles, and (c) equiivalent
Figure 8‐17: (a) SRRs, as
o CSRR [42]
LC model of

Moreover, it is verry convenien
nt and efficiient to crea te CSRRs on
n the surface of SIWs, w
which
he structure
es more app
pealing and competitivee (Figure 8‐18). Figure 8‐19 show
ws the
makes th
reconfigu
urable dual‐‐band oscillator at 2.67
75 GHz andd 3.77 GHz using printted planar CSRR
embedde
ed in an SIW
W cavity [45].
As sho
own in Figurre 8‐19, dual band osccillator conttains a diod
de to provid
de the switching
capabilityy of the osscillator. Wh
hen the dio
ode is on, itt behaves aas a doublee ring CSRR that
resonate
es as the low
wer frequenccy (2.675 GH
Hz), whereass if the diode is turned off, it becom
mes a
partially single‐ring CSRR
C
that re
esonates at the higher frequency ((3.77 GHz). Because thee SIW
cavity loaaded with CSSRR can provvide high‐Q and low losss, the realizeed oscillatorr had a low p
phase
noise (~ ‐120 dBc/H
Hz @ 1MHz offset). Thiss structure is promisingg to operatee at even h
higher
o the SIW ccan be easilly scaled down. With lo
oaded
frequenccy (> 15 GHzz) since the dimension of
CSRR on
n the SIW cavity
c
surfacce, it can create
c
a veery narrow band reson
nance below
w the
waveguid
de cutoff frrequency, and hence an
a electricallly small an
nd high‐Q reesonator caan be
realized. Installation of a shieldin
ng may be necessary.
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(a)

(b)

Figure 8‐18: (a) a typiccal SIW cavity, (b)
( a typical layyout of the SIW
W cavity loaded
d with CSRR an
nd diode [45]

8.7
Slow Wave Metamateria
M
al Resonatorr (SWMR)
Conven
ntional Microstrip couplled lines eve
en and odd modes exhib
bit differentt phase velo
ocities
due to the inhomoggeneous dielectric medium [120]‐[1124]. Signals on a coup
pled line aree the
superpossition of an even and od
dd mode an
nd discrepanncy between
n phase velo
ocities of thee two
modes iss undesirable for high quality reso
onator for low phase noise oscillaator applicaations
[121[. Slo
ow wave haas been dem
monstrated in many sysstems by ussing very diffferent methods,
such as the
t electrom
magnetic ind
duced transparency [188] and the ccoupled reso
onator strucctures
[19]‐[20].
Slow waves
w
on priinted cascad
ded split ringg resonatorss or lattices o
of resonant elements exxhibit
interestin
ng characterristics in terms of phase
e velocity, group velocitty, energy velocity, radiation
and atte
enuation chaaracteristicss, quality factor, and leeft‐handed material feeatures (neggative
permittivvity and neggative perme
eability) near the resonaance conditiion [104]. Fiigure 8‐20 shows
the typiccal representtation of slo
ow wave dyn
namics in seeries coupled split ring aand nanopaarticle
resonato
ors that exhib
bit left‐hand
ded and evan
nescent modde propagation characteeristics [37].

(a)
(b)
(c)
Figure 8‐19: (a) A typicaal layout of Du
ual‐band Oscilllator with Com
mplementary SSplit‐Ring Reso
onator, (b) osccillator
2
GHz (FOM
M=171.8), and
d (c) oscillator output
o
at 3.77 GHz (FOM=1669.1) [45].
output at 2.675

There is significantt interest in
n slow wave metamaterrial resonato
or (SWMR) ffor the design of
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low phasse noise miicrowave siggnal sourcess. Slow‐wavve Metamatterial coupleed line structure
improvess the group delay
d
and eq
qualization of
o the phasee velocity.

(a)

(b)

(C) 1‐D LHM: cylindrical DRs in TE mod
de

(d) 2‐D lattiice structure using cylindrical DRs

(e) 3‐Dimensional
3
meability materrial
negative perm
e dynamics inn (a) series co
oupled split rin
ng, (b) nanoparticle
Figure 8‐20: A typical representation of slow wave
resonatorss that exhibit le
eft‐handed and
d evanescent mode
m
propagaation characterristics, (c) 2‐D LHM: cylindriccal DRs
in TE mode
e cutoff paralle
el plate waveguide (‐ε) [36], (d) 2‐D lattice structure for o
one dielectric‐resonator scheeme in
the cutoff Waveguide, an
nd (e) 3‐Dimen
nsional negativve permeabilityy material [37].

326

The Metamaterial based high‐Q resonators provide added advantages such as prevention of
unintended generation of harmonic oscillation and structural dimensions that are not dictated
by the resonant frequency. Metamaterial with their unique properties in conjunction with slow
wave dynamics allow for the design of compact tunable oscillators, filters, phase‐shifters and
microwave sensors, which otherwise is difficult to achieve using conventional design
approaches.
To design integrated oscillator circuits, printed coupled split ring resonator structures enable
readily the integration of active devices as an integral part of the resonator. Microstrip based
designs are compatible with wafer‐level integration and lead to the integration of active device
elements as an integral part of the coupled split ring resonators.
Recently, metamaterial coupled‐line circuits had been attempted by placing two lines next to
each other [32]‐[34] with capacitor loadings to enhance coupling. The coupling is capacitive and
mostly through the fringing electric fields. The edge coupling between two (coplanar)
metamaterial lines is usually weak, particularly on PCB with minimum required line spacing.
One would need to enhance the inductive coupling significantly to equalize the phase velocity
and to obtain necessary impedance for the odd and even modes.
8.8
Examples: Tunable Oscillators Using Slow Wave Metamaterial Resonator (SWMR)
It has been known that the phase noise of the oscillator depends on the Q‐factor of the
resonator. But the phase noise of the integrated oscillators is limited by the low Q‐factor of the
on chip inductors in the conventional LC based resonator tank. In general, Q‐factor of the on‐
chip inductor ranges from 10‐20 at X and Ka band. The transmission line slow wave resonators
having the metamaterial property exhibit improved Q‐factor, enabling lower phase noise
characteristics. The main advantages of these structures are high Q‐factor, easy fabrication, low
radiation loss and sharp selectivity. As a possible candidate, high‐Q, non‐radiating composite
right/left‐handed (CRLH) Stripline resonator is discussed. CRLH resonators based on Microstrip
and co‐planar waveguide have previously been researched [40, 41, and 143]. This type of CRLH
based resonator provided relatively compact size; however, only moderate Q‐factors could be
achieved due to undesired leaky‐wave radiation loss.
In order to suppress the undesired radiation loss and further increase the Q‐factor, CRLH
based stripline resonator is preferred. Stripline configuration inherently has good radiation
suppression; therefore, loss from radiation may be suppressed. A possible CRLH based
resonator is shown in Figure 8‐21 (a). The total length is less than λg/4. Therefore, the overall
length can be miniaturized in comparison to the conventional λg/2 stripline resonator. To
facilitate the fabrication process and avoid the use of vias, we are currently using open stubs. If
uses of vias are permitted, the overall dimension can be reduced further by adding vias to the
stubs, thereby reducing the stub lengths. The simulated S21 is shown in Figure 8‐21 (b). The
substrate material used for the realization is RT/Duroid 5880 with εr = 2.2 and tan = 0.0009.
The thicknesses for both substrate and Superstrate are 20 mils. Calculated unloaded‐Q is
around 300. Therefore, using CRLH based stripline resonator, higher Q‐factor can be obtained in
a relatively compact form. The Q‐factor may be further improved after optimizations. We will
also investigate other type of miniaturized/high‐Q resonators.
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As ano
other candid
date, a substtrate‐integraated waveguuide (SIW) lloaded with
h complementary
coupled resonator, which
w
is originally depictted in [77, p p. 358] has been studied to form a high‐
Q resonaator. The strructure is sh
hown in Figure 8‐21 (c)) and it consists of two
o complementary
coupled resonators facing each other side‐‐by‐side in oorder to red
duce the radiation loss. The
simulated S‐parameters result is
i plotted in
n Figure 8‐221 (d), usingg the same aforementiioned
e (RT/Duroid
d 5880). The
e dimension of the resoonator itself (excluding the feed lines) is
substrate
around 18mm
1
by 12m
mm (< λg/2). The simulated results sshow that, the structuree has an inseertion
loss of 1.34dB
1
at 4.51GHz. The unloaded‐Q
Q has also bbeen calculaated to be aaround 180. It is
worth mentioning th
hat this SIW loaded with
h complemeentary coupleed resonato
or is analogo
ous to
l
with complimentary split rin
ng resonatorrs (CSRRs). Itt can also crreate a pass band
the one loaded
below the original SIW cutoff fre
equency and hence the ssize reductio
on can be achieved.
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Furth
hermore, th
he tunabilityy of such structure hass also been investigated
d. By insertting a
varactor inside the slot
s of the complement
c
tary coupledd resonator as shown in
n Figure 8‐21 (e),
resonancce frequencyy can be variied; results are
a plotted i n Figure 8‐221 (f), with th
he varactor vvalue
changingg from 1pF to
o 0.1pF. As a result, the
e center freqquency of th
he pass band
d can be chaanged
from 4.86GHz to 5.39
9GHz, which
h is roughly 10%
1 of relatiive bandwid
dth.
Varractor

(e) Top view (a preliminaary work carried out at UCLA as a joint collaaboration reseaarch work with
h Synergy) [154
4]
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Figure 8‐21: Compleme
entary coupled resonator equipped
e
withh a varactor (e) top view aand (f) simulated S‐
er results
paramete

8.8.1 Tun
nable 2‐4 GH
Hz oscillatorr using SWM
MR
The no
ovel approacch is to imprrove the group‐delay annd reduce th
he effective d
dimension o
of the
resonato
or by incorpo
orating multiple concenttric split‐ringg resonatorss without inccreasing thee area
occupied
d by the reso
onator [149]. They are very
v
attractivve to use in the wirelesss communiccation
systems [46]‐[49]. Figure 8‐22
2 (a) shows the typicall block diaggram of 2‐4 GHz VCO using
metamatterial slow wave
w
resonator. Figure 8‐22
8
(b) exhiibits the phaase noise plo
ot of oscillattor as
shown in
n Figure 8‐22
2 (a).
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Figure: 8‐2
22 (a): A typical block diaggram of Metaamaterial slow
w‐wave resonaator (SWMR) oscillator, layo
out of
oscillator circuit
c
is realize
ed using 20 mills RT/Duroid 5880 with εr = 22.2.

8.8.2 Multi‐band
M
Oscillators
O
ussing Printed
d Slow Wavee Metamateerial Resonattor
Efforts to miniaturrize wirelesss communicaations hardw
ware have leed to compaact radio deesigns
with tun
nable oscillaators, such as VCOs, to
o cover a number of different frrequency bands.
Howeverr, tunable osscillators typ
pically exhib
bit tradeoffs between ph
hase‐noise p
performancee and
power co
onsumption [106]‐[119]..
Attemp
pts to develop multiban
nd VCOs witth low phasee noise ofteen yield largge, power‐hu
ungry
circuits. Numerous techniques
t
take
t
aim at compact soource solutiions for multiple‐band radio
designs, including switching
s
among
a
sepaarate VCOs,, using inteermodal multiple‐frequ
uency
circuits, or switchingg among mu
ultiple reson
nators [130] . However, they are ineevitably largge, or
power hungry, or with
w poor ph
hase noise. For example, switched resonators suffer from
m the
resistive and capacitive parasiticc circuit elem
ments associiated with th
he switches.. Mode switching
has been
n used to sellect among multiple
m
osccillation moddes of resonant circuits, in ways thaat the
losses an
nd nonlineaarities of th
he switches do not afffect the steeady state and phase‐noise
However, th
performaance of the resonators.
r
his approachh does not in
nvolve concu
urrent generration
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of signals, and is lim
mited in term
ms of achievving reducedd source sizze, power co
onsumption, and
design cyycle time.

FOM
M=‐190.75 dB
Bc/Hz
PFTN
N=13.25 dB
Tuniing: 2000‐40000MHz

PN@ 1MHz=‐156
6 dBc/Hz
f0=4 GHz
G

Figure 8‐22 (b): Measurred Phase Noise Plot of 2‐4
4 GHz Metamaaterial slow‐w
wave resonatorr (SWMR) oscillator,
ned in Ch‐1, Eq
q. 1.1) is ‐190 .75 dBc/Hz for a given pow
wer‐frequency ttuning
measured figure of merit (FOM: defin
d (PFTN: define
ed in Ch‐1, Eq 1.2) 20.26 dB, with power cconsumption o
of 120mW (Vccc=5V, Ic=24mA
A), o/p
normalized
power is tyypically better than +3dBm.

Traditio
onal band‐sselect sourcces have in
ncorporated multiple rresonators, VCOs, or o
other
tunable oscillators,
o
but
b any band‐selection switch ineviitably degrades the perrformance o
of this
type of multiband
m
so
ource. This new
n class off oscillator uusing Metam
material slow
w‐wave resonator
network as shown in
n Figure 8‐23 (a) synchrronously gennerates the signals need
ded for multiple‐
band, multimode
m
communicat
c
tions. They provide thhe perform
mance of separate tun
nable
oscillatorrs with sign
nificantly re
educed size and powe r consumpttion compared to separate
oscillatorrs, for use in
n multiple‐baand, multimo
ode wirelesss communicaations systems.
The VC
CO circuit showed in Figure 8‐23 (a) works w
without mulltipliers or sswitching am
mong
resonato
ors and/or oscillators. This is why they redduce the co
omplexity, ssize, and p
power
consump
ption compaared to othe
er multiple‐ssignal‐generration metho
ods along w
with good phase‐
noise pe
erformance [148]. The CAD simullated phasee noise plotts (Figure 8
8‐23 (b)) off the
prototype source (Figure 8‐23 (a))
( is typicaally better tthan ‐130dB
Bc/Hz @ 1 M
MHz from eeither
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carrier raange. The measured
m
ph
hase noise plots
p
shownn in Figure 88‐23 (c) agreee with thee CAD
simulated data with
hin reasonab
ble degree of accuracyy (3‐5 dB vaariation). Th
he multiple‐‐band
VCOs req
quires only +5
+ VDC and 20 mA, and
d delivers +33 dBm typicaal output po
ower for Ban
nd #1
(2‐2.5 GH
Hz), Band #2 (2.5‐3 GHz), Band # 3 (3
3‐3.5GHz), a nd Band # 4 (3.5‐4 GHz)). For multim
mode,
multiple‐‐frequency‐b
band wireless equipme
ent, this onee source (Figure 8‐23 (a)) may bee the
match off traditionally many VCO
Os.

Figure: 8‐2
23 (a): A typicaal layout of mu
ulti‐band oscillator using evaanescent modee Metamateriaal resonator neetwork
realized ussing 20 mils RT//Duroid 5880 with
w εr = 2.2
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23 (b): CAD simulated Phase Noise Plot of multi‐bandd Metamateriaal slow‐wave rresonator oscillator,
Figure 8‐2
predicted phase noise @ 1MHz offsett is ‐130dBc/Hz for Band #1 (2‐2.5 GHz), B
Band #2 (2.5‐3
3 GHz), Band # 3 (3‐
3.5GHz), and Band # 4 (3.5‐4 GHz)

ulti‐band Metaamaterial slow
w‐wave resonaator based osccillator
Figure 8‐23 (c): Measurred Phase Noise Plot of mu
easured figure of merit (FOM: defined in Ch
h‐1, Eq. 1.1) is ‐179 dBc/Hz fo
or a given pow
wer‐frequency ttuning
circuit, me
normalized
d (PFTN: defined in Ch‐1, Eq.1.2) 2.04 dB, with power coonsumption off 100 mW (Vccc=5V, Ic=20mA
A), o/p
power is tyypically 3.3dBm
m.
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From Figure 8‐23, what kind of communications device can benefit from such a multiple‐
signal source? WLANs are among the most popular of wireless applications, in home and office
environments, operating within different frequency bands, notably within the Industrial‐
Scientific‐Medical (ISM) band from 2.40 to 2.50 GHz and various bands from 5.15 to 5.85 GHz. A
WLAN radio capable of operating within both bands might work with switchable VCOs,
although a more fully integrated multimode radio design would be based on a single signal
source capable of covering both bands, such as an MMSRO (multi‐band Metamaterial slow‐
wave resonator oscillator).
The basic principle of a multimode radio is to process two or more signals of differing
frequencies at the same time, using only one transmit/receive signal‐processing chain. Figure 8‐
24 shows a frequency plan for a dual‐band, 2.4‐GHz/5‐GHz WLAN transceiver system. It is based
on a single 8‐GHz VCO with a divide‐by‐two divider in a frequency synthesizer to generate a 4‐
GHz signal. This is followed by divide‐by‐four divider to reach 1 GHz. These in‐phase (I) and
quadrature (Q) signals are mixed in a quadrature single‐sideband (SSB) mixer to produce the 5‐
GHz signal which is further divided to obtain the 2.4‐GHz signal. This approach requires multiple
buffer, divider, and filter stages to produce signals for a dual‐band WLAN radio. The multiple
signals could also be generated by starting with lower‐frequency signals and adding multipliers.
But in cases where quadrature frequency converters are used, multiplication is rarely used for
the final stage of frequency conversion, given the difficulty of working with differential outputs
at higher frequencies.
Frequency
Synthesizer
Divider#1

Divider#2

Divide by 2

Divide by 4
QUAD-SSB MIXER

VCO: 8GHz

4GHz

Q

I

I

Q
Q

5GHz LO

CMOS
Buffer
Chain

Divide by 2

5GHz LO

2.4GHz LO

I
Low Swing
LC Buffer

CMOS
Buffer

Zin~200

Zin~2

1GHz

Figure 8‐24: Frequency plan for a 2.4/5 GHz WLAN transceivers
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Conventional single‐output oscillators generate periodic waveforms, essentially a single
frequency and its harmonic signal components. Tunable oscillators based on higher‐order
resonators can provide multiple modes of oscillation and can generate multiple, independent
frequencies, individually or simultaneously [75]‐[101].
A single‐output tunable oscillator is a good starting place to design a multiple‐band oscillator.
A single‐frequency tunable wideband oscillator incorporates a varactor‐tuned second‐order
resonator network to generate a signal at a desired frequency. It employs an active device,
such as a bipolar transistor, terminated in a parallel or series inductive‐capacitive (LC) resonant‐
tuned circuit. A parallel LC resonator network exhibits a high parallel resistance (or anti‐
resonance) while a series LC resonator network provides a low series resistance (or resonance).
Such a design will inevitably be limited by the capabilities of the transistor, the electrical
contributions of its package, and the large change in capacitance needed to tune the oscillator
over a broad frequency range [69]‐[89].
A multimode, multiple‐frequency oscillator will require more than a simple parallel LC
network and an active device. An oscillator circuit that can produce two simultaneous
frequencies must be capable of simultaneous negative resistance values at two distinct
frequencies, and a higher‐order resonator is needed for that purpose. The order of the
resonator is dependent upon the number of different frequency signals/bands desired.
Whereas a simple second‐order resonator network produces one frequency, a fourth‐order
resonator network can produce two simultaneous frequencies. The trick in designing such an
oscillator is learning the values of negative resistance needed to support the multiple separate
frequency bands, and this information can be found by performing network analysis. Such
analysis contributed to the design of the multimode, multiple‐frequency oscillator is unveiled in
Figure 8‐23 (a). The filters employed in the multimode oscillator are meant to assist with mode
leakage, such as when the oscillator circuit oscillates in dual modes. The amount of mode
leakage from a given design will depend on the spectral selectivity of the succeeding filter for
that portion of the circuit as well as the design requirements for the tunable oscillator.
8.8.3 MCSWMR (Mode‐Coupled Slow‐Wave Metamaterial Resonator) VCO
It is important to achieve low phase noise in various applications. The phase noise increases a
bit error rate in telecommunication links, degrades stability of beam in particle accelerators and
decreases sensitivity of radars. DROs represent an interesting solution to improve the stability
by reducing the bit error rate because high quality factor of a Dielectric Resonator (DR) allows
for achieving an excellent phase noise performance at microwave and millimeter wave
frequencies. Dielectric resonators are ceramic materials which have high dielectric permittivity,
high quality factor, and high temperature stability, have a much smaller size compared to cavity
resonators; therefore, they are frequently employed in the design of frequency stable RF
circuits, especially in oscillators.
When high data‐rates have to be transferred, as with M‐QAM modulation in LTE, LMDS, and
fixed frequency point‐to‐point digital radio and satellite‐links, these systems need low phase
noise signal sources either free running or phase‐locked. RADAR systems and Research
Laboratories also require ultra‐low noise sources to generate ultra‐low noise carrier signals. A
wide range of military, industrial, medical, test and measurement markets demand these very
336

stable frequency sources with enhanced phase noise performance and low thermal drift. A
popular solution in the range of 3 to 30 GHz frequency spectrum is the dielectric resonator
oscillator (DRO), recognized for its superiority in ultimate noise floor and spectrum purity when
compared to other competing solutions such as multiplied lower frequency fundamental
sources.
A novel mode‐coupled self‐injection locked VCO (voltage controlled oscillator) is developed in
response to replacing expensive DRO (Dielectric Resonator Oscillator) for reference signal
sources for modern communication systems. One of the problems related to the Dielectric
Resonator (DR) is fabrication in integrated circuit (IC) form due to its 3‐D structure. Mode‐
coupled slow‐wave metamaterial resonator approach described in this thesis offers cost‐
effective and integrable alternative for DRO circuits. For example, the typical measured phase
noise for 10.21 GHz carrier frequency at 10 kHz offset is –109 dBc/Hz with 300 MHz tuning in
0.750.750.18 inch circuit board size. The reported topology is not limited to this frequency,
and can be extended to other frequency bands (2 GHz to 24 GHz with 500 MHz or more tuning
range) by dynamically controlling mode‐coupling mechanism. Figures 8‐25, 8‐26, and 8‐27
show the typical block diagram, layout, and measured phase noise plot of the 10.2 GHz VCOs
using a SiGe Hetrojunction‐bipolar‐transistor (HBT) active device that was fabricated on Rogers
substrate material with a dielectric constant of 2.2 and thickness of 20mils
(microstripline/stripline) for the validation of the new approach. The oscillator topology for
such applications can use supply voltage between +5 to +10 V and the internal voltage
regulation gives high immunity to power supply noise. The supply‐current is typically 20 mA and
the temperature range is specified from ‐40°C to +85°C.

Noise Feedback
DC-Bias Network
Injection-Locking
 opt1

Tuning-Diode
Network

Mode-Coupled
Slow-Wave
Metamaterial
Resonator

B

SiGe HBT
C
Dual- Emitter

Output

E

Feedback
Network
Noise Figure
Minimization
Network
Figure: 8‐25: shows block diagram of 10.2GHz MCSWMR (Mode‐Coupled Slow‐Wave Metamaterial Resonator) VCO
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26: A typical layout of 10.2
2GHz MCSWMR (Mode‐Couppled Slow‐Wave Metamaterial Resonatorr) VCO
Figure: 8‐2
realized ussing 20 mils RT//Duroid 5880 with
w εr = 2.2, PCB
P size is 0.75 x0.75/0.18 incches

For this particular oscillator ciircuit layoutt (Figure 8‐226) a DC bias of 10 Voltt and 30 mA
A was
provided
d, the measu
ured output power exce
eeds +5 dBm
m. As shown
n in Figure 8
8‐27 (a), theere is
hump be
etween 40 kH
Hz and 1 MH
Hz; and dip at
a 1 MHz offfset from the carrier, po
ossibly due to the
resonato
or’s multi‐mode resonance and mode‐jumpingg phenomeena. By inco
orporating m
multi‐
mode‐injjection‐locking, hump can
c be supp
pressed andd stable osccillation can be guaranteed.
Figure 8‐‐27 (b) show
ws the measured phase
e noise plotts; illustratin
ng the clean
n signal (witthout
hump in phase noise plot). The measured figure of meerit (FOM: d
defined in C
Ch‐1, Eq. 1.1
1) is ‐
202.4 dB
Bc/Hz for a given
g
power‐frequency tuning
t
norm
malized (PFTN
N: defined in Ch‐1, Eq. 1.2) ‐
14.1 dB, with power consumptio
on of 300mW
W (Vcc=10V, Ic= 30 mA), and output power of +1
10.05
dBm. The
T
novel oscillator
o
circuit is large
e in size (00.75x0.75x0..18 inches) but stable over
operatingg temperatu
ure of ‐40°C
C to +85°C, providing ssufficient m
margin for co
ompensatingg the
frequenccy drift caussed due to the change
e in operatinng temperature, includ
ding the pacckage
parasitic and compon
nent toleran
nces. For app
plication reqquiring comp
pact size VCO
O, different ttypes
of printed resonatorr using MCSW
WMR topolo
ogy is develooped and vaalidated for ccurrent and later
generatio
on signal sou
urce applicattions.
8.8.4 Exxamples: Co
ompact Size MCSWMR VCOs
V
Similarr to crystal oscillators, DROs (dielectric resonnator oscillaators) tend to be pron
ne to
vibration
nal noise sincce the dielecctric resonattor itself cannnot be secu
ured mechan
nically. Therefore
vibration
ns must effectively be damped by
b other meeans beforee they reacch the dieleectric
resonato
or. The tiny MCSWMR
M
VCO
V is design
ned with ruggged construction to minimize vibrration
noise an
nd micropho
onic effects to preventt unwanted modulation
n. Its excellent phase noise
performaance makess MCSWMR
R VCOs we
ell suited foor low‐jitteer communication systtems,
reference
e oscillatorss for phase noise meassurement, R
RADAR systeems, SDH/SSONET, cablee TV,
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SATCOM systems, aeronautical
a
l equipmentt, digital raadios (QAM) and laborratory frequ
uency
reference
es. Custom frequencies
f
and package
es (hermeticc) can be devveloped on rrequest.

Figure
e 8‐27 (a): Meaasured Phase Noise
N
Plot of mode‐coupled M
Metamaterial sslow‐wave reso
onator oscillato
or

Figure 8‐27
7 (b): Measure
ed Phase Noise
e Plot of mode
e‐locked 10.2 G
GHz oscillator (hump/ dip ass seen in Figure 8‐27
(a) is supprressed)
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Figure 8‐28 (a) and
d (b) shows the typical layout of M CSWMR ressonator for tthe realization of
MCSWMR VCO in 0..25"x 0.25" x 0.08" inch
hes square ppackage. Figgure 8‐29 (a) – (f) show
ws the
layout off the variouss SMD (surfaace mounted
d device) ve rsion of 0.5""x 0.5" x 0.1
18" inches sq
quare
package developed for
f low costt signal source applicatioons. Figuress 8‐30 – 8‐35
5 shows thee CAD
simulated phase no
oise plots of
o oscillatorr circuits u sing differeent configurration of p
planar
or topologiess.
resonato

(a) A screen
n capture shot of HFFS CAD schematic
s
tool of planar slow
w wave resonattor structure

s
of HFFS CAD schematic tool of Möbiuss coupled struccture
(b) A sccreen capture shot
Figure 8‐28
8: A typical layyout of MCSWMR in 0.25x0.25 inches size for the realizaation of MCSSWMR VCO in 0.25"x
0.25" x 0.0
08" inches pacckage (20 milss RT/Duroid 58
880 with εr = 2.2): (a) slow
w wave resonator, and (b) M
Möbius
coupled slo
ow‐wave reson
nator
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(a)

(b)

(c)

(d)

(e)

(f)

m
devicce) version off 0.5"x 0.5" x 0.18" inches ssquare
Figure 8‐29: A typical laayout of the SMD (surface mounted
f low cost siggnal source applications: (a) 3.2 GHz Oscillator, (b) 4.7 G
GHz Oscillator, (c) 8.2
package arre developed for
GHz Oscillaator, (d) 12.2 GHz Oscillatorr, (e) 14.2 GHzz Oscillator, annd (f) 18 GHz Oscillator (22
2mils substratee, 2.22
dielectric constant)
c
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Simulated phase noise plot of
o Metamate
erial Resonaator Oscillato
ors shown in
n Figure 8‐2
29

Simulated
d phase noise ploot of
14.2 GHz oscillator Fig. 8‐2 9 (e)

SSimulated phase n
noise plot of
118 GHz oscillator FFig. 8‐29 (f)

SSimulated phase n
noise plot of
112.2 GHz oscillatorr Fig. 8‐29 (d)

Simulated phase noise plot
p of
8.2 GHz oscillator Fig. 8‐29 (c)

Simulated
S
phase noise plot of
4.7
4 GHz oscillator Fig. 8‐29 (b)

Simula ted phase noise plot of
3.2 GH z oscillator Fig. 8‐ 29 (a)

Figure 8‐30
0: CAD simulatted phase noise
e plot of Metamaterial Resonnator Oscillato
or circuits as sh
hown in Figure 8‐29

This exxercise is done
d
for th
he basic un
nderstandingg of the d
degradation in phase noise
performaance as operating frequ
uency varies from 3.2 GH
Hz to 18 GH
Hz for given planar resonator
topologie
es, substrate
e, and real estate area.
8.8.4.1
Example: 3.85 GHz Evanescent‐M
E
Mode Metaamaterial Reesonator Osccillator
8
(b), 8‐3
31 (c) and 8‐31
8
(d) shoow the typiccal 3.8 GHz oscillator ccircuit
Figuress 8‐31 (a), 8‐31
schematiic using evaanescent mode‐couplin
m
ng techniqu es to imprrove the peerformance, CAD
simulated
d phase noise plot, CAD
D simulated RF output sspectrum plot, and the measured p
phase
noise plo
ots. The oscillator layoutt is fabricated on substraate materiall with a dieleectric constaant of
2.2 and thickness of
o 20 mil (m
microstripline
e/stripline) using a SiGe HBT activve device, ccircuit
5
and 60
0 mA, measu
ured output ppower exceeeds +5 dBm..
works at DC bias of 5Volt
easured phaase noise is typically
t
‐120
0dBc/Hz @ 10 kHz offseet from the ccarrier frequ
uency
The me
of 3.8 GH
Hz, this is very promisingg result but the main drrawback is zeero tuning. TThese drawb
backs
can be overcome by incorporating Metamatterial based Möbius striips varactor tuned resonator
network which is depicted in Figure
F
8‐32.. As shown in Figure 88‐32, the tu
uning diodes are
incorporaated in the resonator sttructure for improving tthe tuning ch
haracteristiccs. It can be seen
that resonator stru
ucture (Figu
ure 8‐32) exhibits
e
seriies and parallel reson
nance, therefore
susceptib
ble for mode
e‐jumping. Care
C
must be
e taken towaards suppresssing the higgher order m
modes
by phase
e‐injection lo
ocking mechaanism for re
eliable and sttable operattions [145]‐[151].
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Resonattor

31 (a): A typiccal oscillator circuit
c
schematic using evannescent modee‐coupled mettamaterial reso
onator
Figure 8‐3
network (P
Patent pendingg, US Patent Ap
pplication: 619
976185) [145]

Figure 8‐31 (b): CAD simu
ulated phase noise
n
plots of oscillator
o
circuuit shown in Fiigure 8‐31 (a),, it can be seeen that
ng improves th
he oscillator ph
hase noise by 115 dB
evanescent mode couplin
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mulated RF ou
utput of oscillator circuit deepicted in Figu
ure 8‐31 (a), it can be seen that
Figure 8‐31 (c): CAD sim
n 33 dB and 55 dB
evanescent mode coupling improves the 2nd and 3rd harmonicc rejection levvel more than
respectively.

1 (d): The meaasured phase noise
n
plots of oscillator
o
circuiit depicted in FFigure 8‐31 (a)), it can be seeen that
Figure 8‐31
measured phase noise plots
p
illustrate 5‐8 dB improvvement dependding upon of tthe level of cou
upling strength
h for a
d modes.
given phasse‐injection and
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(a)
(b)
2: A typical tun
nable Metamatterial based Möbius strips re sonator: (a) layyout, and (b) eelectrical equivvalent
Figure 8‐32
lumped mo
odel circuits [1
145]

8.8.4.2
Example: 7 GHz Evan
nescent‐Mo
ode Phase‐In
njection Mod
de (EMPIMC
C) Oscillator
e 8‐33 (a) an
nd 8‐33 (b) show the typ
pical 7 GHz ooscillator circcuit schemaatic of cascad
ded 3
Figure
and 5‐ressonators forr the optimizzation of diffferential ph ase injection
n locking, th
hereby impro
oving
the phase noise and operating tuning
t
range
es [150]. Thee design objective was tto improve tthe Q
material ressonator by cascading a progressivve wave evvanescent m
mode‐
value off the metam
coupled resonating network
n
(to lower the phase
p
noise without com
mpromising the tuning rrange
52]. Figure 8‐33
8
(c) sho
ows the CAD simulatedd phase noise plots of oscillator ccircuit
[145]‐[15
illustrated in Figure 8‐33
8
(b), it can
c be seen that phase‐‐injection‐loccking improvves the oscillator
oise by 50 dB
B [147].
phase no

Figure 8‐33 (a): A typicaal 7 GHz oscilllator circuit schematic usinng 3‐section caascaded evaneescent mode‐p
phase‐
ocked metamaaterial resonato
or (Patent Pend
ding, US Patennt Application: 61976185) [14
45]‐[148]
injection‐lo
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Figure 8‐33 (b): A typical 7 GHz oscilllator circuit schematic usinng 5‐section caascaded evaneescent mode‐p
phase‐
injection‐lo
ocked metamaaterial resonato
or (Patent Pend
ding, US Patennt Application: 61976185) [14
46]‐[147]

Figure 8‐33
3 (c): CAD simu
ulated phase noise plots; phaase‐injection‐loocking improvees the phase no
oise by 50 dB [[147].

As sho
own in Figure 8‐33 (c), phase‐injection‐lockingg improves tthe oscillator phase noisse by
50dB. It is
i to note that cascadingg improves the
t Q‐factorr of resonato
or; this is due to the factt that
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at reson
nant conditiion sharp change
c
in permittivityy and perm
meability causing signifficant
increasess in group delay,
d
thereb
by Q‐multiplier effect, tthough caree must be taaken to avo
oid or
suppresss the degene
eration mode
es that limit the applicattion below 220 GHz.
8.8.4.3
Example: Tunable Evvanescent‐M
Mode Phase‐‐Injection M
Mode (EMPIM
MC) Oscillattor
Figure
e 8‐34 show
ws the typical circuit schematic
s
oof tunable progressive injection‐lo
ocked
metamatterial resonaator based oscillator to
opology. Figgure 8‐35 (aa) shows thee CAD simu
ulated
phase no
oise plots, it can be seen
n that phase
e‐injection‐loocking techn
nique improvves the oscillator
phase no
oise by 30 dB
B. Figure 8‐34(b) depictss the measurred phase no
oise plots, it can be seen
n that
phase no
oise plots illu
ustrate typically 4‐6 dB variation
v
oveer the tuningg range from
m 4.25 GHz tto 5.1
GHz for a Vtune (0‐12
2 Volt), whicch otherwise
e can be moore than 10 dB variatio
on in phase noise
performaance over th
he tuning ran
nge for simple transmiss ion line reso
onator based
d oscillator.
Figure
e 8‐35 (c) shows the me
easure tuningg characteri stics, the osscillator tunees from 4.25
5 GHz
to 5.1 GH
Hz for a tuning voltage: Vtune (0‐12 Volt), exhibbits typical R
RF output po
ower better than
3dBm with DC bias of
o 5V, 80 mA.

Figure 8‐3
34: A typical tunable oscillator circuit using
u
2‐dimen sional cascadeed injection‐lo
ocked metamaterial
resonator network (Patent Pending, USS Patent Appliccation: 619761185) [147]
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Figure 8‐35
5(a): CAD simu
ulated phase noise
n
plots; phaase‐injection‐loocking and evaanescent‐mode‐coupling imp
proves
the oscillattor phase noise
e at oscillation frequency 4.5
5 GHz by 30 dB

5(b): The measured phase noise
n
plots, it can
c be seen thhat phase noisse plots illustrrate 4‐6 dB varriation
Figure 8‐35
over the tu
uning range fro
om 4.25 GHz to
o 5.1 GHz for a Vtune (0‐12 Vollt)
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Figure 8‐35
5(c): Measured
d tuning characcteristics of the
e oscillator circcuit shown in FFigure 8‐34 (a), the oscillatorr tunes
from 4.35 GHz to 5.1 GHzz for a Vtune (1‐‐10 Volt) with DC
D power conssumption of 5V
V, 80mA.

8.9
High
H Perform
mance Frequency Synthe
esizer Using MCSWMR V
VCO
Freque
ency synthessizers are th
he essentiall signal sou rces for maany high‐frequency systtems,
from com
mmunication
ns to test platforms. Syynthesizers ccome in many forms, frrom tiny sysstem‐
on‐a‐chip
p (SiC) devicces to large rack‐mount units [99]‐[[103]. The n
number of teechnologies used
to implement them is almost as
a diverse ass their packkage styles, relying on analog methods,
digital te
echniques, and sometim
mes a combin
nation of th e two appro
oaches [104
4‐[107]. For m
many
applicatio
ons, basic frequency
f
synthesizer
s
requirements call for a small uniit with exceellent
spectral purity, but at
a an affordable price. These
T
simple requiremeents drove tthe development
w line of low
w‐noise sources based on
o direct‐diggital synthessis (DDS) at a fraction o
of the
of a new
size and cost of curre
ently availab
ble commerccial sources w
with comparable perforrmance [142
2].
Regard
dless of pacckage style and size, frrequency syynthesizers can be diffferentiated by a
number of key perfformance sp
pecifications, including ffrequency ttuning rangee (if not a ffixed‐
frequenccy synthesizer), output power and
d output‐poower flatnesss across th
he tuning raange,
frequenccy switching speed, phase noise, haarmonic leveels, spuriouss levels, pow
wer consump
ption,
and a nu
umber of otther parame
eters [102]‐‐[128]. Acce ptable levels for thesee parameterrs are
usually se
et by the ap
pplication of interest, witth somethinng like fast sw
witching speeed, for exam
mple,
being im
mportant in a frequencyy‐agile comm
munications system butt not as important in o
other
types of communicaations system
ms [103]. One
O of the m
more common types off synthesizer is a
voltage‐ccontrolled oscillator (VC
CO) stabilized
d by a phasee‐locked loo
op (PLL). A cconventional PLL‐
based fre
equency syn
nthesizer includes a refference phaase detectorr, loop filterr, VCO, and VCO
frequenccy divider (FFigure 8‐36) [104]. Equation (8.85)) defines th
he relationsh
hip between
n the
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output frequencies, fout, where N is the value of divider. From (8.35), the minimum output
frequency step is fref/R. Operating the PFD and reference frequency [105]:
(8.85)
The phase‐frequency detector (PFD) compares the two input signals fref/R and fout/N and
produces an error voltage proportional to the phase difference between them [146]. The loop
filter removes the high‐frequency noise components from the PFD’s output and limits the
bandwidth of the error signal. The filtered error voltage is applied to the tuning port of the VCO
to stabilize its resulting tuned frequency; the error signal drives the VCO frequency (fout) so that
the error voltage at the PFD output is zero when locked [106]. Typically, the VCO frequency
divider is implemented as a dual‐modulus counter to obtain large continuous division of the
VCO output. To vary synthesizer output frequency, fout, N is changed. From (8.85), the
minimum output frequency step is fref/R. Operating the PFD at a lower frequency makes it
possible to achieve a smaller step, but also increases R and N and, in increasing N, the PFD noise
also increases [107]. A PLL synthesizer’s close‐in phase noise is estimated by adding the noise of
the synthesizer, PNSYN to 20logN (where N is the divider value) and 10 log (fPFD):
10
20 log
10 log
20log
(8.86)
/

20

10

; (frequencies are in Hz)

(8.87)

VCO
FREF

÷R

Phase
Detector

Loop
Filter

Power
Divider

FOUT

Single Chip
E.g. ADF4106
÷N

Fig.8‐36: This block diagram shows a simplified PLL synthesizer module

These simple equations reveal, PLL synthesizer design is a matter of tradeoffs [108]‐[142].
From [103], N should be low to minimize phase noise, but fine frequency resolution results
from a PFD that is low in frequency, which leads to an increase in N and degraded noise
performance. Loop filters can limit noise, but also prevent fast switching speed. A higher loop
filter bandwidth yields faster switching speed, but allows noise to pass. A narrower loop filter
cuts the noise level, but with slower switching speed. PLL frequency synthesizers can be
implemented with integer or fractional values of N. Figure 8‐37 shows the typical phase noise
characteristics of integer frequency synthesizer (FSW50120‐50, ref.128) that tunes from 500
MHz to 1200 MHz with the step size of 500 kHz, switching time of < 5ms. The typical spurious is
‐65 dB with 10 MHz reference frequency. To improve the performance of the integer frequency
synthesizer, divider “N” can be implemented as a fractional divider instead of integer divider
[131].
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Figure 8‐37
7: This phase‐noise plot typifiies the perform
mance of an intteger‐N PLL synthesizer

For exaample (as shown in Figure 8‐38), a commercial
c
ffractional‐N source (LFSW160290‐50, ref
[128]), th
hat tunes fro
om 1600 to 2900
2
MHz in
n 500‐kHz stteps and wo
orks with a 10‐MHz referrence
might haave spuriouss levels of ‐60dBc and switching sspeed of 1m
ms. When b
better frequ
uency
resolutio
on is needed
d, a DDS‐based multi‐loo
op synthesizzer design caan be used, such as in FFigure
8‐39. In this
t case the
e DDS clock is fed by a selectable ffrequency syynthesizer, w
which provid
des a
fixed set of frequenccies based on
o the parallel selectionn lines. The DDS unit, w
with its resolution
measured in microh
hertz, provides the fine frequencyy resolution
n. As with other frequ
uency
synthesizzer design, a DDS has traadeoffs, notaably poor sppectral purityy, and high sspurious leveels.

Phase Noise (dBc/Hz)
Offset
O
frequ
uency from tthe carrier

Figgure 8‐38: This phase‐noise plot
p shows the typical perform
mance of an fractional‐N PLLL synthesizer.
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Fixed, Selectable
Frequency
Synthesizer

FREF

DDS
Clock

VCO

DDS

÷R

Phase
Detector

Loop
Filter

Power
Divider

FOUT

FTW

Freq
Select

÷N

µC

Control Word
N, R

Conventional Synthesizer

Figure 8‐39: This block diagram shows a typical DDS‐based dual‐loop frequency synthesizer.

DDS spurious signal components that fall within the loop bandwidth are not attenuated by
the loop filter. But they can be predicted and moved in frequency by using a different DDS clock
frequency. With this approach, the PFD frequency of the output synthesizer can be high,
improving phase‐noise performance with a 10‐MHz reference while still achieving 1‐Hz
frequency resolution. Such a design has switching speed of better than 1 ms with low phase
noise and better than ‐70dBc spurious performance from 1.1 to 2.5 GHz.
Figure 8‐40 shows a typical block diagram for a DDS‐based low‐noise, fast‐switching
synthesizer based on a VCSO source. The typical synthesizer generates outputs ranging from
530 to 630 MHz with 1‐MHz step size and spurious of ‐70 dBc or better. Since the analog phase
detector has a low noise floor, the synthesizer bandwidth was kept large for faster switching
time (about 200 microseconds) with low phase noise performance. With recent developments
in frequency synthesizers, the DDS shown in Figure 8‐40 can be replaced with a single‐chip
flying‐adder‐based synthesizer [106].

Digital
Phase
Frequency
Detector

REF
IN

Power
Splitter
Analog
Phase
Detector

Power
Splitter

Loop
Filter

Power
Splitter

RF out

VCO
DDS

Figure 8‐40: This is a block diagram of a typical fast‐switching DDS‐based frequency synthesizer.
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A design challenge of developing a synthesizer was to provid high performance in a compact
size (3.25 x 2.25 x 1.25 square in.) and be able to sell for low cost. The first consideration was to
use an oscillator with octave tuning range of 4 to 8 GHz, as in ref [2]. Octave tuning allows
division by two, and frequencies above 4 GHz could be successively generated. Unfortunately,
process, voltage, and temperature variations would make it difficult to guarantee frequency
with precision any better than a few MHz. In additions, synchronization techniques, such as
locking the oscillator to a stable reference source such as an oven‐controlled crystal oscillator
(OCXO), would be needed for stabilization. As Figure 8‐36 shows, a single‐loop PLL can stabilize
any frequency to the maximum oscillator’s frequency. In this approach, the low‐noise crystal
oscillator’s frequency is multiplied by the PLL to the desired output frequency. Because of
frequency multiplication, a 20dB/decade degradation in phase noise is expected. For a 10‐MHz
crystal oscillator with phase noise of ‐174 dBc/Hz at 10kHz offset, the phase noise with
multiplication at 8 GHz could not be better than ‐115 dBc/Hz. Taking advantage of PLL behavior,
ideally the PLL loop bandwidth would be set to the frequency where the ‐115 dBc/Hz multiplied
noise floor of the crystal intersects the trace of the noise produced by the oscillator, about 400
kHz for a typical scheme [107]. This is rather idealized, since the phase detector and the
frequency dividers used in this PLL can degrade the crystal noise floor by about 20 to 30 dB in
commercial PLL ICs.
The PLL contribution to the phase noise PNPLL can be summarized as the root‐mean‐square
addition of two components: PNPD, a component determined by the phase detector comparison
frequency and PNflicker, a flicker component independent of the phase detector comparison
frequency given in (8.86) and (8.87):
/

20 ∙

10 ∙

; (freq. in Hz) (8.88)

In these equations, the PLLFOM and PLLflicker are determined by the PLL design choices, and
usually provided by the PLL manufacturer, where fVCO is the output frequency of the oscillator,
fPD is the phase detector comparison frequency, and fOffset is the frequency offset from the
carrier used when estimating the phase noise. The noise added by the PLL circuit will then be:
/

10 ∙

10

10

(8.89)

A typical case with PLLFOM = ‐220, PLLflicker =‐250, fVCO =8 GHz, fPD =10MHz, and fOffset = 10 kHz
will result in PNPD = ‐220 + 198 – 70 = ‐92; PNflicker = ‐250 + 198 – 40 = ‐92 and the resulting
PNPLL = ‐89 dBc. This is 26 dB higher than the ‐115 dBc/Hz contributed by the crystal oscillator
considered above. For this circuit, setting the PLL bandwidth to about 20 kHz will result in the
best phase‐noise performance for any offset frequency. For an integer PLL, where frequency
division is limited to integer numbers, the output frequency could only be set in 10‐MHz
increments. This is a serious limitation, since many applications require a smaller step size, say
1 Hz to 10 kHz. For an ideal noise floor of ‐174dBc/Hz, with a 1 kHz comparison frequency at 8
GHz that noise multiplied results in a ‐36 dBc/Hz PLL noise floor. Even if such noise would be
acceptable, the PLL loop bandwidth should be set to about 100 Hz, subjecting the design to
high‐level microphonic effects. Such a small loop bandwidth will also greatly increase the
settling time of the PLL.
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Settling time is determined by loop bandwidth and the time needed to charge the loop filter’s
capacitors with limited charge pump current. A decent design with a 10‐kHz loop bandwidth
may use a 1‐micro Farad capacitor in the loop. With a charge pump current of 5 mA,
approximately 5 ms is needed to charge a 1‐micro Farad capacitor to 25 V. Again, with a 10‐kHz
loop bandwidth, the minimum comparison frequency at the phase detector’s input would be
about 100 kHz limiting the step size to the same 100 kHz. This comparison frequency will ideally
result in an 8‐GHz output having a loop noise floor of ‐76dBc/Hz when using a crystal oscillator
with ‐174 dBm/Hz noise floor.
A fractional‐N PLL helps overcome some of these limitations, dynamically changing the
feedback ratio. As a result, the average divide ratio becomes a fractional number. The major
advantage of this technique is that the phase‐detector comparison frequency does not change
with step size. In the following example, the output frequency is 7999.9 MHz and the reference
frequency is 10 MHz. The feedback divider divides 99 times out of 100 by 800 and divides 1 out
of 100 times by 799. The average division ratio is 799.9, the output frequency is 7999.9 MHz
and the phase detector comparison frequency is 10 MHz. The PLL phase noise is PNPLL = ‐89
dBc/Hz, as calculated above, a major advantage over an integer PLL which ideally would only
give ‐76 dBc/Hz.
The drawback of this technique is the introduction of the fractional spurious product in the
spectrum that has a repetition rate determined by the period needed to average the divide
ratio, fspur = 100 kHz in the simple case presented above. Complex fractional‐N PLLs will use
higher‐order DS modulation techniques to mitigate the spurious amplitude, while adding sub‐
fractional spurious content to the signal. Generally, a ‐40 to ‐60 dBc spurious amplitude is to be
expected with this approach, and the PLL loop filter bandwidth must be reduced to attenuate
the spurious content to an acceptable level. A PLL bandwidth of 10 kHz will impose a practical
limit of about 100 kHz on the step size [101].
Spurs generated by the fractional‐N PLL are caused by the inability of digital frequency
dividers to position the transitions of the feedback clock with absolute accuracy in time [133].
The time resolution of the transition is equal with the period of the clock provided at the
divider’s input. A DDS can overcome this limitation by adding a level of analog control to the
transition [134]. By generating an analog sinusoidal wave, the position of the zero‐crossings of
the sine wave can be controlled with high accuracy, resulting in close‐to‐carrier spurious levels
at ‐100dBc/Hz. It is worth mentioning that the DDS, or any fractional frequency divider, will
exhibit a high spurious case when the input frequency of the DDS is close to a rational multiple
of the output frequency. This spurious phenomenon is called “integer boundary spur” and is
particularly difficult to eliminate. For frequency synthesis purpose, the DDS circuit could be
considered as a low‐noise frequency divider, and the output frequency of this DDS divider is
given by
(8.90)
where fDDS is the DDS output frequency, N is a digital number represented with a k‐bit
resolution and fClk is the frequency of the DDS’s input clock. In practice, fDDS is limited to 0.4fClk,
or to about 400‐1000MHz when using modern DDS ICs with fClk as large as 1 to 2.5GHz. The
resolution of the output frequency is typically set to 32 or 48 bits, allowing a sub‐hertz precision
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of the output frequency. The availability of low‐cost, low‐noise VCOs [101]‐[128] clears the way
for small, low‐noise synthesizers. Part of using these sources involves modeling surface‐
acoustic‐wave (SAW) resonators under large‐signal drive conditions for better insights about
noise dynamics of close‐in phase noise, then developing manufacturable methods for
producing high‐purity and temperature‐stable oscillators in chip form. [102].
Figure 8‐41 shows a block diagram for a configurable user‐defined multi‐band low‐noise VCO
with 2‐to‐4‐GHz/4‐to‐8‐GHz/5‐to‐10‐GHz/6‐to‐12‐GHz tuning range. It is compact (0.3 x 0.3 x
0.08 in.), operates at 12 mA and 5 V, and exhibits phase noise of typically ‐135 dBc/Hz offset 1
MHz from the carrier frequency 2GHz [128].
Noise feedback
DC-Bias
Vsupply

Base

3-Terminal BJT/FET
(Active-devices)

RFout
Buffer
Amplifier

Collector

Mode-Coupled
Delay Feedback

Noise-Filtering
N/W

Adaptive-Tuned
Filter Network

Improves far offset
noise performance

Coupled resonator

Injection-Locking
N/W



Injection Locking
Improves close-in
noise performance

Phase Shifter # 1
Phase Shifter # 2

Phase-shifted differential signal fed to resonator
and active device for improved jitter performance

Figure 8‐41: A typical block diagram of an ultra low noise wideband VCO using slow‐wave resonator oscillator in
0.3x0.3 inches size
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(a)

(b)

Figure 8‐4
42: shows the
e prototype model KMTS2
2500‐200800‐110 frequency synthesizer m
module, usingg DDS
technologyy and slow‐wavve resonator oscillator:
o
(a) Modular
M
block ddiagram, and (b
b) prototype h
hardware [142]].

Figure 8‐42 shows prototype version
v
of th
he DDS‐baseed model KM
MTS2500‐200800 syntheesizer
using higgh‐performance adaptive dynamic mode‐couple
m
ed, low‐phasse‐noise VCO
O using pateented
techniques [114, 12
22, and 127
7]. A low‐no
oise PLL m ultiplies a rreference frrequency to
o the
maximum
m frequencyy allowed by the DDS circuit.
c
The DDS output signal is tthen filtered
d and
provided
d as a refere
ence to a secondary PLL that will multiply th
he frequency to the deesired
range. Depending
D
on
o design ch
hoices, the phase‐noisee performance may bee limited byy the
primary PLL, the DD
DS circuit, or
o the secondary PLL. However, the spuriouss performan
nce is
determin
ned by the frequency
f
multiplication
m
n and divisioon implemented by thee PLL circuitss and
the DDS.
A particular examp
ple will show
w why the ch
hoice of freqquencies is iimportant. W
With this mo
odule
(Figure 8‐42),
8
it is de
esired to gen
nerate 2000
0.001 MHz uusing a 10‐M
MHz referencce. The low‐noise
PLL multtiplies the 10‐MHz
1
clock to 1 GH
Hz, and the DDS uses this signal to producee the
62.50003
3125 MHz re
equired by the
t secondaary PLL. Stroong integer boundary sp
purious prod
ducts
may be noticed
n
at this point in the DDS ou
utput at 5000 Hz offset ffrom the ~6
62.5‐MHz caarrier.
That 500
0‐Hz spurious product will be ampliffied by 30 dB
B and would
d be practicaally impossib
ble to
filter outt from the 2.000001‐GHz output signal.
s
The KMTS2500‐200800‐10 [142] emplo
oys a
proprietaary algorithm that sele
ects the be
est combina tion of divide ratios, avoiding integer
boundaryy spurious products, as well
w as other spurious coonditions.
The compact synth
hesizer mod
dule of Figurre 8‐42 (b) ccan generate 2‐to‐8‐GH
Hz outputs w
with a
typical phase
p
noise
e of ‐97 dB
Bc/Hz offsett 10 kHz f rom the caarrier, and typical spu
urious
performaance of ‐50 dBc.
d
Figure 8‐43 shows the typical phase‐noise performancce of the syn
nthesizer for 2 GHz, 4 G
GHz, 6
GHz, and
d 8 GHz outputs. The to
opology can be used at standard an
nd custom ffrequencies for X
and Ka band applications usiing low no
oise VCO [1128], savingg the complexity and
d the
mised reliabiility of otherr reference source
s
soluttions. The Taable 8‐1 offeers a summaary of
comprom
these ressults [153].
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Phase noise performance
‐70.00
‐80.00
‐90.00
‐100.00
‐110.00
‐120.00
‐130.00
‐140.00
‐150.00
‐160.00
‐170.00
1.E+02

2000MHz
3000MHz
4000MHz
6000MHz
8000MHz

1.E+04

1.E+06

Figure 8‐43: These plots show the phase noise of the DDS‐based model KMTS2500‐200800‐10 synthesizer at four
different carrier frequencies [142].
Table 8‐1: Summary of the phase noise performance of KMTS2500‐200800 [153]
PN [dBc/Hz]

KMTS2500‐200800 (2000‐8000MHz)

Offset [Hz] ↓

2000MHz

3000MHz

4000MHz

6000MHz

8000MHz

100.00

‐89.88

‐83.64

‐81.56

‐76.32

‐77.42

1000.00

‐111.52

‐104.51

‐102.73

‐97.01

‐98.70

10000.00

‐123.82

‐116.66

‐114.90

‐109.51

‐111.04

100000.00

‐127.35

‐119.99

‐117.16

‐114.05

‐113.66

1000000.00

‐137.05

‐133.81

‐131.95

‐127.50

‐126.04

10000000.00

‐153.82

‐153.78

‐151.36

‐145.79

‐144.16

Figures 8‐44, 8‐45, 8‐46, and 8‐47 show the phase noise plot of 10.24 GHz synthesized signal
source using novel 10.24 GHz oscillator using printed coupled resonator (slow‐wave resonator,
slow‐wave metamaterial resonator, slow‐wave mode‐locked Möbius coupled metamaterial
resonator, and uisng 128 MHz OCXO locked Möbius coupled DRO) for the application in modern
Radar and communication systems. As shown in Figures 8‐47, the measured phase noise @ 10
kHz offset is ‐139 dBc/Hz for 10.24 GHz carrier, which is best performance to date reported
using this technique for a given size, power consumption and figure of merit (FOM).
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PN@
P
10 kHz=
=‐116 dBc/H
Hz
f0=10.240 GH
Hz

Figure
e 8‐44: Measurred phase noise of the 10.24 GHz synthesizzed signal source uisng slow‐w
wave resonato
or

PN@
P
10 kHz=
=‐125 dBc/H
Hz
f0=10.239 GH
Hz

Figure 8‐45: Measured phase noise of
o the 10.24 GHz
G synthesizeed signal sourcce uisng slow‐‐wave metamaterial
resonator

358

PN@ 10 kH
Hz=‐134 dBc/Hz
f0=10.240 GHz
G

Figure 8‐4
46: Measured phase noise of
o the 10.24 GHz
G synthesizeed signal sourrce uisng slow
w‐wave mode‐llocked
Mobius coupled metamaaterial resonato
or (uses 500 mW
m power conssumption to prroduce 12 dBm
m output poweer)

The measured
m
ph
hase noise plots and prototype unit as sh
hown in Figgure 8‐47 iis an
implementation of novel
n
approaach, providing a 10.24 GHz outputt signal with
h ultra low p
phase
noise. Th
he design lo
ocks a 10.24
4 GHz Möbiu
us coupled 110.24 GHz V
VCO to the harmonics of an
internal 128
1 MHz OC
CXO referencce, using a lo
ow‐noise PLLL with doub
ble‐balanced
d mixer serving as
phase detector [15
53]. By usin
ng frequenccy multipliccation from
m the refereence, the noise
performaance require
ed from the
e mixer and loop filter is relaxed b
by about 40
0 dB. The design
employs low‐noise operational
o
amplifiers to achieve loow noise levvels. The ad
dvantages of this
n is simple and
a small en
nabling sma ll size packaaging, perforrmance over size
topologyy are: design
ratio delivered by th
he architecture is very high,
h
and arrchitecture u
uses comparatively low
w cost
ents. The syn
nthesizer waas characterrized with a model FSUPP signal sourrce analyzer from
compone
Rohde & Schwarz (www.rohde
(
e‐schwarz.co
om). The syynthesizer aand test sysstem were both
placed in
nside a Farad
day cage to minimize th
he effects off outside no
oise sources. The syntheesizer
producess typically +10
+ dBm siggnal at 10.2
239 GHz witth 5V, 300 mA DC biass. The low‐noise
internal OCXO
O
determines the syynthesizer’s performancce for offsett frequenciees between 1
10 Hz
and 1 kH
Hz, with ‐70 dBc/Hz
d
phasse noise at 10
1 Hz offset, ‐122dBc/Hzz at 1 kHz offfset, ‐139dB
Bc/Hz
at 10 kHzz offset. Abo
ove 1 MHz, the
t noise flo
oor is ‐169dB
Bc/Hz. To acchieve full‐sized perform
mance
in miniature packagges, this research worrk describess compact ffrequency ssynthesizers that
leverage novel Möb
bius coupled
d slow‐wave
e mode‐couupled resonaator (SWMC
CR) based ((VCO)
ogy for the stability an
nd low noise needed ffor emergin
ng wideband
d, high‐dataa‐rate
technolo
wireless communicaations systems. The haardware reaalization of phase‐injecction and m
mode‐
24 GHz synth
hesizer is a part of futu ristic develo
opment for tthe realization of
injection locked 10.2
lowest ph
hase noise source
s
for givven costs an
nd a class of synthesizer [153].
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Figure 8‐47: Measured phase noise of
o the 10.24 GHz
G synthesizeed signal source uisng OCXO
O locked slow
w‐wave
mode‐lockked Mobius cou
upled metamaterial resonato
or [153]

8.10

Conclusion

With th
he developme
ent of the MM
MIC fabricatio
on techniquees and the bro
oad application of this arttificial

material,, metamaterial technology is a pro
omising alteernative of high frequeency planar VCO
solutionss. The mode
e‐coupled sllow‐wave Metamateria
M
l resonatorss’ structure based oscillator
reported
d in this chap
pter has the
e potential to
o make a drramatic impact on the d
design of tun
nable
oscillatorr using Metaamaterial re
esonator in compact sizze which oth
herwise can
nnot be achieved
with conventional prrinted transm
mission line resonator. In this chapter, the use of metamaterial
resonato
or structure is
i proposed for the desiggn of compaact high freq
quency planaar VCO solutions.
Metam
material reso
onator prese
ents several advantages in comparisson with con
nventional p
planar
resonato
or, as for example [135]‐[154]:







High
H Q‐factorr
Im
mproved selectivity
Easy integration in MIC/M
MMIC technologies
Small dimenssions and we
eight
Multi‐band
M
ch
haracteristiccs
Relatively insensitive to EMI
E and EMC
C
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Figure 8‐48 shows the CAD sim
mulated S21 plots of meetamaterial ssplit‐ring, M
Möbius stripss, and
Metamatterial Möbiu
us strips reso
onator; fabricated on su bstrate material of dieleectric constaant of
2.2 and thickness
t
of 12 mils [148
8]. As shown
n in Figure 88‐48, Metam
material Möb
bius strips (M
MMS)
exhibits superior S211 characteristics resulting in improoved Q‐facto
or, suppressses the spu
urious
resonancce modes, therefore staable broadb
band operattion as compared to m
metamaterial split
rings and
d Möbius strrips resonator that exhiibits undesiired second‐order modees (marked: Blue
trace‐Mö
öbius Strips; Green trace
e‐Metamate
erial Split‐Rinngs). The tyypical oscillator layouts using
these ressonators (me
etamaterial split rings) shown
s
in Figgure 8‐29 aree sensitive to
o mode‐jum
mping,
causing reliability isssues. To overcome
o
mode‐jumpin
m
ng issues an
nd tuning p
problems, m
mode
ulating the phase
p
velocitty by introduucing Mode‐‐Suppression
n Ring that allows
stabilizattion (manipu
multi‐mo
ode‐self‐injection into th
he Mobius Sttrips cavity, improves th
he stability) ttechnique.

Figure 8‐48
8: CAD simulatted S21 plots in (dB): (a) Metamaterial split‐ rings, (b) Möbius strips, and (c) Metamaterial
Möbius strrips resonator networks [148
8]

el mode‐coup
pled self‐inje
ection Metaamaterials M
Möbius Stripss resonator based tunab
ble X‐
A nove
band osscillator for RADAR ap
pplication is developeed for high
h frequencyy signal sources
applicatio
ons [148]. Fiigures (8‐49)), (8‐50), and
d (8‐51) show
w the typicaal block diagram, layoutt, and
measured phase no
oise plot of the 10.24 GHz oscillattor using a SiGe Hetro
ojunction‐bip
polar‐
transistor (HBT) activve device. Figure 8‐51 sh
hows the meeasured phase noise plo
ot, offers sup
perior
FOM=‐21
16dBc/Hz @ 1MHz offse
et calculated
d from Eq. 1 given in reff [45]. The O
O/P power iss 11.3
dBm, 500
0MHz tuningg range with
h 5VDC and 80mA.
8
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Noise Feedback
DC-Bia
as Network
Injec
ction-Lockin
ng
 opt 1

Tuning-Dio
ode
Network
k

Mobius-Coup
M
pled
M
Metamateria
al
Split-Ring
Resonator

B

SiGe
e HBT
BFP
P 740

C

O
Output

E

Noise
e
Feedba
ack
Phase-Disp
persion
Minimiza
ation
Netwo rk

Figure 8‐49: A tyypical block diaagram of X‐ban
nd Metamaterrials Möbius Sttrips Resonatorr VCO [148]

Figure 8‐5
50: A typical laayout of 10.24
4GHz Metamat erial Möbius V
VCO (0.90.9 in
n) [148]
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1: Measured phaase noise plot off X-band Metamaaterial Möbius V
VCO (oscillator llayout is shown in Figure 8-48) [148]
Figure 8‐51

As show
wn in Figure
e 8‐50, realization of Metamaterial M
Möbius Strip
ps using discrrete compon
nents
in planarr domain is challenging
c
task,
t
therefo
ore future woork is in proggress to devvelop integraated
MMIC ussing current technologies.
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Chapter 9
High Performance X‐band Oscillators
9.1
Introduction
Phase noise can be a limiting factor in modern communications systems, especially those that
rely on phase‐based modulation. Phase noise can increase the bit error rate (BER) of a
telecommunications link, degrade the stability of beams in particle accelerators, and degrade
the sensitivity of radar systems [1].
The high quality factor (Q) of a dielectric resonator makes it possible to achieve oscillators
with excellent phase‐noise performance at microwave and millimeter wave frequencies.
Dielectric resonators are fabricated on ceramic materials with high dielectric permittivity, high
Q, and high temperature stability. They have much smaller size compared to cavity resonators;
therefore, these resonators are frequently employed in the design of frequency stable RF
circuits, especially in oscillators [2]‐[5]. When high data rates must be transferred as with
multiple quadrature amplitude modulation (M‐QAM) schemes in Long‐Term‐Evolution (LTE),
local multipoint distribution service (LMDS), and fixed‐frequency point‐to‐point digital radios
and satellite‐communications (SATCOM) links, such systems rely on free‐running or phase‐
locked signal sources with ultra‐low phase noise performance. Such spectrally pure sources are
also invaluable for radar systems and in research laboratories [6]‐[23].
A wide range of military, industrial, medical, and test‐and‐measurement markets demand
stable frequency sources with low phase‐noise performance and low thermal drift. Dielectric
resonator oscillators (DROs) have provided low‐noise solutions in the frequency range from 3 to
40 GHz, with spectral purity that compares favorably to other competing solutions such as
multiplied frequency fundamental sources [24]‐[29].
9.2
DRO Circuit Topology
A typical DRO circuit uses high‐Q dielectric resonator (DR) and active device in a
series/parallel feedback configuration to achieve the negative resistance required for stable
oscillations showed in Figure 9‐1 [8, 30]. The series feedback DRO (Figure 9‐1(a)) is the most
common type of DRO mainly because it is easy to handle than the feedback type once the
oscillator‐core exhibits the required reflection‐gain at the resonant frequency [25]. The
oscillator core consists of an active device the input port of which does present a reflection
coefficient of magnitude >1 to the connected resonator arrangement. The latter is simply
formed by the Dielectric Resonator (DR) placed in close proximity to a microstrip line
terminated with its characteristic impedance (reaction type resonator) as shown in Figure 9‐
1(a). Adjustment of phase is done by moving the DR along the line at constant distance and
adjustment of reflection magnitude and thus level of oscillation can be done by varying the
distance between line and DR [24].
Figure 9‐1(b) shows the typical parallel feedback (transmission type) DRO circuit, constructed
by a set of two microstrip parallel lines mutually coupled through the interaction with a DR
placed between them (transmission type resonator). The transmission lines do not require a
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9.3
Dielectric Resonator (DR)
The DR is typically a piece of a dielectric material (usually manufactured in a circular shape
such as a disk or cylinder) with very high (much higher than 1) relative dielectric constant, εr,
that acts like a resonant cavity by means of reflections at the dielectric/air interface. The DR can
resonate in a number of modes and frequencies depending on the type of material,
dimensions, and the proximity and shapes of enclosures [12].
Figure 9‐2 shows a typical DR in a polar coordinate system the magnetic wall at  = a used for
providing insight into possible resonant conditions for a given physical dimension, such as L, the
length of the DR, and a, the radius of the DR [13, 28]. It can be shown that by matching the
tangential fields at the resonator (dielectric/air) interface, at | z | = L/2 it is possible to derive
following expression [14]
L
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where  and  are the imaginary and real propagation constants.
From (11.1) and (11.2) [28]
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By solving the transcendental equation (9.5), resonant frequency (f0), length (L), and radius (a)
of the DR is given by [28]
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Where L is the length of DR, a radius, r is the relative permittivity, and c is the speed of light.
From (9.6), the transcendental equation yields two possible solutions for resonant
wavelength,  but only one of these is valid in yielding a deterministic solution within the
dielectric (r) and air (o) [2].
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As shown in Figure 9‐2(a), an approximate frequency formula for commonly used TE01 mode
with about 2% accuracy within the ranges indicated is given by [2]

f res 

D

 3.45 (GHz) ,

D   r  2L

68

0 .5 

D
 2; 30   r  50
2L

(9.7)

where D denotes the DR diameter and L its length (both in mm).
A closed conductive containment for the DR‐assembly leaving openings for the ports only is
recommended otherwise the unloaded quality factor (Qu) would be diminished by radiation
loss. Since the proximity of the surrounding matter does alter the boundary conditions to some
degree the resonant frequency is shifted upwards in case of metal (conductive) proximity and
downwards in case of dielectric proximity for the TE01 mode [15].
The determination of the Eigen modes of the complete resonator arrangement (DR and
cavity) using CAD tool (3D‐EM HFSS from Ansys; www.ansys.com) allows for verification and
adjustment of the geometrical parameters of the DR, and tuning elements for a desired
resonant frequency while at the same time identification of unwanted modes (modes in the
vicinity of the desired one) and also giving estimation for Qu.
Designing and building low phase noise oscillator circuits based on DRs is not trivial, given the
nonlinear nature of the active devices needed for the oscillators as well as the tedious task of
placement of the puck and disk resonator [16]. The parallel feedback topology shown in Figure
9‐1(b) offers more than six degrees of freedom plus the additional parameters of the matching
networks, makes suitable for production.
9.4
Design Methodology of Parallel Feedback 10 GHz DRO Circuit
In this section, design steps are discussed for dielectric resonator oscillators (DROs) that can
deliver stable signals at microwave through millimeter‐wave frequencies.
With the aid of a unique Möbius coupling mechanism, these fundamental‐frequency
dielectric‐resonator oscillators operate through 10 GHz with extremely low phase noise.
Design Steps:
(i)
Figure 9‐3 illustrates the typical layout component with resonator interface and
matching structures. The upper matching section between resonator and gain element
is split to create a fixed (e.g. 50) impedance level between them to allow arbitrary
phase shift to be inserted (meandered if necessary) without changing the outer
impedances. Additionally this allows access to an open loop S‐parameter simulation and
optimization. In order to simplify the process further, the matching process is treated
separately and variable reference impedances are used instead at the oscillator‐core's
input and the resonator‐element's output respectively.
(ii)

The lower section is a cascade of a stub‐matching element and a 180° meandered
transmission line allowing for adjustment of the mechanical length while maintaining
the reflection coefficient of the oscillator core's output.
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Figurre 9‐3: A typicaal layout component with ressonator interfaace and matching structures

(iii)

Using
U
CAD to
ool (ADS 2013 from Agile
ent; www.hoome.agilent.com) a layo
out‐componeent is
crreated with ports interfacing the re
esonator andd the gain‐ellement. In o
order to speeed up
th
he optimizattion‐processs microstrip library elem
ments only aare used and
d a synchronized
scchematic (i..e. analyticaal) model created.
c
Thiis allows a coarse opttimization tto be
co
onducted ussing the analytical repre
esentation and a subseq
quent fine op
ptimization using
EM co‐simulation. This may save significant
s
ccomputation
nal effort iff the differeences
e two reprresentationss are ratheer small w
which unforrtunately iss not
between the
guaranteed depending
d
on
n the actual situation annd frequencyy.

(iv)

Figure 9‐4 sh
hows the 4‐‐port 3D die
electric diskk resonator model with
h port referrence
(sshown for port
p
1) de‐embedded to
o the actuall interface p
positions. Th
he resonato
or's S‐
parameters are
a taken fro
om the resullts of a 4‐poort model 3D
D‐EM simulation (Figure 9‐5).
The reference
e positions of
o the four ports
p
requireed to match the corresp
ponding posiitions
in
n the layout componentt. The effectt of the twoo tuning varaactors has b
been modeleed by
vo
oltage depe
endent lump
ped boundarry conditionns at their respective places, the tu
uning
vo
oltage beingg an addition
nal paramete
er of the HFSSS‐model.
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Figure 9‐4:: 4‐port 3D resonator model with port references (shownn for port1) de‐‐embedded to the actual inteerface
positions.
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Figure 9‐5:: S11 magnitude
e (red) and S21 magnitude (bllue) and phasee (green) of thee 4‐port modell above for a tu
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voltage of 7 V.
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(v)

Figure 9‐6 sh
hows the typ
pical oscillattor core moodel includin
ng bias stab
bilization circcuitry
co
onsisting of the layout component
c
for EM co‐simulation, m
models for the gain elem
ment,
th
he bias‐stabilization tran
nsistors and additional llumped com
mponents. Th
he oscillatorr core
co
onsists of a BFP740 tran
nsistor (from
m Infineon) in common emitter con
nfiguration aand a
bias‐stabilizattion circuitry. The planaar EM co‐si mulation is utilized in cconjunction with
ubstrate and pad scalaable lumped
d componennt models ffrom Modelithics as weell as
su
caalibrated intternal ports for
f them.

6: Oscillator co
ore model including bias stabilization circuuitry consistingg of the layoutt component ffor EM
Figure 9‐6
co‐simulaation, models for the gain ele
ement, the biass‐stabilization ttransistors and
d additional lum
mped compon
nents.

(vi)

A broadband
d S‐parameter analysis of the oscil lator core iss recommen
nded in order to
id
dentify potential instability issues along
a
with a vailable and
d associated
d gain propeerties.
Since the reggions of instability are rather
r
small and very cllose to unityy magnitudee it is
unlikely to en
ncounter instability sincce lossy ma tching and phase shiftiing elementts are
likely to force the termiinations insiide the stabble region anyway, therrefore addittional
sttabilization measure is not necessary. Figuress 9‐7, 9‐8, 99‐9, 9‐10 sh
how the plo
ots of
sttability facto
or, stability circle, gain
n characteriistics of thee oscillator core, and noise
figure.
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Figure 9‐7: Shows the plot of the stab
bility factor “K”” versus frequ ency (uuncond
ditional stability is not comp
pletely
satisfied)

(vii)

The complete setup doe
es allow forr an open looop 2‐port S‐parameteer simulation
n the
re
eference impedances off which bein
ng additionaal variables o
of the probllem. Since tthe S‐
parameter daata for the re
esonator does not reflecct DC properrties ideal DC‐blocks mu
ust be
added if nece
essary while in reality an
n open circuiit is present at 0 Hz.

Figure 9‐8: Sou
urce (blue) and
d load stability circles (black) at the most crritical frequenccy (9 GHz)
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Figure 9‐9: A typical gaiin characteristtics of the oscillator core (n ote that the m
maximum available gain is iinvalid
ential instability between 7 GHz
G and 13 GHzz).
within the region of pote

Figgure 9‐10: A no
oise figure and minimum noi se figure versu
us frequency

(viii)

Figure 9‐11 shows the CA
AD simulatio
on circuit foor (in ADS 20013) open lo
oop (small siignal)
S‐‐parameter simulation and optim
mization settup. For the coarse o
optimization,, the
raandom or hybrid
h
optim
mizer is utilized. There is a set of four main
n goals: |S111|<R,
|SS22|<R, |S21|>Gmin and QL≥1k at or closely arouund the targget frequenccy f0. Approp
priate
vaalues for the limits are 20log(R) = (‐20) dB annd 20log(Gm
min)=6 dB. QL is derived from
th
he frequencyy of maximu
um gain and
d the correspponding 3 dB
B‐bandwidth
h f according to
QL=f0/f. Sincce the targe
et value for the open looop gain is aassociated w
with the cou
upling
co
oefficient off the resonattor a higher gain may in crease its vaalue which iss still below unity
i.e. subcriticaal. In practiice it was not
n possiblee to increasse it much further witthout
t
other goals.
g
On th
he other haand a higheer gain wou
uld increasee the
diminishing the
overdrive level of the osccillator with severe impaact on large signal noisee figure and input
eflection of the
t gain elem
ment.
re
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(ix)

A phase goal is expendaable since arrbitrary phasse shift mayy be inserteed afterward
ds. As
we
w will see laater, the sm
mall signal phase shift iss decreased significantlyy at higher drive
le
evels. A large signal S‐parameter simulation wiill yield an eestimation fo
or the addittional
phase shift ne
ecessary in order
o
to arriive at 0° unw
wrapped phase for 0 dB
B large signal gain
att f0. Fine ad
djustment off the phase noise vs. phhase shift w
will be done at a later sstage.
Direct
D
optimization vs. phase noise is not recom
mmended at this stage b
because poteential
HB
H convergen
nce problem
ms during the process foor certain seets of param
meters may ccause
th
he optimizerr to fail.

(x)

Fo
or the fine optimization
o
n the gradien
nt optimizerr is engaged
d using the ssame set of goals
but this time invoking the
e EM view (‐‐model) for the matchin
ng layout component insstead
of the analytiical models (Figure
(
9‐11).

Figure 9‐11: CAD simulation setup (AD
DS 2013) open
n loop (small ssignal) S‐param
meter simulatio
on and optimiization
setup.
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(xi)

When
W
the op
ptimization process is accomplishe
a
ed, the resu
ulting refereence impedaances
th
hen need to be matched
d to a comm
mon (e.g. 50
) real impeedance. Thiss is accomplished
in
n two steps: First two Single‐Stub smart compoonents are inserted to q
quickly desiggn an
electrical (ide
eal) transmission‐line model
m
for eeach matching elementt using the ADS‐
Filter/Matching Design‐G
Guide and th
hen a physiccal equivalent is created
d using the ADS‐
LiineCalc or similar tools.

(xii)

Now
N
that the
e small sign
nal open‐loo
op responsee and match
hing are well at their target
vaalues, we need
n
to estimate the necessary additional phase shiftt at large ssignal
exxcitation an
nd near unitty gain at th
he frequenccy of maxim
mum gain in the small ssignal
sccenario.

(xiii)

Figure 9‐12 shows
s
the typical schem
matic of thee parallel traansmission line as a paart of
esonator ele
ement. Figu
ure 9‐13 shows the CA
AD simulateed open loo
op S‐param
meters
re
fo
ollowing coaarse optimizzation using schematic ‐ (blue) and
d EM‐view. A
As the refleection
co
oefficients and
a the sou
urce impedaance for minnimum large signal noise figure o
of the
active device do more orr less vary with
w increasinng drive leveel some corrrection main
nly to
th
he matchingg element at the oscillato
or core's inpput may be rrequired in o
order to estaablish
optimal conditions with respect
r
to minimum
m
phaase noise.

Figu
ure 9‐12: A typ
pical schematicc view of the reesonator layou
ut component
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(xiv)

The result obtained in Figgure 9‐13 ind
dicates an addditional ph
hase shift of ‐116° in thiss case
to
o be inserted
d between the
t two portts to arrive aat the requirred phase sh
hift of 0°. In o
order
to
o save boarrd space add
ditional meaander lines as shown iin Figure 9‐12 of equivvalent
electrical lenggth are inserted to establish the re quired phasse shift. The surroundingg box
le
ength of the meander sh
hould be set such, so as to meet thee fixed layout positions o
of the
oscillator‐corre if relevantt. Figure 9‐14
4 shows the equivalent physical rep
placement fo
or the
sm
mart matching compone
ents as show
wn in the schhematic (Figu
ure 9‐11)

Figure 9‐13
3: simulated op
pen loop S‐parrameters follow
wing coarse opptimization usin
ng schematic ‐ (blue) and EM
M‐view

Figure 9‐14
4: Shows the equivalent physsical replaceme
ent for the smaart matching ccomponents sh
hown in Figure 9‐11
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Figure 9‐15 shows the final op
ptimization result
r
with EEM‐models for the single‐stub matching
elementss replacing the
t smart matching com
mponents. N ote that ano
other 180° m
meander line has
already been added
d to the lo
ower section
n to compeensate for tthe physical lengths off the
matchingg elements.
Figure 9‐16 show
ws the CAD simulation setup (AD
DS 2013) fo
or large‐sign
nal open‐loo
op S‐
er simulation.
paramete
Figure 9‐17 showss the plot off large signaal forward t ransmission at resonan
nce frequenccy vs.
input‐power. The maarker is set to near unityy‐gain. The c orrespondin
ng phase shifft is about 116°.

5: shows the final
f
optimization result with
h EM‐models ffor the single‐stub matchingg elements rep
placing
Figure 9‐15
the smart matching com
mponents. Notte that anothe
er 180° mean der line has aalready been added to the lower
or the physical lengths of the
e matching elem
ments
section to compensate fo
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Figure 9‐16
6: shows the CAD simulation setup for large
e‐signal open‐ loop S‐parameeter simulation
n.

e plot of large signal forward transmissionn at resonanc e frequency vvs. input‐poweer. The
Figure 9‐17: shows the
s to near unitty‐gain. The co
orresponding phase
p
shift is abbout 116°.
marker is set
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Figure 9‐18 shows the resonator matchin
ng section w
with delay lin
ne added an
nd meander lines
adjusted to achieve equal laterral reference
e positions ffor the inteerface ports to the oscillator
core. Figgure 9‐19 sh
hows measu
ured amplitu
ude and phaase noise b
before (blue) and after (red)
minor op
ptimization of
o the inputt matching component.
c
From the intersection of the 20dB
B/dec
and 0dB//dec tangentt a QL of app
proximately 1k can be deerived.
Disc Resonatoor

M
Meander Line fo
for Matching
8: Resonator matching
m
sectio
on with delay line added andd meander linees adjusted to aachieve equal lateral
Figure 9‐18
reference positions for th
he interface po
orts to the osciillator core.

Phase Nooise
After
ooptimization
n

Before
ooptimization
n

Amp
plitude Noise

Figure 9‐19: Measured amplitude and
d phase noise before and aafter minor op
ptimization of the input maatching
nt. From the intersection of the
t 20dB/dec and
a 0dB/dec ttangent a QL off approximately 1k can be derived
componen
assuming that
t
the Leeson
n formula doess adequately re
eflect the situaation.
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Figure 9‐20: shows the plots correspondiing to specttral and time‐domain w
waveforms o
of the
voltages at the outpu
ut of the bufffer amplifie
er (blue) and at the oscilllator core ou
utput.

Figure 9‐20
0: shows the plots
p
correspon
nding to spectral and time‐ddomain wavefo
orms of the vo
oltages at the o
output
of the bufffer amplifier (b
blue) and at the
e oscillator corre output.
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Figure 9‐21: shows the CAD simulate
ed and measured phase noiise plots (3‐prrototypes: DRO
O100 SN65, DR
RO100
O100 SN78 is built for validation). CAD simu
ulated data (DR
RO100) matchees closely, agreee within 2‐3 d
degree
SN66, DRO
of accuracyy with measured data of 3‐prrototypes (DRO
O100 SN65, DR
RO100 SN66, D
DRO100 SN78)..
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3‐proto
otypes, namely DRO100
0 SN65, DRO100 SN66 annd DRO100 SN78 are bu
uilt for validation
of the no
ovelty of designing low phase noise
e DRO circu it described
d above. CAD
D simulated data
(DRO100
0) matches closely, agree within 2‐3
2 degree of accuracyy with meassured data of 3‐
prototypes (DRO100
0 SN65, DRO
O100 SN66, DRO100 SN778). The meeasured phase noise plo
ot is ‐
112 dBc//Hz @ 10 kHz, ‐137 dB
Bc/Hz @ 100
0 kHz and <<‐170 dBc/H
Hz @ >10 M
MHz; shows good
agreeme
ent with the phase noise plots shown
n in Figure 99‐19 and Figu
ure 9‐21.
Figuress 9‐22(a), 9‐‐22(b), 9‐22((c) show the
e Altium (CA
AD tool) creeated complete 10 GHz DRO
module ready
r
for prroduction, faabricated intternal view of the DRO without dieelectric resonator
(Disc resonator botttom tuning screw is sligghtly elevateed), and ressonator caviity and dieleectric
disc resonator (DR no
ot visible) ad
dded.

Layout crreated
in Altium
m (CAD
Tool)

(a)
Disc Resonattor
Mounting
Fixture for
improving G
Gsensitivity

Internaal View
with Disc
D

(b)

(c)

Figure 9‐22: (a) CAD inte
ernal view of the complete DRO, (b) fabrricated internaal view of com
mpleted 10 GHz DRO
ew of the DRO
O without dielectric resonatorr (Disc resonattor bottom tun
ning screw is slightly elevated
d), and
internal vie
(c) resonattor cavity and dielectric
d
disc resonator
r
(DR not visible) addded [15]
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Mecchanical
Tunning

Mountinng Disc Fixturre

Asssembled DRO
O
wiithout top coveer
(a)
(b)
Figure 9‐23
3 shows 10 GH
Hz DRO circuit module:
m
(a) Me
echanical draw
wing of the 10 G
GHz DRO, and (b) a photograaph of
a 10 GHz DRO
D circuit [15]

Figure 9‐23 shows the (a) Mecchanical drawing of the 10 GHz DRO
O, and (b) a photograph
h of a
10 GHz DRO circuitt, which is ready
r
for production [15]. The DR
RO supply vvoltage can vary
between +7 to +10 V and the in
nternal voltaage regulatioon gives high
h immunity to power su
upply
noise. Th
he supply‐cu
urrent is typiically 50 mA
A and the tem
mperature rrange is specified from ‐‐25°C
to +70°C
C. The outpu
ut‐power excceeds +8dBm
m. The actuual package size is apprroximately 3
3.1" ×
1.34" × 0.788,"
0
includ
ding mountiing flaps. As shown in Fi gure 9‐23, the large sizee and high p
power
consump
ption are maain bottlenecck and limitss the applica tion where size and pow
wer consumption
is the prime criteria for using the
ese sources.. In addition to this, DRO
O module sh
hown in Figu
ure 9‐
23 requirres precise machining
m
fo
or fabricatio
on, and careeful placemeent of the dielectric pucck for
optimal resonator coupling.
c
Th
his involves manual tuuning of thee DR for desired operrating
frequenccy [16]. The reported
r
tun
nable DRO circuit as shoown in Figuree 9‐23 provides perform
mance
levels th
hat are com
mparable to those of trraditional coonnectorized
d DROs, bu
ut large sizee and
expensivve.
9.5
Compact surfface mounte
ed device (SSMD) 10 GHzz DRO Circuiit
The DR
RO circuit sh
hown in Figu
ure 9‐23 is connectorize
c
ed version, offers reaso
onably low p
phase
noise bu
ut limited in
n tuning an
nd poor DC
C‐RF converssion efficien
ncy, including sensitivitty to
vibration
n due to mecchanical tuniing (shown in Figure 9‐223(b)). Moreover, the exxact placemeent of
the DR disc
d
betwee
en two paraallel microsttriplines shoown in Figu
ure 9‐22(c) is critical, slight
variation
ns can lead to higher harrmonics and
d poor phasee noise. In ad
ddition to th
his, the pred
dicted
DR reson
nant freque
encies may differ from the measuured results due to sligght variations in
temperatture that cause problem
ms during mass
m
producttion and forr integration
n of circuits. Such
problemss limit the ussefulness of DRO.
The frrequency drrift is not a straightfo
orward funcction of tem
mperature cchanges (du
ue to
differentt thermal expansion
e
coefficients
c
for cavity and dielecctric pucks) and not eeasily
corrected
d. The thermal sensitivvity of a DR
RO can be reduced so
omewhat byy the use of PLL
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circuitry and temperature control, although these are not integrable, cost‐effective solutions. In
short, the new approach to designing DRO circuit with slow‐wave‐coupled resonators (Ch‐6)
yields compact VCOs with excellent electrical tuning and phase‐noise performance and in
configurations that can be readily adapted to SMD (surface mounted device) packages version.
A novel slow‐wave mode‐coupled self‐injection locked VCO (voltage controlled oscillator) is
developed in response to replacing expensive DRO (Dielectric Resonator Oscillator) for
reference signal sources for modern communication systems [17]‐[21]. One of the problems
related to the Dielectric Resonator (DR) is fabrication in integrated circuit (IC) form due to 3‐D
structure. Utilizing slow‐wave mode‐coupling approach (Ch‐6) can offer SMD packaged DRO
circuits, which is cost‐effective and promising alternative for hybrid circuit (quasi‐planar)
applications. The reported topology is not limited to this frequency, and can be extended to
other frequency bands (2 GHz to 30 GHz with 500 MHz or more tuning range) by dynamically
controlling Mobius mode‐coupling mechanism.
Figure 9‐24 shows a typical block diagram of the DRO circuit used for validating the approach
of electrical tuning (varactor‐tuned) for improved g‐sensitivity and achieving low phase noise
performances in compact size with improved DC‐RF conversion efficiency. One of the design
challenges for DROs circuit is to enable electrical tuning for compensating the frequency drift
caused due to change in operating temperature (‐40oC to +80 oC) and maintaining low phase
noise, while also minimizing the cost of the oscillator by achieving a structure that could be
assembled reliably in production. To achieve this consistency in design and manufacturing,
computer‐aided‐engineering (CAE) simulation tools were used, such as ANSYS HFSS from ANSYS
(www.ansys.com) and ADS Momentum software from Agilent Technologies (www.agilent.com).

Noise Feedback
DC-Bias Network
Injection-Locking
 opt1

Tuning-Diode
Network

B

Dielectric
Resonator
mopt  0.5

SiGe HBT C
Dual- Emitter
Output
E

Feedback
Network
Noise Figure
Minimization
Network
Figure 9‐24: A typical block diagram of a SMD version DRO circuit based on self‐injection locking [15]
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Figure 9‐25 shows a three‐dim
mensional (3D
D) model forr the varacto
or‐tuned DR
RO. The complete
DRO design was evaluated and optimized
o
using harmonnic‐balance circuit simulation alongg with
electrom
magnetic (EM
M) co‐simulaation. This approach
a
alllows design
ners to achieeve an optimum
dynamic loaded Q–
–factor for a typical DR coupling arrangement in conju
unction with
h the
oscillatorr core which
h is one of the
t precond
ditions for acchieving low
west phase n
noise. The aactive
device haas been sele
ected carefully with resp
pect to noisee figure and
d flicker noisse, with optimum
bias level conditions..

Figure 9‐25
5: A typical 3‐D
D model of varaactor tuned Dielectric Reson ator for high p
performance osscillators

The expression of ph
hase noise, can be given by [6]
2
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where m is the ratio of the loade
ed and unloaaded Q.
The coup
pling coefficient  can be
e described as
m

QL
Q
1
 L 
Q0
Q0 1  

(9.9)
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The dynamic loade
ed Q can be given
g
by [15
5]:

0    QL 0   2 
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((9.10)
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QL ( ) 0  0 , thereforee, minimum phase noisee can

be found
d by differen
ntiating (9.8)) with respecct to m, andd equating to
o zero for m
minimum value of

For maxiimum dynam
mic loaded “Q”,
“

phase no
oise as
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op (  opt )  1 (low ph

1       opt
where £((fm), fm, f0, fc, QL, Q0, F, k, T, Po, R, and
a K0 are tthe ratio of tthe sideband
d power in a 1Hz
bandwidth at fm to total power in dB, offset frequenncy, flicker ccorner frequ
uency, loadeed Q,
unloaded
d Q, noise faactor, Boltzm
mann’s constant, tempeerature in deegree Kelvin
n, average ou
utput
power, equivalent
e
no
oise resistan
nce of tuningg diode and vvoltage gain
n.

Figure 9‐26: shows the typical
t
layout of varactor‐tu
uned compact SMD version 10 GHz DRO in 0.5"x 0.5" ssquare
0 mA) power co
onsumption
package size with (5V, 30
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From Equation
E
(9.12), for low
w phase noise applicatioons, mopt and
d opt should
d be dynam
mically
controlle
ed and must lie in the viccinity of 0.5 (mopt  0.5) and 1 (opt  1) respecttively for thee best
phase no
oise perform
mance. Figurre 9‐26 show
ws a layout of the 10 GHz DRO circcuit (as per block
diagram shown in Fiigure 9‐24) used for validating the approach o
of achieving minimum p
phase
noise perrformances with 8V, 40m
mA.
Figure 9‐27 illustraates the imp
pact of possible impairm
ments on th
he phase noise performance.
The red trace identifies the me
easured phaase noise peerformance of DRO forr coupling ffactor
nds to m opt  0 .5
 opt (  opt )  1  m opt  0 .5 (from Equation 9.12). TThe blue tracce correspon
with identical oscillaator active device core
e noise propperties. Thee black and magenta traces
ond to identical  opt (  opt )  1  m opt  0 .5 but significcantly higheer effective noise
correspo
figure orr flicker corn
ner frequency when the active devvice is not sselected or biased optimally
(without noise‐feedb
back DC biass‐network ass shown in Fiigure 9‐24) [[17].
A combination of these impairments together with nonlinear noise effectss account fo
or the
much higgher phase noise
n
performance foun
nd in commeercially available competting DRO deesigns
[1]‐[16]. As shown in
n Figure 9‐27
7, the phase
e noise perfoormance of DRO (circuitt layout is sh
hown
in Figure 9‐26) for co
oupling facto
or  opt (  opt )  1  m opt  0 .5 eexhibits typical noise flo
oor of
–170 dBc/Hz with operating
o
DC
D bias of 5V,
5 30mA, aand 8.3% D
DC‐RF conveersion efficiency,
approach
hing state‐o
of‐the‐art pe
erformance for a givenn size and p
power consu
umption in SMD
packaged
d (0.5"x 0.5" square package size) [1
15].

mopt=0.5 ,
oise
with DC no
feedback [1
17]

7: Measured phase noise plo
ots of 10 GHz DRO
D circuit layoout shown in FFigure 9‐26 (Th
he impact of po
ossible
Figure 9‐27
impairmen
nts on the phasse noise perforrmance)
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The typ
pical measurred phase noise as show
wn in Figuree 9‐27 is – 1112dBc/Hz offfset 10 kHz from
the carriier with ±2 MHz electrrical tuning for frequenncy adjustment and injeection‐lockin
ng as
shown in
n block diagrram (Figure 9‐24). The frrequency is set at the fu
undamental resonance o
of DR
and can be
b electricallly tuned by approximately ±300 MH
Hz using varaactor tuned network (Tu
uning
voltages of 1 to 15 VDC
V enable variations
v
in
n the center frequency b
by ±200 MH
Hz to compen
nsate
uency drift in
n phase‐locked systems).
for frequ
Figure 9‐28 shows the typical layout of mode‐coupledd DRO at 100.24 GHz witth 10 MHz tu
uning
ting
the
fre
quency
drift
range for compensa
t over the ooperating temperature (‐40°C to +8
85°C).
Figure 9‐‐29 shows th
he measured
d phase noisse plot @ 100 kHz offset is ‐109dBc//Hz, validatees the
tuning capability wiithout much
h degradingg the phasee noise perfformance in
n SMD packkaged
version. The oscillattor deliverss typically +10
+
dBm ouutput poweer with 300 mW DC p
power
consump
ption (VCC=6
6Volt, IC=50 mA) in a surrface‐mountt‐device (SM
MD) package measuring 0
0.750
x 0.750 inches, wherre, the layou
ut is made on
o 22 mils suubstrate witth dielectric constant off 3.38
with dimensions of 0.75x0.75x0.
0
18 inches.

n 10.24 GHz D
DRO in 0.75"xx 0.75"
Figure 9‐28: shows the typical layoutt of varactor‐tuned compactt SMD version
umption, layouut is made on 22 mils substtrate with Dieelectric
square pacckage size with (5V, 40 mA) power consu
constant 3.38 in 0.75x0.7
75x0.18 inchess.
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FOM = -2218.4 dBc/H
Hz
PN@ 1MH
Hz =-160 dB
Bc/Hz

Figure 9‐29: Measured
M
phase noise plots oof 10.24 GHz DRO circuit

9.6
Conclusion
The ste
ep by step procedure of high perfformance XX‐band DRO is presenteed. The repo
orted
design methodology
m
y of ultra low
w noise 10 GHz
G DRO cirrcuit includin
ng the Möbius Coupled DRO
improvess the tuning range witho
out degradattion of phasee noise perfformances.
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Chapter 10
High Performance Opto‐Electronic Oscillators (OEOs)
10.1 Introduction
The emerging wireless communications standards at higher frequencies, especially above 10
GHz are challenged by the availability of high Q‐factor resonator and solid state devices, whose
limitation is caused by ohmic and dispersive losses in various active and passive elements in the
oscillator [1]‐[81]. High spectral purity stable oscillators at high frequencies are required in
radar systems as stable local oscillator (STALO) for the up and down conversion [1]. As a result,
a lower bit error rate of data can be transmitted over a given communication bandwidth, and
could be used as a stable clock for electrical and optical sampling of broadband information in
analog to digital converters and a number of other digital processing functions [2]‐[3].
Improved stability and spectral purity of oscillators can be achieved by combining electronic
oscillators with high Q resonators such as quartz crystals resonators, acoustic resonators,
ceramic resonators, dielectric resonators, and printed coupled resonators. Such resonators
have low frequency resonant modes; hence, a number of frequency multiplication stages are
needed to reach the microwave regime. The drawback of this approach is reduction in output
power and degradation of phase and amplitude noise by the factor of 20 log10 (f) when
operative frequency, f, increases [4]‐[7]. The optoelectronic oscillator (OEO) circuit can achieve
better phase noise performance at 10 GHz and above as compared to the traditional frequency
multiplier and synthesis approaches, such as phase‐locked dielectric resonators, YIG, SAW, and
quartz crystal oscillators [8]‐[12]. A typical OEO uses optical fiber delay line which acts as a
fundamental resonator in electronic oscillator circuits in 1 GHz‐100 GHz ranges; frequency
multiplication stages are not needed for achieving high frequencies (X, Ka, Ku band and above).
The fundamental improvement in phase noise achievable in an OEO is attributable to direct
frequency generation from an optical source rather than through electronic multiplication.
Typical components of OEO circuits assembled from discrete devices, especially optoelectronic
photonic components require a large volume, high power consumption, and require a great
deal of real estate and cost. Additionally, due to the assembly of a large number of discrete
parts, application of OEO as reference frequency sources are generally subject to vibration and
G‐sensitivity problems, therefore limit the utility of and possible applications for OEOs in both
commercial and military environments [13]‐[21]. As a result, there is a need for an
optoelectronic oscillator (OEO) system, having design topologies that overcome the above
problems and meet the design constraints for implementation of stable ultra‐low phase noise
frequency synthesizers in a small size, with low power consumption, low phase noise and low
cost. The biggest challenge is to develop low cost and reliable integrated photonic components
using Silicon CMOS, BiCMOS technology, eliminating the need for bulky and/or discrete
microwave components.
In this thesis, a novel high performance, low cost, and integratable OEOs system is developed
based on metamaterial evanescent mode‐locked resonator dynamics in conjunction with SILPLL
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(self injection locked phase locked loop) techniques [US Patent application No.: 61/746, 919;
filed on Dec 28, 2012 and US Patent application no. 13/760767; filed on Feb 06, 2013] [22]‐[23].
10.2. Opto‐Electronic Oscillator (OEO) System
Achieving ultra low phase noise is a great challenge in deep space communication, docking
and remote sensing (radar), analog‐to‐digital convertors (ADC), instrumentation, and timing
clocks. In many coherent detection systems, the required phase noise and the associated timing
jitters of the stable local oscillators becomes the limiting factor of the overall performance of
the system in terms of data bit error rate, achieved spatial and temporal resolution, and
effective number of bit resolution. In the past several decades, great efforts have been made in
the development of various techniques for generation of low phase noise oscillators. Opto‐
electronic oscillator (OEO) [8] stands out among the others for its capability of generating ultra‐
stable microwave and millimeter‐wave oscillations owing to the extremely high Q achieved by
utilizing the low loss in optical fibers. For example, a 10 GHz OEO is commercially available [25]
with phase noise levels of ‐140dBc/Hz at 10 kHz offset from carrier.
These high Q operation OEO with their low phase noise performance could be employed as
highly stable sources to force‐oscillate a small size low stability RF oscillator; the standard
forced oscillation techniques of injection locking (IL) and phase‐locked loop (PLL) are two viable
methods for further phase noise reduction by introducing external frequency reference to the
oscillator [26]‐[27], where the lowest achievable phase noise of these techniques is limited by
the phase noise of the external reference source. The concepts of external forced oscillations
could not be extended to the already record setting OEO to further stabilize them, but
nonetheless self‐forced‐oscillation could be provided as a method to further reduce close‐in to
carrier phase noise of oscillators, as demonstrated in [28].
A self‐injection locking (SIL) topology is proposed by passing the output of oscillator through
an electrical delay line or a high Q resonator and feeding it back using a circulator. The
experimentally verified modeling demonstrates that the overall oscillator phase noise is
inversely proportional to the signal delay time or Q. However, due to the high loss and limited
Q in electric circuits, the phase noise improvement is not significant. To bypass the limitation of
electrical components, Lee et al [14] employed a 2.4 km long optical fiber in the feedback loop
of the SIL topology and achieved a phase noise reduction of 27 dB at 10 kHz offset for a 30GHz
oscillator. The concept of forced oscillation could also be extended to self‐phase locked loop
(SPLL) demonstrated by Pillet et al. [30] in which the microwave signal generated from the beat
note of a dual frequency laser (DFL) was sent into a delay line frequency discriminator (DLFD)
whose output is used to stabilize the laser frequency for generating a more stable beat note.
The analytical modeling provided explanation for this phase noise reduction. While IL (injection
locking) phenomena are easy to implement, the phase noise in the close‐in offset frequency
range is degraded due to frequency offset detuning and limited locking range as explained in
[30]. On the other hand, even though PLL has a longer pull‐in time that results in a slow
response, the high gain loop filter enables the PLL to remove the close‐in phase noise
significantly, while far away from carrier suffers from a higher noise. Sturzbecher et al. [31]
demonstrated in externally forced oscillators, a better phase noise characteristics for both close
in and far‐away from carrier and a wider locking range is achieved by combining IL and PLL
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(ILPLL). However,
H
exxternal referrence source
es are requi red in the fforced ILPLL topology, w
which
limits the
e ultimate ph
hase noise performance
p
e.
To ove
ercome abovve problemss, the novell approach iis to incorporate both SIL and SPLLL for
close‐in and
a far‐offset noise red
duction in conjunction w
with evanesscent mode locking for ultra
stable low phase noise performance [22]‐[2
23]. Figure 110‐1 shows the typical block diagraam of
S
techn
niques for the realizatioon of stablee frequencyy source for high
OEO systtem using SILPLL
performaance applicaation in modern commun
nication systtems.

Figure 10‐‐1: shows the typical block diagram of OEO
O
using SIL PLL (US Paten
nt applicationss: 61/746, 919
9 and.
13/760767
7) (The color arrangement
a
of
o various mod
dules in the bblock diagram exhibits the SSIL, SPLL, and SILPLL
techniquess) [22]‐[23]

10.3. OEO
O Circuit Theories
T
A typical Opto‐Electronic Osscillator (OEEO utilizes the transm
mission characteristics of a
modulato
or together with a fiberr‐optic delayy line to connvert light eenergy into sstable, specctrally
pure RF//microwave reference signals.
s
A de
etailed view
w of the construction off the oscillattor is
shown scchematicallyy in Figure 10
0‐2 (a). In this configura tion, light frrom a laser is introduced
d into
an E/O modulator,
m
th
he output off which is paassed througgh a long opttical fiber, and detected
d with
a photod
detector. Aftter amplifyin
ng and filterring, the outtput of the p
photodetecttor is fed baack to
the electtric port of the
t modulator. This configuration supports seelf‐sustained
d oscillationss at a
frequenccy determin
ned by the fiber delayy length, biaas setting o
of the mod
dulator, and
d the
bandpasss characterisstics of the filter. It also
o provides R
RF/microwavve outputs iin both elecctrical
and optical domain
n, a feature
e that wou
uld be of cconsiderablee advantage for phottonics
applicatio
ons [15]‐[36
6].
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A regenerative fee
edback mod
del is used to
t analyze t he spectral properties of the OEO. The
condition
ns for self‐sustained osccillations incclude coherrent addition
n of partial waves each
h way
around the loop and a loop gain exceeding losses
l
for thhe circulatingg waves in the loop. Thee first
condition
n implies th
hat all signaals that difffer in phasee by integer multiples of 2π from
m the
fundame
ental signal can be susttained. The second conndition impliies that with adequate light
input po
ower, self‐su
ustained osscillations may
m be obtaained witho
out the neeed for elecctrical
amplifierr [16].

Figure
e 10‐2 (a): A tyypical schemat ic of OEO [16, 71]

The phase noise off regenerativve feedback model baseed OEO circuit can be described by

′

where f’ is the offfset frequen
ncy;
output noise spectru
um.

′

1

′

is the inpput noise to
o signal ratio
o;

′

((10.1)
′

is the

The phase noise off an OEO witth 16 km lon
ng loop (fibeer delay) is sshown in Figgure 10‐2b. IIt can
be seen from
f
Figure 10‐2 (b) the
e measured phase noisee is ‐163 dBcc/Hz at 6 kHz offset from
m the
carrier frrequency off 10 GHz [80
0]. The superior perforrmance resu
ults from th
he extremelyy low
energy sttorage loss realized
r
by incorporating long opticcal fiber. Thee optical fibeer is also virttually
free of any frequency‐dependen
nt loss, resultting in the same long storage time aand high speectral
purity siggnals for botth low and high frequenccy oscillationn.
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Figure 10‐2b: Show
ws the experim
mental result of
o and OEO wit h 16km loop reeported by Eliyyahu et al in [8
80]

10.3.1 Du
ual‐Injection
n‐Locked (DIL) OEO
Even th
hough the OEO
O has num
merous advaantages overr other oscilllator schem
matics, a difficulty
with thiss configuratiion is that the
t long fiber length im
mplies that many oscillaation modess can
exist in an
a OEO. In an OEO witth a 4km fib
ber loop (200μs time deelay), the modes are sp
paced
approxim
mately 50 kH
Hz apart. Th
he mode spaacing is too small for th
he RF filter to eliminatee the
unwante
ed modes. Hence,
H
a cou
upled‐OEO approach
a
is proposed to
o reduce the power levvel of
the unwanted mode
es. Figure 10
0‐3 shows that
t
dual‐injjection‐lockiing requiress two OEOs [16].
Each of these
t
two OEOs
O
is an independentt OEO; one would havee a longer lo
oop and actt as a
master while
w
the other would have
h
shorterr loop and ffollow as slaave. The two
o OEOs show
wn in
Figure 10
0‐3 are injection locked to
t each othe
er.
The priinciple of sid
de‐mode sup
ppression is shown in Figgure 10‐4. The modes in
n the masterr OEO
have smaall mode spaacing while the modes in slave OEO
O have largeer mode spaacing. Only tthose
overlapp
ped modes caan survive in
n both maste
er and slave oscillators.
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Figure 10‐3: Sh
hows the typiccal Dual‐Injection‐Locking Schhematic Reporrted by Zhou ett al in [16]

For tho
ose overlapp
ped modes far away from
m center freequency, theeir amplitudes have beeen cut
off by the
e RF filter.

Figure 10
0‐4: shows the
e principle of Dual
D Injection LLocking for Side‐mode Supprression

a [16]
The phase noise off DIL OEO can be found as
P1   
P2   

1
D  

2

1
D  

2

 1  1    exxp   j  2 N     2 N   
2
1
12 2
2



(1
10.2a)

 1  1    expp   j  2 N     2 N   
1
2
21 1
1



(1
10.2b)

where P1(ω) and P2(ω) are pow
wer spectrum
m for masterr loop and sllave loop, reespectively.
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Using CAD
C
simulattion (Matlab
b), the pred
dicted phasee noise can be plotted
d from Equaations
(10.1), (1
10.2a) and (10.2b); show
wn in Figure
e 10‐5. As shhown in Figu
ure 10‐5, thee first side‐m
mode
level is about ‐100dB
Bc/Hz in both
h master and
d slave for D
DIL OEOs.

(aa) Master OEO
O

(b)
( Slave OEO
O
5: Shows the Matlab
M
CAD sim
mulation for DIL
D OEOs (τ1=2 0μs, τ2=0.2μs, Γ122=‐30dB, Γ2212=‐20dB, W1==W2=‐
Figure 10‐5
23dBm, N1
1=‐166dBm/Hzz, N2=‐170dBm
m/Hz): (a) Mastter OEO, and (bb) Slave OEO
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10.3.2 Co
oupled OEO
In a tyypical OEO configuration
c
n, a long fib
ber delay linne is needed
d to act as high Q elem
ment.
Howeverr, the long delay cause
es undesired
d side‐modees and is not appropriate for com
mpact
design. To
T bypass th
he long delaay, a coupled OEO conffiguration ussing a fiber ring laser as the
high Q element is prroposed by Maleki
M
et al [71]. Block ddiagram of tthe coupled OEO is show
wn in
0‐6. The fiber ring laser consists of
o an electroo‐optic mod
dulator, an EEDFA, a piece of
Figure 10
dispersio
on‐shifted fib
ber (DSF) and an optical filter.

Figure 10‐6:
1
A typical schematic of CCoupled OEO [71]

To com
mplete the optoelectronic loop, a po
ortion of the light in the fiber ring laser is tapped out
and dete
ected by a photo
p
detector. The ele
ectrical outpput is then ffiltered and amplified aand is
finally se
ent back to the electro
o‐optic mod
dulator to pprovide the modulation
n frequency. The
interactio
on between the optical modes and electrical m odes as exp
plained in Figgure 10‐7a shows
the mode
es in the fibe
er ring laser: Δν is the FSSR of the rinng laser and it is inversely proportion
nal to
the lengtth of the ring. Figure 10
0‐7b depicts the beat freequencies of the modess in the fiber ring
laser and
d these beat frequencie
es are the possible
p
RF output freq
quencies. Th
he optoelecttronic
feedbackk loop is longger than the
e loop length
h of the ringg laser, resultting in modee spacing sm
maller
than the mode spaciing of the ring laser, as shown in Fi gure 10‐7c. The center frequency o
of the
RF bandp
pass filter is chosen succh that it is equal
e
to a bbeat frequen
ncy of a set of modes o
of the
ring laserr. Within the
e passband, many OEO modes are ccompeting to
o oscillate. TThe winner iis the
mode with a frequency that is closest
c
to a beat frequeency of the rring laser’s m
modes sincee only
this mod
de can obtain energy fro
om the laserr. This OEO mode is fed
d back for m
modulation o
of the
gain of the
t ring lase
er and effectively mode
e locks the rring laser. TThe mode lo
ocking makees the
mode sp
pacing of the
e ring laser equal to the frequencyy of the osccillating OEO
O mode, which is
multiple of the natu
ural mode sp
pacing of th
he laser, as shown in Fiigure 10‐7d. Because all the
ocked laser are forced tto be in‐phase, all the m
mode beat signals
oscillating modes in the mode‐lo
between any two ne
eighboring laaser modes will
w add in p hase and geenerate a strrong signal aat the
frequenccy of the oscillating OEO mode.
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Figure 10‐7: Shows the
e typical Opticaal and Electricaal Modes in Co
oupled OEO in [74]

This en
nhanced mode beat sign
nal in turn provides
p
morre gain to th
he oscillatingg OEO modee and
reinforce
es its oscillation, as sho
own in Figurre 10‐7e. TThe experimental results of the cou
upled
OEO are shown in Figure
F
10‐8. In a 160 meter
m
long looop, 3nm Fiilter BW ressults in a sh
horter
pulse wid
dth of 2ps and a lower phase noise
e while 1nm Filter resultts in a 7ps p
pulse width aand a
higher ph
hase noise, as
a shown in Figure 10‐8a. When thee filter BW iss fixed at 1nm, a 750nm
m long
loop achieved a phasse noise of ‐150dBc/Hz @ 10 kHz offfset at oscillation frequeency of 9.4G
GHz.

(a)) Effect of Opttical Filter BW

(b) EEffect of loop LLength

Figure 10‐8
8: Measured Phase
P
noise off Coupled OEO: (a) impact off optical filter BW from 1nm
m to 3nm band
dwidth
for a loop length of 160m
m, and (b) impaact of loop lenggth from 160m
m to 750m usin
ng a filter bandwidth of 1nm [74]
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10.3.3 Whispering
W
Gallery
G
Mode
e (WGM) Baased OEO
A typiccal configuraation of OEO
O circuits using Whisper ing Gallery M
Mode (WGM
M) is reporteed by
Larger ett al., shown
n in Figure 10‐9 [37]. The
T main d ifference is that the fiber delay liine is
replaced by a WGM resonator, as illustrate
ed in Figure 10‐9. The ffused silica o
optical resonator
has a diaameter abou
ut 5mm, yielding a FSR of
o 10.7GHz. The differen
nce of opticaal index betw
ween
fused silica (~1.44) and
a air (~1) enables the internal rreflection insside the ressonator. Tap
pered
fibers are
e used to co
ouple light in
nto and out of
o the WGM
M resonator. Experimenttal phase noise of
WGM OEEO is presen
nted in Figure 10‐10. The
e achieved pphase noise is ‐90dBc/Hz at 10 kHz and ‐
110dBc/H
Hz at 100 kH
Hz when the oscillation frequency
f
is 10.7GHz.

Phase
ulator
Modu

Op
ptical
Laser

Polaarization
Co
ontroller
Resonattor

CW La
aser

RF Ampliffier

Ph
hoto‐Diodee

Nano‐Po
ositioning
Actuation System

Figure 10‐9:
1
A typical schematic of W
WGM OEO in [37]

Figure 10‐10: Show
ws the experime
ental Phase Nooise plot of WG
GM OEO in [38
8]
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As sh
hown in Figgure 10‐9, th
he WGM OEEO has certaain advantages over co
onventional OEO.
First, in the
t absence
e of a long fiber
f
delay, the side‐moodes associaated with th
he long delaay no
longer exxist. In addition to the elimination of
o the side‐m
modes, the siize of the OEEO can be grreatly
reduced since the size
s
of WGM
M resonatorr is about m
millimeters. Finally, thee usage of W
WGM
resonato
or makes it fe
easible for monolithic
m
faabrication off OEO. Howeever, WGM b
based resonators
suffer fro
om micropho
onics and higgh temperatture sensitivvity.
10.3.4 Optimum Fibe
er Delay Len
ngth (Novel Approach) [[22, 23]
The no
ovel approacch proposed
d in this the
esis is to buiild OEO circcuit as propo
osed by Yao
o and
Maleki [1
16, 37]. How
wever, the re
eported apprroach in thiss thesis identifies an opttimum fiber optic
delay len
ngth to achie
eve optimum
m Q factor fo
or a resonatoor in evanesscent mode‐locking cond
dition
[22, 74, 75, and 76]. A resonato
or quality faactor is direectly related
d to energy stored to p
power
dissipate
ed. For a disttributed reso
onator usingg TEM line thhe Q factor iss expressed as [74]
Q

π

τ

((10.3)

α

where a 10 , τ
and α is the attenu
uation factorr in distributed line.
The advantage of OEO
O is the associated lo
ow attenuati on, where α values of 0
0.3, 0.2, 0.1,, 0.05
dB/km are considere
ed to renderr standard fiber (0.3 an d 0.2 dB/Km
m for Cornin
ng SMF‐28 fiibers)
and spe
ptical
ecialized composite FB
BG fibers with
w
distrib uted Ramaan gain leaading to op
attenuation close to
o 0dB (practtically betwe
een 0.1 andd 0.05dB/km
m). The optim
mum Q for each
attenuation value is calculated and a plot of the optimu m length is d
depicted in tthe Figure 1
10‐11.
These le
engths are to be mad
de using losss levels acchieved outt of passively temperature
compenssated compo
osite fiber. Phase
P
noise expression for an oscilllator with Q factor at o
offset
frequenccy of ‘f’ awayy from oscillaation freque
ency can be eexpressed as [40]:

Figure 10‐11:
1
shows the
t plot of Q‐ffactor and opttimum length of fiber optic delay line forr a 10 GHz osccillator
using different fiber attenuations rangiing from 0.05d
dB/km to 1dB/kkm [22, 23].
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Figure 10‐12: Shows the comparison
n of achieved close‐in to carrrier phase noiise of 10 GHz OEO using opttimum
hs for fiber atte
enuation of 0.1
1dB/km versuss 0.3dB/km
and non‐optimum length

Phase Noise

1

Withou
ut noise conttribution fro
om active devices) (10.4)

Where Sθ=‐140dBcc/Hz is the in
nput noise to
o signal ratioo
Figure 10‐12 show
ws the comp
parison of phase
p
noise plots for different lenggths of the fiber
optic delay line for a 10 GHz osciillator.
orced Freque
ency Stabilizzation/Phasse Noise Red
duction Tech
hniques
10.3.5 Fo
The red
duction in ph
hase noise and
a stabilizattion of OEO circuit can b
be achieved by incorporrating
followingg techniquess:
10.3.5.1 Injection Lo
ocking (IL)
The phase noise off the injectio
on‐locked oscillator is givven by

Figure 10‐13 show
ws the specctra of 4.2 GHz
G oscillat or for both
h free running and injeection
locked co
ondition [68].
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In both
h PL and IL cases, the close
c
in to carrier
c
phasse noise is d
dominated b
by the referrence
source ass shown belo
ow.

(a)

(b)

he spectra of 4.2
4 GHz oscillator (a) free run ning, and (b) in
njection locked
d condition [68
8]
Figure 10‐13: Shows th

10.3.5.2

Self‐Injection Lockingg (SIL) using Electrical Feeedback

Self‐ injection locking can be used
u
to imprrove the phaase noise of the existingg oscillators.. Self‐
injection locking is achieved when
w
the oscillator itseelf is used for injectio
on locking. The
analyticaal expression
n for SIL oscillator is given by [13]
′

′
√

((10.7)

where Linj(f’) is the phase noise
e of the self injection loccked oscillattor; L(f’) is th
he phase noise of
the free‐‐running oscillator; κ is the
t injection
n power withh respect to oscillation p
power; f3dB iis the
BW of the free‐runniing oscillator; and τ is the feedback delay.
The analytical mod
del indicates that if one increases thhe self‐injecttion signal sttrength κ and the
loop delaay τ while ke
eeping the lo
oop phase to
o be 0 or 2π
π, the phase noise of thee oscillator aat the
noise offfset frequency near the carrier can be reduced further. How
wever, the longer loop delay
τ require
es the longerr cable delayy line, and itt will be imppractical to use a long eelectrical cab
ble in
the self injection
i
loccked oscillattor to reduce the phasee noise due to the high loss in elecctrical
delay line
e.
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Figure 10‐14: Shows th
he typical block Diagram of SSelf Injection Lo
ocking (SIL) in [13]

Figure 10‐14 show
ws the typicaal block diaggram of the self‐injectio
on locked osscillator [13]. The
output of
o a MESFETT oscillator passes thro
ough a circuulator and is fedback to the oscillator
through a delay elem
ment for self injection loccking.
The experimental result of self‐injection locking
l
(SIL) oscillator ccircuit is sho
own in Figure 10‐
15b. A co
oaxial cable is used to construct
c
the feedback loop, which
h provides a 15.7ns delaay, as
shown in
n the protottype (Figure
e 10‐15a). Different atteenuators aree also seleccted to show
w the
behaviorr of the phasse noise und
der self‐injection lockingg, as shown
n in Figure 10‐15b. Notee that
the phase noise measuremen
m
nt results show
s
qualittative agreement with
h the analytical
expressio
on. The phase noise departs from its
i ideal currves within ssome noise offset frequ
uency
ranges, which
w
may be caused by the change of the oscilllator outputt load.
10.3.5.3 Self Injecttion Lockingg (SIL) using Optical Feed
dback
The ele
ectrical delaay line lengtth is limited
d by high loss for frequ
uencies beyo
ond several Giga
Hertz (up
p to 100 GHzz). Optical fib
ber delay lin
ne, on the otther hand, haas very low ttransmission
n loss
and is suitable for bu
uilding self‐in
njection lockked oscillatoors.
A self‐injection locked oscillato
or using optical feedbacck is reported by Lee et al [14], as caan be
seen in Figure
F
10‐16. The electrical loop has sufficient gain to oscillaate by itself.. A part of ou
utput
signals frrom the elecctrical oscillaator, is injeccted into thee oscillator after passing through a long
optical delay line and
d it locks the
e electrical oscillator,
o
achhieving self‐‐injection loccking.
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(a) Se
elf Injection Locking Experimeental Setup [133]

(b) Phase
P
Noise Re
esults of SIL Osccillator under D
Different Injecction Strengthss
e prototype of SIL oscillator circuit and meeasured phasee noise plots aat different injection
Figure 10‐15: Shows the
levels: (a) Self Injection Locking Experiimental Setup,, and (b) Phasee Noise Resultts of SIL Oscillaator under Diffferent
Injection Strengths [13)

From (10.7),
(
the phase
p
noise of this osciillator can bbe expressed for opticaal feedback case.
Measure
ed phase noise of this osscillator is prresented in Figure 10‐177. A 2.4 km long optical fiber
is used in
n the loop, which
w
will provide 12 μss delay. Thee oscillation frequency iss at 30GHz. With
the help of a long de
elay, a small injection power
p
(κ=1.66 10‐3) is already provid
ding a signifficant
phase no
oise reduction of about 20dB. Furrther phase noise redu
uction is also observed with
higher in
njection pow
wer (κ=2.5 10
1 ‐1). It is worth
w
mentiooning that in
n the case off κ=2.5 10‐11, the
measured phase noisse ‐119 dBc//Hz at 10kHzz offset doess not match up with thee analytical rresult
‐137dBc//Hz obtained
d from (10.1).
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Figu
ure 10‐16: Show
ws the typical schematic
s
of Self Injection Loocked Oscillato
or using Opticaal Delay in [14]

Figure 10‐1
17: Shows the measured phaase noise plot of optical feeddback SIL (selff injection lockked) Oscillator under
different In
njection Powerr [14)

A possiible explanation is that the
t interaction betweenn electrical o
oscillation an
nd optoelecttronic
oscillatio
on may degraade the overall system performance
p
e. When theere is no pow
wer or the p
power
is small in the feedb
back loop, th
he side‐mode level is low
w, as can bee seen in Figgures 10‐18aa and
10‐18b. When
W
the in
njection pow
wer is strongg, the circulaating powerr in the opticcal loop is sttrong
enough to
t sustain se
elf‐oscillation
n, shown in Figure
F
10‐188c.
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This oscillation app
pears at offset frequenciies given by,,
((10.8)
where τ is the loop
p delay time; c is the spe
eed of the ligght; n is thee effective reefraction ind
dex of
the fiberr; l is the len
ngth of the fiber.
f
The interaction beetween the electrical osscillation and the
optical oscillation
o
may
m have a negative effect
e
on sppectral puritty and this phenomenon is
importan
nt research topic.
t

Figure 10‐1
18: Shows the side‐modes of SIL Oscillatorr under Differeent Injection Power (adopted
d from [6]) forr three
different coupling factor,, a coupling facctor: (a) =0b) =1.6x10‐3, and (c) =2.5xx10‐1 [14]

10.3.5.4 Phase Lockiing (PL)
Figure 10‐19 showss the typical block diagraam of phasee locking technique.

Figgure 10‐19: Sho
ows the typical block diagram
m of phase locking techniquee
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The phase noise off the phase‐llocked oscillator is givenn by
n ω

n

ω

|H

ω

|

n

ω

|H

ω

|

((10.9)

Where n
ω is the phase
e noise of the free run ning oscillattor, H
ω is the p
phase
transfer function of the free‐run
nning oscillaator, n ω is the p
phase noise of the referrence
source, and
a H ω is the phase transfer function
f
of tthe referencce source.

(a)

(b)

20: Shows the
e spectra of 4.6
643 GHz oscillaator, spectrum
m analyzer filteer bandwidth 3 kHz: (a) specctra of
Figure 10‐2
free runnin
ng oscillator [6
68], and (b) phaase locked loop
p oscillator [688]

10.3.5.5 Self‐Phase Locked (SP
PL) Oscillato
or using Fibeer Optic Delaay
Self‐ph
hase locking is achieved
d when the oscillator’s output itseelf is used for phase lo
ocking
avoiding the use off an external reference
e. The use of a long, stable, fibeer optic delaay at
owave frequ
uencies provvides much greater sen sitivity to frrequency flu
uctuations o
of the
RF/micro
electroniic oscillator, compared to
t conventio
onal coaxial delay‐line im
mplementattions, resultiing in
improved
d phase stab
bility. The se
elf‐phase locked oscillatoor configuration is depiccted in Figurre 10‐
21a [13, 18].
Phase fluctuationss of the vo
oltage‐contro
olled oscillaator (VCO) aare convertted to baseeband
voltage fluctuations
f
by the fiberr optic discriiminator. Thhis baseband
d signal is am
mplified, filttered,
and fed back
b
to the phase
p
contro
ol port of th
he VCO to reeduce the ph
hase fluctuattions. In the fiber
optic disscriminator, shown in Figure
F
10‐21
1b, the RF i nput signal is split and
d compared to a
delayed version
v
of itsself in a phase detector..
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RF Output
S(f)
F
VCO

Fiber Optic
Discriminator

V

EFC
Loop Filter
G(f)
(a) SPL configuration

Fiber Optic
Delay-Line


B
RF in
F(t)

Phase
Detector

Baseband
Out
V(t)

A

Phase
Shifter

(b) Fiber Optic Delay
Figure 10‐21: Shows the block diagram of (a) SPL configuration, and (b) Fiber Optic Delay Frequency Discriminator
Configuration [13, 18]

Analytical modeling of phase noise for SPL oscillator is given by [18],
′

′
′

(10.10)

where SØ0(f’) is the phase noise of the free running VCO; τ is the feedback delay time; f’ is the
offset frequency. Similar to the self‐injection locking case, a long delay is again needed for
better phase noise reduction. Measured phase noise is shown in Figure 10‐22. A phase noise
reduction of about 12dB is achieved (at about 40 kHz offset from a 100 MHz carrier) for a
commercially available frequency synthesizer when a 2.2 km long fiber is used in the frequency
discriminator. It is noted that we will see secondary peak associated with the long delay.
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Seccondary peaak

Figure 10‐‐22 Measured Phase Noise oof SPL Oscillator [18]

10.3.5.6 Self Phase
e Locking (SPL) with Mu
ultiple Delayys
In sectiion 10.3.5.5,, it can be se
een that SPLL (Self Phase Locking) is aan effective way to minimize
the phase noise of an
a oscillator.. However, the
t long del ay not only brings in th
he side‐mode but
also has a limited ph
hase locking range. This is reported eexperimentaally by Huign
nard et al [1
19]. In
their exp
periment, a SPL
S is constrructed to staabilize the m
microwave output from a dual‐frequ
uency
laser, sho
own in Figurre 10‐23.

Figure 10
0‐23: Shows th
he typical blockk diagram of SPPL for Dual Freequency Laser [19]

The DFFL has two optical
o
outpu
ut frequenciies that are 12 GHz apaart and the b
beat frequen
ncy is
the micro
owave outpu
ut, depicted in Figure 10
0‐24. The eleectrical error signal of th
he FD will co
ontrol
the opticcal phase of these
t
two modes
m
to eve
entually stabbilize the miccrowave outtput.
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Figgure 10‐24: sho
ows the Opticaal Spectrum of Dual Frequenccy Laser [19]

The measured
m
ph
hase noise of
o DFL usingg self‐phase locking is sshown in Fiigure 10‐25 [48].
When 1kkm long delaay is used in
n the freque
ency discrim inator, the PPLL loop ban
ndwidth is aabout
4kHz, and
d the system
m is out of lo
ock after 4 kH
Hz offset fre quency.

Figure 10‐2
25: Shows the Phase Noise plots
p
of the Microwave Outp ut from the DFFL. 1‐phase no
oise of the self phase
locked DFLL; 2‐noise origiinated from th
he optics; 3‐no
oise originated from the elecctronics; 4‐phaase noise of th
he free
running DFFL [19]

To in
ncrease the locking ran
nge, Huignard et al., hhave also proposed a SPL structure of
multiple frequency discriminato
d
ors [19]. The configurati on of multip
ple frequenccy discrimin
nators
e 10‐26. Two
o pieces of optical
o
fiberr is inserted into one arrm of a stan
ndard
is depicted in Figure
420

frequenccy discriminaator. One haas a length of
o 100m, wh ich providess 0.5μs delayy while the o
other
is 1km lo
ong which prrovides 5μs delay.
d
The overall
o
outpuut of the FD is equivalen
nt to the sum
m of 2
individuaal FD with diffferent delayys.

Figure 10‐2
26: Shows the typical configu
uration of Doub
ble Frequency Discriminator (τ1 = 0.5μs; τ1 = 0.5μs) [19]

Experimental resu
ult of double
e frequency discriminatoor is given in
n Figure 10‐27 as well aas the
results fo
or single FD
D with 100m
m delay and 1km delay. The phase noise of do
ouble FD is lower
than singgle FD with 100m
1
delay and the lockking range of double FD is better than single FD
D with
1km delaay.

Figure 10‐2
27: Shows the phase noise plots:
p
1‐Free Run;
R
2‐100m aalone; 3‐1km aalone; 4‐100m and 1km Com
mbined
[19]

10.3.5.7 Multi‐Loop OEO Circuitts
Figure 10‐28 show
ws the simpliified arrange
ement of 100 GHz multi‐‐loop sapphire loaded ccavity
oscillatorr (SLC) for Lo
oop 1=2 km, Loop 2 =10m
m [69].
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As sho
own in Figurre 10‐28, in this configguration neitther of the loop is osccillating by iitself,
howeverr the oscillation occurs when
w
the two
o loops are ccombined, i.e., g1<1, g2
2<1, g1+g2>1
1, g is
the loop gain.

Figure 10‐2
28: Shows the simplified arraangement of 100 GHz multi‐loop OEO circuitt [69, 75]

Figure 10‐2
29: Shows the measured phaase noise plot of
o multi‐loop ssapphire loadeed cavity 10 GH
Hz OEO circuit , Loop
1=2 km, Lo
oop 2 =10m [69
9, 75]

10.3.5.8 Electrical Mode‐Locking
M
g
Figure 10‐30 showss the simpliffied arrangement of elecctrical modee locking in ccoupled oscillator
array forr frequency and
a phase synchronization. Figure 110‐31 showss the simpliffied arrangement
of electrical mode lo
ocking as shown in Figu
ure 10‐30, buut in this caase the frequ
uency and p
phase
are no lo
onger locke
ed to a com
mmon freque
ency and p hase, the d
difference beetween adjaacent
oscillatorrs is locked [71].
[
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(a)) Mutual coup
pling between antenna leadss to oscillator in
nteraction [70]]
(b)

(cc) Frequency and phase synnchronization
30: shows the arrangement of
o electrical mode‐locking in coupled oscilllator array and
d CAD simulatio
on: (a)
Figure 10‐3
each oscillator contains an
a integrated antenna, and (b)
( Simulation of 5 identical coupled oscillaators, after an initial
ommon frequeency and phasee [70].
turn‐on traansient, the oscillators synchronizes to a co

Figure 10‐3
31: Shows the simplified arraangement of electrical
e
modee locking, frequency and phaase no longer locked
to a comm
mon frequency and phase, the
e difference be
etween adjacennt oscillators iss locked [71].
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10.3.5.9 Optical Mod
de‐Locking
Figure 10‐32 sho
ows the sim
mplified arrrangement of optical mode lockking of cou
upled
optoelectronic oscillators. As shown in Figure 10‐333, the mo
ode locking is achieved by
modulatiing the gain in the semiconductor optical
o
ampplifier (SOA). The oscillattion frequen
ncy is
limited to
o 1 GHz becaause of the slow
s
response of SOA [772].
Figure 10‐33 show
ws the typical arrangeme
ent of opticaal mode lockking similar to the Figurre 10‐
55, the difference
d
is that SOA iss replaced by M‐Z moduulator [9]. Since M‐Z mo
odulator exh
hibits
comparatively largerr bandwidth
h (BW) as co
ompared too SOA, consequently M‐Z ring laser can
operate to
t X‐band orr higher freq
quency.
Figure 10‐34 show
ws the expe
erimental ph
hase noise m
measurement of M‐Z m
modulator b
based
mode‐loccked coupled OEOs.

Figure 10‐32: Shows th
he typical arran
ngement of op
ptical mode loccking of coupleed optoelectronic oscillators [72]
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Figure 10‐3
33: Shows the typical arranggement of optiical mode‐lockking similar to the Figure 10‐‐32, the differeence is
that SOA iss replaced by M‐Z
M modulatorr [9]

Figure 10
0‐34: Shows the
e experimentaal PN measurem
ment of M‐Z m
modulator baseed mode‐locked
d coupled OEO
Os [9]

Figure 10‐35 show
ws the typicaal arrangement of mod e‐locked CO
OEO (coupleed optoelecttronic
oscillatorr) for low ph
hase noise re
equirement.. As shown iin Figure 10‐‐35, v is th
he ESR of thee ring
laser, 3
v is the RF filter
f
centerr frequency; the RF filteer selects thee modulatio
on frequencyy fmod
(also the RF oscillatio
on frequenccy fosc) to mo
ode lock the ring laser, p
practically itt should be m
much
h
it is justt to show that the laser is harmoniccally locked.
larger thaan 3v but here
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Figure 10‐35: Shows the
e typical arran
ngement of mode‐locked CO
OEO (coupled optoelectronic oscillator) fo
or low
phase noisse requirementt [9]

Figure 10‐36 show
ws the measured phase noise plots and influen
nce of opticaal filter and loop
length on
n mode‐lockked COEO (co
oupled opto
oelectronic ooscillator) shown in Figurre 10‐35.
Table 10‐1
1
shows the comparrative analysis of differrent optical mode‐lockin
ng techniques. It
can be no
oticed that shorter
s
pulse
e results in a lower phasse noise.

(a) Effect of Op
ptical Filter BW
W
(b) Effect o
of loop length
Figure 10‐3
36: Shows the measured phaase noise plots and influence of optical filteer and loop len
ngth on mode‐locked
COEO (cou
upled optoelecctronic oscillattor): (a) 3nm filter
f
BW resullts in a shorteer pulse width of 2ps and a lower
phase noisse while 1nm filter results in
n a 7ps pulse width and a hhigher phase n
noise, and (b) loop delay provides
lower phasse noise, ‐150d
dBc/Hz @ 10kH
Hz offset for 10
0 GHz carrier frrequency [9]
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Table 10
0‐1: The compaarative analysiss of different ooptical mode‐lo
ocking techniqu
ues [9]

10.3.5.10
0 ILPLL OEO
O using self‐ILPLL and Optimum Parrameter Seleection
As dem
monstrated injection‐loccking (IL) rem
moves the pphase noise in far away offset frequ
uency
while phase‐locking effectively reduces
r
closse‐in to carriier phase no
oise. By com
mbining (Injeection
Locking (IL)
( and Phasse Locked Lo
oop (PLL), a clean spectrrum in a wid
der range of offset frequ
uency
is expectted. An Oscillator with ILPLL is repo
orted by Stuurzebecher eet al [31], itss configuration is
depicted in Figure 10‐37, where an extternal referrence is pro
ovided usin
ng a fiber optic
distributiion. The oscillator conssists of two
o transistorss with a feeedback path
h. The referrence
signal, from a laser, is detected by a photo detector andd fed to thee oscillator through matching
network M1 for injecction lockingg. For phase
e locking, thee reference signal is also
o compared
d with
LO signal to create a low frequency signal to change tthe varactorr diode biass in the feed
dback
loop to provide
p
phasse correction
n.

Figure
F
10‐37: Shows the typiccal configuratioon of ILPLL Osccillator [31]

The an
nalytical mo
odeling for phase noise of
o ILPLL oscil lator is given below [21, 31]
′

∆
∆

10.11)
(1

n
of the reference ssignal; ∆ iss the injectio
on locking raange.
is the phase noise
e detuning between
b
the
e LO signal aand the refeerence signal; ′ is the o
offset
is the phase
frequenccy; SPLL is the
e phase noise of the oscillator whenn it is phase locked to th
he referencee, and
is given by
b [21]
where
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′

(1
10.12)

where fn0 is the nattural resonant frequencyy in the pha se locked loop.
The Op
ptoelectronic Oscillator (OEO) realizzation of ILPPLL is depictted in Figuree 10‐38, where a
voltage‐ccontrolled osscillator (VC
CO) at fo is sttabilized by using two feeedback con
ntrol mechan
nisms
of self‐IL and self‐PLL using longg fiber delayy lines. In thiis configurattion, the phase noise off free
running oscillator
o
fro
om a short fiber
f
optic delay (1us for 200m) is to
o be compared with a p
phase
of longer delay line (50us for 10km).
1
A phase
p
compaarison woulld reduce cllose‐in to caarrier
phase no
oise; howeve
er, note thatt side bandss of every 200kHz are to be added w
when a long delay
oscillatio
on is considered.
CAD simulation results of the PLL oscillator using (100.12) is show
wn in Figuree 10‐39 depicting
performaance of OEO
O with 200m
m delay locke
ed either too a loop of 110km (i.e., FFigure 10‐39
9a) or
using mu
ultiple loopss of 200m PLL to 1km and the 1km
m is locked to a 10km delayed OEO
O (i.e.,
Figure 10
0‐39b). The OEO
O is used with a loop filter bandw
width of fno==5MHz. A reduced close in to
carrier phase noise is
i seen when 200m OEO
O is locked tto a delay o
of 10km. Mo
oreover, a h
higher
suppresssion of side‐‐band modes is observe
ed by conse cutive locking of multip
ple loops off 1km
and 10km
m. CAD simu
ulation resultts of the selff‐ILPLL oscilllator using (10.11) is sho
own in Figurre 10‐
40 depictting perform
mance of 10G
GHz VCO witth Q of 100 locked to a loop of 10km
m. The Sref iis the
phase no
oise of the 10km long OEEO and SPLL is
i the phasee noise of thee electrical o
oscillator wh
hen it
is only phase‐locked
p
d to the 10kkm long OEO
O. A fn0=5000kHz, locking range of flock=10MHz, and
φdetune=45° is also co
onsidered to
o represent a frequencyy drift betweeen free‐run
nning VCO aand a
10km lon
ng (50µs) OEEO.

Mixerr

Figure 10‐38: Shows the
e schematic off OEO with sellf‐ILPLL conceppt when both long delay siggnals are injected to
OEO in addition to phasse error correcction between short and lonng delay structtures. If only sshort delay and long
out phase com
mparison, then it will be connsidered as sellf‐IL. When thee phase comp
parison
delay are injected witho
f
only from either short
s
or long delay signal, a phase lockeed loop operattion is
signal is added to the feedback
obtained [22].
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200m Alon
ne

200m Locke
ed to 10km

(a) Locked directly to a 10km loong OEO [22]

20
00m Locked to 1km

(20
00m → 1km))→10km

(b) Locking consecutively to a 1km and thenn a 10km fiber ddelay lines [222]
Figure 10‐3
39: Shows the CAD simulated
d Phase noise plots
p
of Self‐PLLL Phase Noisee of a 200m lon
ng OEO as a function
of (a) locke
ed directly to a 10km long OEEO, and (b) locking consecuti vely to a 1km and then a 10kkm fiber delay lines.
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Figure 10‐4
40: Shows the CAD simulate
ed phase noise
e plots of Self‐‐ILPLL Phase N
Noise of a VCO
O locked directly to a
10km long OEO (Black: Free running; Pink: Reference
e; Red: PLL Onlyy; Blue: IL Onlyy; Green: ILPLLL) [22]

The sim
mulation ressults indicatte that small phase dettuning, high natural ressonant frequ
uency
and high
h injection lo
ocking range
e is preferre
ed to achievve a substantial phase noise reducction.
The more
e details of the
t impact of
o these paraameters are presented in Figure 10‐‐29.
As shown in Figure 10‐41a, th
he performaance of ILPLLL VCO as lo
ocking rangee is increaseed for
b impact of phase detu
uning is stud
died as fn0=2
20kHz
fn0=20kHz and φdetunne= 450, in Fiigure 10‐41b
and lockiing range off flock= 10MH
Hz, and finally in Figure 10‐41c the impact of natural reson
nance
0
frequenccy as locking range of floock=10MHz, and
a φdetune =445 are conssidered.
An ILPLLL optimum performancce is expecte
ed for fn0=500 kHz (i.e., an op‐amp gaain bandwid
dth of
0
200 MHzz), locking raange of flock=20MHz (i.e.,, a VCO Q faactor of undeer 500), and
d φdetune=5 (i.e., a
VCO freq
quency drift of 5000ppm
m/C) [22].

10.3.6 Optical Filteriing
10.3.6.1 Optical Fiiltering usingg Fabry‐Pero
ot Etalon
In a typ
pical OEO de
esign, an RFF filter is use
ed to providde frequencyy selectivity.. There are ssome
drawbacks with the RF filter. It is costly to
o make an uultra narrow
w bandwidth
h RF filter th
hat is
o
delayy is long. An
nother draw
wback of thee RF filter iss its temperature
required when the optical
depende
ency. Small fluctuation
ns in tempe
erature ressult in flucttuations off the reson
nance
frequenccy, and hencce the phase induced by
b RF filter cchanges. Th
his phase ch
hange affectts the
total round trip time of the micro
owave signaal, thus channging the osccillation freq
quency.
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(a)

(b)

In
njection Lockinng Range

Phase Detuni ng

(c) Natural Resonant FFrequency
Figure 10‐41: Shows the
e CAD simulatted phase noise plots of ILPPLL Phase Noise as a functtion of: (a) Injection
Locking Range, (b) Phase
e Detuning, and
d (c) Natural Re
esonant Frequ ency [22]
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Opticall filtering could sufficien
ntly suppresss the side‐m
modes associated with lo
ong optical d
delay,
thus elim
minating the need for ele
ectrical filterring. A new ooptoelectronic design, w
which uses a high
finesse Fabry‐Perot
F
Etalon as the
t frequency selector instead of an RF filterr, is reporteed by
Delfyett et al [45].
Figure 10‐42 show
ws the typiccal schematic of Etalonn based OEO
O. The Etalon has a FSSR of
oop length iss about 10m
m. The transm
mission specctrum
10.28GHz and a finessse of 1000. The total lo
of the F‐‐P Etalon is shown in Fiigure 10‐42b
b. The beat frequency of these traansmission p
peaks
becomess the RF outp
put. Figure 10‐42c
1
shows the final osscillating freequency.

Figure 10‐42
2: Principle of Etalon
E
Based O
OEO adopted frrom [45]
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Measured phase noise of F‐P
P Etalon bassed OEO is sshown in Figgure 10‐43, phase noisee of a
conventional OEO ussing RF filterr is also show
wn in the saame plot forr comparison. A 10 dB p
phase
noise red
duction is achieved with etalon base
ed OEO.

Figure 10‐4
43: Shows the
e comparison of
o Phase Noise
e plots betweeen F‐P Etalon b
based OEO and OEO with RFF filter
[45]

10.3.6.2 Optical Fiiltering usingg Transversaal Filter
Opticall transversal filter can provide wid
der tuning rrange yet sttill provides very high Q
Q. By
incorporaating optical transversall filter, a tun
nable OEO iss reported by Li et al [46
6]. The schem
matic
of the reported OEO is shown in Figure 10‐44.
A broadband am
mplified spo
ontaneous emission ((ASE) light source is coupled to a
programmable multiichannel opttical filter, which
w
is empployed to sliice the broaadband specctrum
into multiple channe
els. The spe
ectrum‐sliced broadban d source is then coupled into a M
Mach‐
Zehnder modulator. The modulaator is connected to a ddispersive element, whiich can be a high
dispersivve fiber.
The ressonance freq
quency of th
he transversaal filter is givven by [46]
(1
10.13)
where n is the ord
der of the re
esonance fre
equency; ∆λλ is the optical channel spacing; χ iis the
on of the op
ptical fiber. From
F
the ab
bove expresssion, frequeency tunability of the O
OEO is
dispersio
achieved
d by adjusting the optical channel sp
pacing ∆λ andd the disperrsion χ.
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Figgure 10‐44: Sho
ows the typical schematic of OEO using Opttical Transverssal Filter adoptted from [46]

Experim
mental demonstration of
o the tunab
bility of opticcal transverrsal filter is sshown in Figg. 10‐
45. In Figg. 10‐45a, th
he fundamen
ntal oscillatio
on frequenccy is 4.1 GHzz when ∆λ=0
0.4 nm and χχ=609
ps/nmkm
m. When ∆λ=
=0.4 nm and
d χ= 339 ps/n
nmkm, the ffundamental is 7.3GHz, as can be seeen in
Fig. 10‐4
45b. The measured
m
osscillation fre
equency is 9.7 GHz w
when ∆λ=0.3nm and χχ=339
ps/nmkm
m, as shown in Fig. 10‐45
5c. A tuning range of 5.55 GHz is achieved.

f=7.3GH
H

Figure 10‐‐45: Shows the Tunability of
o Optical Tran
nsversal Filter (a) Δλ=0.4nm
m, χ=609ps/nm
m/km, f=4.1GH
Hz; (b)
Δλ=0.4nm,, χ=339ps/nm//km; f=7.3GHz;; (c) Δλ=0.3nm,, χ=339ps/nm//km; f=9.7GHz [46]

10.3.6.3 Novel OEO using optical “Nested
d Loop” RF fiilter
One off major challenges in im
mplementation of OEO is the requiirements im
mposed in naarrow
band RF filtering of many
m
modess that could be support ed within gaain bandwid
dth of the OEEO. A
narrow band
b
RF filte
er could be achieved ussing very higgh order elliptic filters, where it su
uffers
from excess loss in
n passband, high grou
up delay seensitivity to
o passband frequency, and
extremelly large size
e due to higgh order nu
umber of reesonant tankk circuits. To overcomee this
challenge
e a number of researche
ers have mo
oved to all opptical filterin
ng using a high quality ffactor
optical re
esonator; e.g., whispering gallery mode
m
resonaators. Our proposed OEO is based o
on RF
filter usin
ng a low order cascaded
d transversal filters, as nnested loop narrow band
d RF filter. FFigure
10‐46 conceptually depicts
d
the use
u of this novel
n
opticall filter in thee OEO, wherre it has replaced
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the electtrical based RF filter. Syystem block diagram of a transversal filter is depicted in FFigure
10‐47a, where
w
delayy caused byy differential optical lenngth of l w
will lead to narrow ban
nd RF
filtering as depicted
d in Figure 10‐47b for a l=90m uusing ideal optical couplers with eequal
amplitud
de split. Figu
ure 10‐47c depicts
d
simu
ulated inserrtion loss deegradation aas the amplitude
imbalancce is observved for the
e 50% coup
plers. The simulation results indiicate null d
depth
reduction
n as the op
ptical coupling imbalancce is chang ed from ==0‐1.5dB. Prractical values of
=0.6dB,, which results in null de
epths of 20dB with 1dB eexcess loss.

46: shows the typical schem
matic of a novel design of OE O using narrow
w band RF filteer realized using the
Figure 10‐4
concept off optical “Neste
ed Loop” RF filter [22]

Engineering innovations prop
posed in this thesis to remedy an
ny amplitudee imbalancee has
st
already been
b
made, as depicted in Figure 10
0‐48 for the 1 order traansversal filtters [22]. Vo
oltage
controlle
ed optical couplers are considered as a readily a vailable solu
ution to overcome amplitude
imbalancce between two
t arms off optical couplers, as deppicted in Figure 10‐48a aand 10‐48b.
A more elegant ap
pproach is usse of optical fibers that aare polarizattion‐sensitivve with fiberr core
of refraction
n are
material having bi‐rrefringence characteristtics, where two distincct indices o
experienced at two perpendicular polarizattion states. There are faast (low ind
dex of refracction)
w (high indexx of refractio
on) propagating modes.
and slow
A delayy of t =(nslow
perienced beetween two
o propagatin
ng modes, w
where
s ‐nfast)l/c is to be exp
nslow and nfast are the
e indices of refraction fo
or two state s of polarizaation in Hi‐B
Bi fibers [23]. This
wer distributiion between
n two
time delaay is equivallent of differrential lengtth of l=t vg. The pow
polarization states iss controlled using the ro
otation of linnearly polariized input optical signal with
respect to
t the slow/ffast axes of fiber.
f
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(a) Block diagram of
o transversal fiilter implemen
ntation
IL of 1st Order Tran
nsv ersal Filte r of  L=90m : Zoom-in
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(b)

Simulated insertio
on loss as a fun
nction of RF freequency zoomeed in around 4
40,000MHz
IL of 1st Order Transversal
T
Filter vs :  L= 90 m
k=0dB

k=
=0.3dB

k=0.6dB

k=1dB

k=1.5dB
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(c)

Simulated in
nsertion loss ass a function of RF frequency o
of transversal filter

Figure 10‐4
47: Shows the
e design and simulation of 1st order transvversal filter at λ=1550nm: ((a) Block diagrram of
transversal filter implem
mentation usin
ng optical couplers and diffeerential delay line length o
of Δl; (b) Simulated
oss as a function of RF frequ
uency and zoom
med in aroundd 40,000MHz fo
or Δl=90m; (c)) Simulated inssertion
insertion lo
loss as a function of RF frequency of
o transversal filter of Δl=990m and zoom
med in around
d 40,000MHz as an
amplitude imbalance be
etween two arrms of 50% optical couplerss are considerred ranging frrom =0 (ideaal) and
practical vaalues of  =0.3
3‐1.5dB [22]
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(a)

(b)

(c)

Figure 10‐4
48: Design of 1st order transversal filter with capability tto overcome aamplitude imbaalance betweeen two
arms of op
ptical couplers. (a) Block diaggram using a variable
v
coupleer with control voltage of VDDC; (b) Block diagram
using two variable couplers with control voltage of VDC; (c) Concepptual representtation of 1st order transversaal filter
bers [22].
using specialized Hi‐Bi fib

Experim
mental resullts of 1st ord
der transverssal filter for delay lengtth of l=90m at source optical
wavelenggth of λ=154
48.62nm are
e depicted in Figure 10‐449 for frequeencies of 1GHz and 10GH
Hz.
Note th
hat the 1st order
o
transversal filter with
w a long ddifferential length causees a narrow
w pass
band as the phase variation
v
of zero to 90 degrees
d
are to take place at a mucch faster ratte for
longer fiber delay lin
nes. However, there arre two conc erns that haave to be considered: ii) the
longer le
ength cause
es multiple pass band as multipl es of 180 degrees ph
hase variatio
on is
accompliished at a faster rate..; ii) the maximum deelay length has to mattch up with
h the
coherencce length (in
nversely pro
oportional to
o laser line w
width) of the optical so
ource used in the
OEO. Th
hese spuriou
us pass band
d frequencie
es are to be rejected by using a higher order neested
loop filte
er.
Opticall transversaal filters could be com
mbined in pparallel and series con
nfiguration. Both
unequal amplitude and
a equal amplitude po
ower split coouplers are considered. In Figure 1
10‐48
ed, where fiber length L i is to be selected appro
opriately meeeting
these two topologiess are depicte
standard
d filter synthe
esis procedu
ures.
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Performance of Transversal Filters with l=90m at 1 GHz at = 1548.62 nm
Measurement
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(a) Operation around 1000MHz

Performance of Transversal Filters with l=90m at 10 GHz at = 1548.62 nm
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(b) Operation around 10,000MHz
Figure 10‐49 : Shows the comparison plots of measured and simulated insertion loss of 1st order transversal filter
with l =90m operating at =1548.62nm as an optical nested loop RF filter (a) Operation around 1000MHz, and
(b) Operation around 10,000MHz. Note measured 3dB bandwidth of this filter is less than 1MHz.
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(a)

(b)
Figure 10‐5
50: Shows the design of high
her order transversal filter to form a nested
d loop RF filterr. (a) Unequal o
optical
coupler po
ower split desiggn; (b) equal op
ptical coupler power split de sign.

The sim
mulated inse
ertion loss re
esults are depicted in FFigure 10‐49 for both eq
qual and uneequal
split optiical couplerss. The length of delay lines for thee unequal sp
plit are respectively Li= 38m,
78m, and
d 152m for i=2, 3, and 4 as L1 is selected
s
to be zero. Whereas delay lines for eequal
power sp
plit are respectively Li= 75m, 150m,, and 225m for i=2, 3, aand 4 as L1= is selected to be
zero.
Anothe
er option of building higgher order nested loops are by seriees configuraation, as dep
picted
st
in Figure
e 10‐52 with three cascaaded 1 order transverssal filters wiith length off l =25m, 5
50m ,
rd
and 100m
m; the depiccted insertion loss of this 3 order ooptical nesteed loop RF fiilter is simu
ulated
for opticcal wavelen
ngth of =1
1550nm. The measuredd 3dB passs band at R
RF frequenccy of
40,000M
MHz is only 1MHz. Note that
t
in cascaaded system
m rather than
n requiring 6 optical cou
uplers
only 4 op
ptical couple
ers are required, which are
a advantaggeous in space saving [22].
10.3.7 Frrequency Tuning using Dispersion
D
of
o Photonic B
Band Gap (P
PBG) Fibers
Photon
nic band gap
p fiber is a new class of fibers that gguide light b
by the use o
of photonic b
band‐
gaps. It relies
r
on a periodic
p
clad
dding structu
ure to providde band gap
ps, i.e., frequency rangees for
which ligght is prohibited from prropagating through
t
the cladding strructure. PBG
G fibers featture a
cladding comprised of a honeyccomb lattice
e, and a corre defect beeing hollow––filled with aair or
solid – filled with silica. A PBG fiber
f
employys a new typpe of wave gguiding mecchanism and
d thus
exhibits unique
u
prop
perties. Anom
malous dispe
ersion is onee of the uniq
que properties of PBG fib
bers.
10.3.7.1 Dispersion of
o Solid Core
e Photonic Band
B
Gap Fib
bers
The strructure of a solid core PBG fiber iss shown in FFigure 10‐533. The solid core is assu
umed
circular and
a has a raadius chosen
n to be equaal to the pittch, Λ, as indicated in FFigure 10‐53
3. The
diameterr of the air hole
h in the cladding is d, also shown in Figure 100‐53.
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(a)) Unequal 1:4 power
p
splitter and combinerss

(b
b) Equal 1:4 poower splitter annd combiners
he CAD simullated insertion
n loss of 3rd order nested
d loop filter realized by p
parallel
Figure 10‐‐51: Shows th
combinatio
on of delay lin
nes at =1550n
nm as a narro
owband RF filteer at about 400,000MHz. (a) Unequal 1:4 power
splitter and combiners, and (b) Equal 1:4 power sp
plitter and com
mbiners. Note measured 3dB bandwidth o
of this
out 2MHz.
filter is abo
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Figure 10‐‐52 Design an
nd simulated insertion loss of 3rd order transversal ffilter as nesteed loop RF fillter at
40.000GHzz. Note 3dB bandwidth is und
der 1MHz [22]

A specific value off the pitch must
m
be chossen in orderr to calculatte the total d
dispersion o
of the
fiber. The
e total dispe
ersion is calculated as the sum of thee waveguidee dispersion and the material
dispersio
on of pure silica. In Figurre 10‐54, ressults are shoown for a ran
nge of pitch values. The fiber
core has a Fluorine doping
d
level of 0.9%, an
nd d/Λ=0.6. A value of Λ=1.1um is seen to give the
largest dispersion D=
=600ps/km/nm for a wavelength of λ=1.55um. TThese fiber parameters yield
a fiber with a zero dispersion waavelength of 720nm.

Figgure 10‐53: Shhows the typicaal structure of Solid Core Phootonic Band Gaap Fiber adopteed from [47]
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Figure 10‐5
54: The plot of total Disperssion for a Rangge of Pitch Val ues when the hole‐size is ch
hosen to be d//Λ=0.6
[47]

10.3.7.2 Dispersio
on of Hollow
w Core Photo
onic Band Gaap Fibers
As shown in Figure 10‐55(a), a typical 7‐ccell hollow core PBG fiber is illustrrated, wheree the
cladding holes were represented by hexago
ons with rouunded corneers described by the relative
hole diam
meter, d/Λ, and the relative diame
eter of curvaature at thee corners, dc/Λ, with Λ b
being
the hole pitch. The corners of the pentago
on surroundding the hollow‐core arre rounded using
circles off relative diaameter dp/Λ
Λ. The hexagonal core w
with rounded
d corners is d
defined by a thin
silica ringg of nearly co
onstant thickness t at th
he boundaryy of the cladd
ding.

Figure 10‐5
55: (a) All silicca HC‐PBG fibe
er with Triangu
ular Lattice Claadding; (b) thee Same Structu
ure with the A
Applied
Core Expan
nsion; (c) Fiberr Parameters [4
48]
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The disspersion pro
ofile of 7‐cell HC‐PBG fib
ber with rea listic claddin
ng structure can be mod
dified
by introd
ducing a two
o dimensionaal Gires‐Tournois (GT) c avity around
d the core adopting the one‐
dimensio
onal PBG strructures. In order to inttroduce the partial refleector layer aaround the core,
the core radius is increased and
d the thickness of the ffirst air holee layer is decreased, witthout
affectingg rest of the structure, as
a indicated in Figure 110‐43(b). Thee core size iis determineed by
the param
meters Rc ass shown in Fiigure 10‐55((c), and it is eexpressed as
R

E

1

1
1.5Λ

(1
10.14)

where E stands forr an expansio
on coefficien
nt.
The disspersion curves for the
e fundamen
ntal air‐core mode in H
HC‐PBG fiberr with d/Λ==0.98,
dc/Λ=0.7, dp/Λ=0.3, Λ=2.85um,
Λ
and
a E=18.7%
%, where thee normalized
d silica ring tthickness T==t/(Λ‐
en as a varyying parame
eter. As dep
picted in Figgure 10‐56 b
by decreasin
ng the silicaa ring
d) is take
thicknesss t, the NDS can be decreased, while
e the correspponding ban
ndwidth becomes narrow
wer.

Figure 10‐5
56: Shows the Dispersion currves as a functiion of the norm
malized silica ring thickness T with d/Λ=0.98,
dc/Λ=0.70, dp/Λ=0.30 and
d Λ=2.85um [4
48]

10.3.8 Raman
R
Ampllification in Photonic Crrystal Fiberss: Approach
h to Increasee the Q‐facttor of
Fiber Delay Line
ole lattice caan be
The Raman properrties of photonic crystal fibers (PCFss) with a triangular air ho
meters that characterizee the bi‐dim
mensional laattice.
changed by varying the geometrical param
mizing the airr hole
The relattive hole diameter d/Λ, and the spacing betweeen air holes Λ. By optim
diameterr d and the lattice pitch
h Λ of the ph
hotonic crystal claddingg, it is possib
ble to change the
effective index of the
e cladding and thus the field distribbution. Thereefore, the effective areaa and
the Raman gain coeffficient can be modified
d. In additio n, the preseence of a Geermanium d
doped
core in a triangular PCF
P can influence the Raman properrties.
The ob
btained proffiles of the Raman
R
effecctive area a nd gain coeefficient as a function o
of the
pitch Λ are shown in Figure 10‐5
57. PCFs with
h silica bulk, relative hole diameter d
d/Λ=0.6, 0.7
7, 0.8,
and 0.9 and
a pitch thaat varies bettween 0.7 an
nd 2.3um haave been con
nsidered. Fixxing the ratio
o d/Λ
is equivaalent to conssidering diffferent PCFs with the sam
me air‐fillingg fraction, the ratio of aair to
silica in the
t photonicc crystal cro
oss section. The figure sshows that ffor the diffeerent PCFs, ffixing
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the ratio
o d/Λ, there is an optim
mal value of Λ that mini mizes effecttive area Aeeff and maxim
mizes
Raman gain coefficie
ent γR. This situation, ach
hieved with a very high ffield tightneess, is given w
when
the fiberr presents a high refracctive index difference bbetween core and cladding and, aat the
same tim
me, a small co
ore radius.

Figure 10‐57: (a) Ram
man Effective Area
A
as a Functtion of Λ (b) Raaman Gain Coeefficient as a Fu
unction of Λ [4
49]
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Figure 10‐58 illusttrates the plots
p
of the
e Raman efffective areaa and gain coefficient as a
function of the mean
n doping rad
dius for the PCFs with dd/Λ=0.6, 0.7,, 0.8, and 0..9. It can be seen
that the Raman gain coefficient for each PCFF becomes m
maximum fo
or a well‐deffined value o
of the
doping raadius Rd, the
e one with Germanium
G
doped area internally taangent to th
he first ring of air
holes.

Figure 10‐5
58: (a) Raman effective area as a function of doping radiius Rd (b) Ramaan gain coefficcient as a functtion of
doping rad
dius Rd. (Germaania doping 20% mol; d/Λ=0.6, 0.7, 0.8, 0.99 and Λ=1.2, 1.11, 1, and 1, resspectively; [49]]
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10.3.9 New
N
Method
ds in OEO fo
or Temperature Compen
nsation: SM
MF‐28 and HC
C‐PCF to Ach
hieve
Passive Temperature
T
e Compensaation
OEO’s are
a known for
f their low thermal staability and soo temperatu
ure compenssation techniques
for therm
mal stability become crittical. It’s sho
own by Daryyoush et al. [[51] that thee refraction iindex
of compo
osite fiber ‘HC‐PCF’ hass negative te
emperature slope whilee standard ffiber has positive
temperatture slope. Passive
P
temp
perature com
mpensation is achieved by combining the 2 fibeers at
an appro
opriate lengtth ratio to make
m
the reffractive indeex temperatture slope close to zero
o. The
ratio of the HC‐PCF to the SMF‐2
28 is chosen to be lp 8
8ls.
The major
m
drawbaack of comp
posite fiber is that the hhigh loss of HC‐PCF deggrades the p
phase
noise pe
erformance. For quantitative dataa of the phhase noise degradation
n, the follo
owing
calculatio
on has been carried out [22]:

e αp=10dB/kkm for HC‐PC
CF and αs=0..33dB/km foor SMF‐28
Assume

Table 10.2
1 shows the
t verificatiion of the re
eduction of Q
Q‐factor and
d degradatio
on of phase noise
performaance in composite fiber (SMF‐28 and
d HC‐PCF).
duction of th
he Q and deggradation off phase noisee in compossite fiber [51]
Table 10.2 Red
Phase Noise (dBc/H z)
Ph
hase Noise
Reduction
@ 1kHz
(dBc/H
Hz) @ 10kHzz
Experiment
E
Result
R
30m HC‐PCF,
H
αp=2
2dB/m and

‐58

‐78

45 dB

‐57

‐77

46 dB

1km SMF‐28,
S
αs=0
0.33dB/km
Analytical Result
R

man amplifier [51], we caan lower thee attenuatio
on of the HC
C‐PCF.
If we taake advantaage of a Ram
Moreove
er, as the tecchnology maatures, the attenuation
a
oof HC‐PCF w
will eventually reach that of a
standard
d SMF‐28 fib
ber or even better. To find out thee impact off fiber atten
nuation on p
phase
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noise, we
e can use th
he same equ
uation in the
e previous ssection by changing αp. The reduction is
with resp
pect to the Q of SMF‐2
28 with the same total length. Currrently the best attenuation
from com
mmercially available
a
HC‐PCF is abou
ut 1dB/km. TTable 10.3 sshows the verification o
of the
reduction
n of Q‐factor.
ble 10.3 Phasse noise: staandard fiber and compossite fiber [51
1]
Tab
Phase Noise (dBc/H z)
Ph
hase Noise
@ 1kHz
(dBc/H
Hz) @ 10kHz
1km
1 standard
d fiber

‐103

Reduction

‐123

1km Composite Fibe
er (HC‐PCF : SMF‐28 = 8:1) OEO withh Different A
Attenuation
[2]
HC
C‐PCF: α=1dB/km
‐89
‐109

14dB

(Thorlabs, ESM‐12B: α<1
1dB/km @ 1550
0nm measured
d at bend radiuus of 16cm; Mo
ode Field Diam
meter 10+1 um)

Tables 10‐2 and 10‐3 show th
he comparative charactteristics of tthe standard
d and comp
posite
fiber with reference to loss dyn
namics and reduction
r
off quality facctor for a givven temperature
compenssation in OEO
O
applicattion. The dispersion
d
ccharacteristiics of the fiber also plays
importan
nt role, can be
b incorporaated as a tun
ning feature in synthesizzed OEO. Figgure 10‐59 shows
the frequ
uency tuningg range at 10
0 GHz as a fu
unction of Fiiber Dispersiion at 1550 nm for 1km Long
Fiber.

Figure 10‐59: Shows th
he frequency tuning
t
range att 10 GHz as a ffunction of Fib
ber Dispersion at 1550 nm fo
or 1km
∆
ber
Long Fib

10.3.10 Composite
C
Fiber
F
with Raaman Ampliifier
The higgh loss associated with composite fiber can bee compensated by incorporating Raaman
amplificaation. Daryoush [51] sugggested new
w approach oof compensaating for thee high loss o
of HC‐
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PCF by distributed gaain to achievve a very higgh quality faactor long deelay line. Figgure 10‐60 shows
the distin
nct features of Raman amplification
a
n. Table 10‐‐4 shows thee expected p
phase noise with
various attenuation
a
levels, it can
c be seen
n that through Raman amplification, phase noise
performaance can be improved due to the inccrease of Q‐‐factor.

Figure
F
10‐60: Shows
S
the distinct features off Raman ampliification [49].

As men
ntioned above, on taking advantage
e of Raman amplification (RA) in the HC‐PCF seection
of the co
omposite strructure the overall atte
enuation of tthe combineed structuree can be bro
ought
down he
ence increasing the Q factor whiich in‐turn helps impro
ove the ph
hase noise w
while
providingg temperatu
ure stability through an easy and ineexpensive p
passive techn
nique. Tablee 10.4
illustrate
es the simulaated achievaable effective attenuatioon, Q‐factor and Phase noise beforee and
after Ram
man Amplification for different
d
lengths of the composite fiber structu
ure. As show
wn in
Table 10‐‐4, low phasse noise OEO
O sources caan be realizeed using Ram
man amplificcation techniques
in compo
osite fiber structures.
s
The
T simulated phase n oise perform
mance @ 10 kHz offseet is ‐
154dBc/H
Hz for 10 GHz
G carrier frequency with =0.0 6dB/km. Fu
urther reducction in noiise is
possible by incorporrating injectiion and phase locking t echniques b
based on patent applicaations
[54]‐[67].
1
Effectivve Q and Phaase Noise Co
omparison bbetween SMF‐28 and Co
omposite Fib
bers
Table 10.4:
before
b
and after Raman A
Amplifier

0.04

15

0.002

1.23/3
5

41.8
4

62.6
6

Phase Noise
(dBc/Hz)
@
10kHz with RA

10

Phase Noise
(dBc/Hz)
@
10kHz without
RA

3/35

12.6
1

Phase Noise
(dBc/Hz)
@
1kHz After RA

0.06

Phase Noise
(dBc/Hz)
@
1kHz Before
RA

3

Phase Noise
Degradation
After RA

Composite fibers with
passive Temperature
Compensation of
Lp:Ls = 38:1

10/30

‐

Phase Noise
Degradation

‐

Before RA

‐

Relative Q
After RA

10/NA

Relative Q
Before RA

Effective
Att. with RA
(αp in dB/Km,
αs=0.33dB/k)

Effective
Att. without
in
RA
(αp
dB/Km,
αs=0.33dB/k)

Fiber Delay
Length (km)/
Pump power
(dBm)
SMF‐28

‐

‐

‐123

‐

‐1433

‐

3.5

21.9

‐10.9

‐101.1

‐1133.9

‐1211.1

‐153.9

4.9

32.4

‐13.8

‐90.6

‐1136.8

‐1100.6

‐156.8

22.4

35.9

‐27.0

‐87.1

‐1150.0

‐1077.1

‐170.0
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10.4 Novel
N
Design
n Concepts of
o Passively Temperatur
T
re Compensaated OEOs [[22, 23]
The ressearch workk undertaken for the paart of this thhesis is to d
design and d
develop ultraa low
phase noise stable OEO circuit for micro
owave and millimeter wave appllications. Reecent
publications [1]‐[76
6] discuss the
t
feasibility study and appliccation of O
OEO in mo
odern
communication syste
ems. Howevver, the draw
wbacks of freequency drifft due to chaange in operrating
temperatture and lacck of tunability limits the
e utility of t he current O
OEO systems available in the
market [7
78]‐[79].
10.4.1 Evvolution of State‐of‐the
S
e‐art SILPLL OEO
O Circuitss for Ultra Low Phase N
Noise
10.4.1.1 Basic OEO
O Circuit
t thesis is to develop low phase nnoise signal sources forr RADAR and
d test
The objective of the
equipment applications. Figure 10‐61a show
ws the basicc structure of OEO [36].

Figure 10‐‐61a: Shows th
he basic struccture of OEO circuit, (the ccolor arrangem
ment shows electrical and o
optical
modules in
n the block diaggram) [36]

10.4.1.2

OEO Circu
uit with Selff‐IL (injection
n‐locked)

Figure 10‐61b show
ws the evalu
uation from the basic O
OEO structurre to OEO w
with self injeection
electrical and optical domain).
locking (e

Figure 10‐6
61b: Evolution to basic OEO
O with self‐IL as
a shown in el ectrical domaiin by [9] and in optical dom
main by
[7], the collor arrangement shows electtrical and opticcal modules in the block diagram)
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10.4.1.3

OEO Circu
uit with Selff‐PL (phase‐llocked)

Figure 10‐61c shows the evalluation from
m the basic OEO structure to OEO
O with self p
phase
locking.

Figure 10‐6
61c: Evolution of basic OEO with self‐PLL using
u
single lo op by [18] and
d double opticcal loops by [19, 20],
the color arrangement
a
sh
hows electrical and optical modules
m
in the block diagram)

10.4.1.4

OEO Circu
uit with SIL‐PLL (Self inje
ection lockeed phase loccked loop)

Figure 10‐61d show
ws the evalu
uation from the
t basic OEEO structure to OEO with
h IL‐PLL lockking.

Figure 10‐‐61d: Evolutio
on of basic OEO
O
to ILPLL as
a an electriccal version is demonstrated
d by [21], thee color
arrangeme
ent shows electrical and opticcal modules in the block diaggram)
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10.4.1.5

OEO Circu
uit with SIL‐PLL‐Mode‐LLocking of O ptical Modees

Figure 10‐61e show
ws the evalu
uation from the basic O
OEO structurre to OEO with IL‐PLL, m
mode‐
locking of
o optical mo
odes [22, 23]]

Figure 10‐61e: Evolution
n of basic OEO
O to include in
n addition to I LPLL, mode‐lo
ocking of opticcal modes, thee color
ent shows electrical and opticcal modules in the block diaggram
arrangeme

10.4.2 Ke
ey features added
a
as ressult of nove
el design app
proach for th
he validation [22]‐[23]
Following are the key
k features added for the realizatioon of novel O
OEO circuits:
U of five po
ort RF oscillator to have
e ease of seelf‐injection, RF referencce for self‐ p
phase
(a) Use
lo
ocking (PLL),, RF access for
f optical modulator,
m
aand output iin RF domaiin and frequ
uency
co
ontrol required in self‐PLL using low
w frequency ccontrol as V
VCO port.
(b) Use
U of low loss, temperatture stable, optimum le ngth of fiber delay baseed on fiber lo
oss as
sh
hown in Figu
ure 10‐11 an
nd Figure 10‐‐12
(c) Use
U of opticaal “Nested Lo
oop” as narrowband RFF filters in pllace of narro
ow band RF filter
ass shown in Figure
F
10‐51 and Figure 10‐52
(d) Realization of frequency tunable OEO when disppersive PBG
G optical fibeers are comb
bined
with
w tunable optical sourrce as demon
nstrated in FFigure 10‐599.
(e) Compensatio
on of loss using distribute
ed Raman amplifier to ccompensate and reduce fiber
lo
oss in PBG fib
bers as show
wn in Figure 10‐60 and TTable 10‐4.
(f) In
nclusion of optical
o
mode
e‐locking by using the p hase error ccomparator to adjust DC
C bias
cu
urrent of tun
nable semiconductor lasser as opticaal source forr both extern
nally and dirrectly
modulated
m
optical links and/or
a
adjussting the DC
C bias condittion on optiical modulattor in
exxternally mo
odulated op
ptical links (ffor Mach‐Zhhender mod
dulator or Electro‐absorption
modulators).
m
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10.4.3 Realization of Low Phase Noise and Passive Temperature Stable OEO Circuits
Figure 10‐62 shows the illustrative block diagram of “passive temperature stable ultra low
phase noise optoelectronic oscillator circuits”. As shown in Figure 10‐61, the different modules
explain their characteristic as follows [22, 23]:
1.

Use of self‐ILPLL for phase error corrections to a free‐running 5 port VCO as the nucleating
seed source for OEO using a loop filter bandwidth of few MHz, phase control, efficient
self‐injection (this component is novelty of design), where
(a) Self‐ injection locking is used for cleaning close‐in to carrier phase noise of the VCO at
far away from carrier (> 1MHz) by improving on locking range due to low Q electrical
oscillator and higher injected signal using 5 port VCO
(b) Self‐phase locking is used to improve close‐in to carrier phase noise for close to carrier
(< 1MHz) of VCO using a higher natural resonance frequency of loop filter amplifier to
the five port VCO using the control port
(c) Combining IL and PLL to achieve self‐ILPLL topology to reduce close‐in to carrier phase
noise by optimizing combination of locking range, gain of loop filter amplifier, and fiber
delay
(d) Ability to maintain phase locking to any phase between ‐90 to +90 for fundamental
frequency and ‐180 to 180 degrees for 2nd sub‐harmonic locking by setting the voltage
reference of the operational amplifier in the loop filter amplifier from negative to
positive voltage corresponding to a phase detuning close to ‐85 to +85 degrees, while
still maintain a clean close‐in to carrier phase noise for a phase detuning of 0 degrees

2.

Use of specialized fiber optic delay line providing reduced temperature sensitivity for the
optical Fabry Perot resonator and enhanced dispersion characteristics (this component is
a significant novelty of the proposed OEO design), which will provide
(a) Low‐loss and passive temperature compensation using a right combination of standard
optical fibers and suffers from as much as ‐10ppm/C change in index of refraction in
silica fibers by +2.5ppm/C of HC‐PCF or
(b) A reduced temperature sensitivity of ‐3ppm/C of SC‐PBG fibers;
(c) Provide distributed optical amplification to actively reduce light attenuation based on
principle of Raman amplification using a pump source appropriately selected with
respect to the source wavelength based on Stimulated Raman Scattering
(d) Changing oscillation frequency of OEO by adjusting phase shift introduced in the optical
delay element using high dispersion of PBG fibers to as much as ‐500ps/nm km from ‐
17 ps/nm km of standard fibers
(e) Frequency synthesis of OEO by tuning of the optical source wavelength where the
oscillation frequency is being controlled by satisfying Barkhausen oscillation condition
in a passively temperature compensated low loss dispersive PBG fibers.
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Optical Power
Meter, EXFO

EDFA (if needed);

FPM-600

CISCO ONS 15501

Eudanya 1150nm
Laser source,
FLD5F1CX-H9340
OG28433

10%

Isolater Parts
IS-IL-P_D-55-5
-59-FA

Directional Coupler
(10.90) Chip Hope
SMSCA223RF1005
FA

Isolator Part#
IS-IL-P-D-55-59-FA

LDC 8005 using PRO800
from Thor Labs
Mach-Zehnder
Modulator (TE
mode to provide
180 phase shift)

Supply
Power Amplifier (PA)
Port 3

Port 4

Port 1

Polarization
Controller; Thor
Labs
973/579-7227

Port 2

Directional Coupler
(50:50) Chip Hope
SMSCA223RF5005FA
BPF

Control Signal/
Bias For PLL

Supply
Signal For
Injection
Locking

RF Coupler

LPF

1550nm High Speed

Phase Detector
(Mixer)

Supply

Optical
Fiber

high-power
Photo-detector, DSC505,
from Discovery
Semiconductors

Optical
Fiber

1550nm High Speed
high-power
Photo-detector,
DSC505, from
Discovery
Semiconductors

Low Noise
Amplifier (LNA)

Low Noise
Amplifier (LNA)
Figure 10‐62: Shows the illustrative block diagram of “ultra low phase noise and passive temperature stable
optoelectronic oscillator circuits” [22]‐[23]
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3.

Use of multiple loops to perform phase comparison of different references provided
through multiple fiber optic delay lines (use of many control feedback loops and phase
locking is novelty of this OEO design), where
(a) Self‐ILPLL made to a reference of 1 us (200m) delay that is fast and minimizes the
oscillation frequency of VCO’s drift by synchronizing every 1us;
(b) Self‐ILPLL is being also augmented by delays of 5 µs (1km) that is minimizing the
VCO frequency drift , which in turn is to be augmented by 50µs (10km) to make
sure that the overall frequency drift is limited to shifts limited within 1µs as the
VCO oscillation is locked to an equivalent reference of oscillation delay of 50µs
(10km long fiber delay)

4.

Use of temperature compensated nested loop RF filters for the OEO frequency mode
selection in a multi‐mode system of long delays (every 20kHz for 10km long or 50µs
delays, every 200kHz for 1km fiber delays, and every MHz for 200m long fiber delays) (this
component is novelty of the proposed OEO design), which
(a) Adjusts passband frequencies by selecting long fiber optic delay
(b) Avoids the need for extremely large size and insertion loss in high order RF
metallic filters
(c) Achieves a much higher order optical fiber based Nested Loop RF filters for even
similar size RF metallic filters
(d) Employs Hi‐Bi fibers for fully integrated small size structures
(e) Maintain higher frequency selectivity using high order parallel or series
combination of 1st order transversal optical filters
(f) Implement temperature compensated narrow band optical nested loop RF filter
by use of PBG fibers

5.

Exploring multi‐modal locking in the OEO by optical phase locking (this component is
novelty of OEO design) using the concepts of mode‐locked OEO by establishing optical
mode locking of OEO using variable changes to biasing conditions of
(a) Mach‐Zehnder modulator DC bias in fiber optic links
(b) Optical phase delay shift of an integrated optical delay line using EA modulator
(c) Change in index of refraction of the directly modulated fiber optic delay element

10.5 Analytical Modeling and CAD simulation
The OEO circuit using longer delay line exhibits higher Q factor but mode spacing is also
reduced proportionally. The important challenge is to suppress higher modes generated due to
mode spacing is determined by c/nL, where c is the light speed, n is the fiber refractive index,
and L is the loop length. For example, a few‐km fiber length produces the mode spacing of
several tens of kHz [77]; suppression of multi‐modes partially or completely is the topic of
research towards realization of single‐mode oscillation. From [50], the mode spacing is
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inverselyy proportional to the loo
op length; th
herefore, de signer has to face comp
promise betw
ween
the lower phase noisse and mode
e spacing.
Figure 10‐63 depiccts the equallly spaced pe
eaks (or call ed modes), mode spacing is determ
mined
by c/nL, where c is the
t light spe
eed, n is the fiber refracctive index, aand L is the loop length
h. The
power‐sp
pectral density of each mode
m
is given by [15]
, wherre

(1
10.17)

where f is the freq
quency offse
et from the oscillation ffrequency,  is the loop delay time,, N is
the total noise density which is sum of the
e detector n oise densityy including tthermal and shot
d the laser’ss relative inte
ensity noise density, GA is the required RF ampllifier voltagee gain
noise and
for comp
pensating lossses in the delay line and
d Posc is the ooscillator ou
utput power.

Fig.10‐63: shows
s
the multimode oscillattion phenomenon OEO

e of an OEO
O decreases quadratically with the frequency o
offset
From (10.17), the phase noise
and it is inversely proportional to
t the squarre of loop‐deelay time at given offsett frequency.. CAD
o close‐in to
o carrier phaase noise of a 10GHz OEO is depicteed in Figure 1
10‐64
simulated behavior of
0s that corrrespond to fiber delay lengths of 20m, 200m, and
for delayys of 0.1s, 1s, and 10
2km resp
pectively as side
s mode generation
g
iss ignored.
For RADAR and space communication app
plications, thhe OEO circuit should o
operate on ssingle
mode with
w
low phaase‐noise siignal since the other ooscillation m
modes degrrade the syystem
performaance by re
educing sign
nal‐to‐noise ratio (SNR
R). In electtrical domaain, single‐m
mode
oscillatio
on is realized
d by inserting a high‐Q electrical
e
ba nd‐pass filteer (BPF) to tthe OEO loop but
such high
h‐Q filters arre difficult to
o realize at 40
4 GHz and aabove frequencies.
By inco
orporating high
h
Q‐factor evanescen
nt mode WG
GM (whisperring‐gallery‐mode) resonator
disk in OEO
O
circuit, which acts both as a frequency filter (selectting the desired microwave
oscillating frequencyy) and as op
ptical energyy storage el ement, spurious free o
oscillation caan be
achieved
d.
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Figure 10‐6
64: CAD simulaated phase Noise of 10GHz OEO
O with vario us fiber delay (ρN =10‐17mW//Hz, POsc=10mW
W, GA 2
=100).

In this configuration, the oscillating frequ
uency corressponds to th
he free specctral range o
of the
resonato
or (between 10 GHz and
d 12 GHz), and
a thereforre no delay induced spurious peakks are
present in
i the spectrum, in conttrast to the case of the classical opttoelectronicc oscillator w
where
the storage elemen
nt consists of an opticcal fiber deelay line. However, this approach
h has
limitation
n of poor tem
mperate stability of WGM.
The po
ossible alternative is to
t incorporate injectioon‐locking, p
phase locking, multi‐m
mode‐
injection‐locking for the suppresssion of high
her modes aand reducingg the noise o
of an OEO ccircuit
(
Lo
ocking (IL) and Phase Loocked Loop (PLL), a cleaan spectrum
m in a
[22]. By combining (Injection
nge of offset frequency is expected
d. An electriccal oscillatorr with ILPLL (injection lo
ocked
wider ran
phase loccked loop) iss reported in
n [24].
Figure 10‐65 shows the System
m block diagrram of a SPLLL, where prrimarily a staabilization lo
oop in
which fe
eedback is introduced
i
into a voltaage‐controllled oscillato
or (VCO) ussing a delayy line
frequenccy discriminator (DLFD)). The DLFD
D converts frequency fluctuationss into baseeband
voltage fluctuations,
f
, which provvide an erro
or signal thaat adjusts th
he oscillation
n frequencyy. The
DLFD fun
nctions as a phase
p
detector in a stan
ndard PLL, hoowever, the transfer ressponse of DLLFD is
differentt from a convventional ph
hase detecto
or.
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The rellationship be
etween the baseband voltage fluctuuation ΔV an
nd the frequ
uency fluctuation
Δf is give
en below [29
9],
∆

2

∆

(1
10.18)

where Kφ is the mixe
er conversion
n efficiency, τD is the deelay time in tthe DLFD.
From (10.17), we can
c see thatt it is desirab
ble to have a longer delay as it will provide a h
higher
sensitivitty. Howeverr the transfe
er response has a sin(x))/(x) charactteristic, which means lo
onger
delay ressults in the singularity to occur much earlier in the offseet frequencyy than a sh
horter
delay.
Phase noise of an oscillator in
ncorporatingg SPLL with DLFD can bee found usin
ng standard loop
a [30],
analysis as
|

|

|1

|

(1
10.19)

where H((s) is the loo
op transfer fu
unction given by H(s)=G//(G+1).
Parame
eter G=K0KdF(s), and K0 is the VC
CO tuning efficiency; Kd is the m
mixer conveersion
efficiencyy; F(s) is the
e loop filter transfer fun
nction, n1 annd n2 are th
he residual p
phase noise from
the hardw
ware and the phase noisse of the VCO, respectivvely.
By com
mbining a sh
hort delay and
a a long delay, low phase noisee spectrum in a wide o
offset
frequenccy range is exxpected. Phaase noise of the dual DLLFD topologyy is given by [30],
(1
10.20)
where K1=1‐exp(j2πffd1) and K2=
=1‐exp(j2πfd2).

Figure 10‐65:: shows the typ
pical simplifiedd block diagram
m of SPLL

Figure 10‐66 showss the typical system blocck diagram oof IL. The tim
me domain p
phase‐dynam
mics
of an inje
ection‐locked VCO can be
b found as [25],
[
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∅

∅

∅
∅

∅

(1
10.21)

∅

(1
10.22)

where Φo is the VCO output phase;
p
Φi is the injectioon signal phaase; ρ=Pinj/P
Po is the injeection
strength;; Q is the qu
uality factor of the VCO resonator; ω 3dB=ω0/2Q is half the 3
3dB bandwid
dth of
the VCO resonator.

s
the Laaplace domaain representation of IL
Figgure 10‐66: shows
From (10
0.21) and (10
0.22), the ph
hase transfe
er function oof injection locked VCO ccan be described
by
∅

(1
10.23)

∅

=ω3dB.
where B=
From similarity of H(s)
H and HB((s), a first order approxim
mation IL is equivalent ttype I PLL. A
similar phase noise expression
e
iss derived forr SILPLL as:
|1

|

|1

|

(1
10.24)

ws the CAD simulated phase
p
noisee plot of SILLPLL VCO. In
n the simulation
Figure 10‐67 show
d to a VCO w
with dual DLLFD SPLL, th
he short and
d long
setup, a self‐injection mechanism is applied
delays arre 1μs and 10μs respectiively. The injjection strenngth is ρ=0.3316 and the injection deelay is
10μs. The green curvve represen
nts the phase
e noise of thhe VCO inco
orporating SSILPLL. The p
phase
noise of SILPLL
S
reach
hes the noise
e floor at aro
ound 100 kH
Hz offset whiile the phasee noise of do
ouble
loop SPLL reaches th
he noise floo
or at 100 kHzz. For compaarison, phasse noise of a single SPLLL with
10μs delay and a du
ual SPLL witth 1μs and 10μs
1
delay are also pro
ovided. The improvemeent in
phase no
oise for SILPLL is significcant. Phase noise
n
of SILPPLL VCO is ‐‐165 dBc/Hz @ 20 kHz o
offset
from the carrier is prredicted.
It can be
b seen thatt there is hu
ump & dip after
a
20 kHzz offset from
m the carrierr in Figure 1
10‐67,
the reaso
on of degrad
dation in phase noise pe
erformance is due to hiigher order modes prevvalent
in the fib
ber delay line. Figure 10
0‐68 illustrattes the funcctional blockk diagram off the Evanesscent‐
mode‐loccked IL‐PLL OEO
O circuit for
f improved
d phase noisse performance at far offfset and theermal
stability.

458

Figure
F
10‐67: Comparison
C
of predicted phaase noise of 100 GHz OEO usin
ng SPLL and SILLPLL circuit

As sho
own in Figure 10‐68, th
he phase de
etector (1300) is electriccally coupleed to the optical
source (1
102) and the
e modulatorr (104), signiificantly red uces the clo
ose‐in to carrrier phase noise
using mo
ode‐locking of
o large num
mber of supported modees. The modee‐locking tecchnique achieved
by coupling the ph
hase detecto
or (130) to either or bboth the op
ptical sourcce (102) and
d the
or (104) include any of
o mode sup
ppression, m
mode injecttion, mode coupling, m
mode
modulato
combinin
ng, multi‐mo
ode injection
n coupling, evanescent mode coup
pling [21]‐[22
2]. Mode lo
ocking
can be beneficial
b
fo
or locking each
e
of the optical modes of the optical source (102) an
nd/or
modulato
or (104) output to a fixe
ed phase and
d hence signnificantly red
ducing the cclose‐in to caarrier
phase no
oise.
A typiccal mode‐loccking techniique uses a delay elem
ment (e.g., an optical fib
ber or electtronic
cable) to
o store energy for a suffficient duration using eevanescent‐m
mode‐coupling and dyn
namic
mode spacing of the
e optical delaay line to achieve a zeroo or minimum frequencyy drift. Sincce the
optical fiber may be intrinsicallyy temperature sensitive,, causing ch
hange in effeective length
h and
refractive
e index overr temperature, the oscilllator needs a control cirrcuit to regulate the effeective
fiber length to prevent mode‐ju
umping phenomena an d thereby d
degradation from close‐‐in to
e degeneratiive feedbac k, in conjun
nction with tthe self‐injeection
carrier phase noise. The active
and mod
de‐locking techniques,
t
produces uniformly ffixed mode spacing, thereby reducing
frequenccy drift due to
t operating temperaturre changes [21].
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Figure
e 10‐69 show
ws the CAD simulated
s
phase noise pplot plotted from 1 kHz to 30 MHz o
offset
from the carrier freq
quency of 10
0 GHz, it can be noticed tthat far offset phase noise plot show
wn in
Figure 10
0‐69 is cleaner as compaared to phasse noise plotts depicted in Figure 10‐‐67. The repo
orted
phase no
oise plot sho
own in Figure 10‐69 is th
he best perfformance to
o date reported for the given
figure of merit (FOM) and this claass of oscillaator topologgy [22]‐[23].

Figure 10‐68: show the block diagram
m of mode‐lockked OEO circuuit using self ILLPLL module ffor stable low phase
46, 919; filed oon Dec 28, 20012 and US Patent applicatio
on no.
noise operration (US Pattent application No.: 61/74
13/760767
7; filed on Feb 06, 2013)
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Figure 10‐69: shows the CA
AD simulated phase
p
noise ploots of 10 GHz O
OEO circuit (Figg. 10‐68)

10.6. In
ntegrated OEO Solution
In this section, inte
egrated OEO
O solution iss discussed, to demonsttrate a dram
matic reduction in
the size, weight, and
d power of the
t OEO, ussing a platfoorm that mo
onolithically integrates o
optics
and RF electronics and is a succe
essful proof‐‐of‐concept of Opto‐eleectronic oscillator integrration
in silicon [22]. Conve
entionally, OEO
O circuit iss assembled from discreete devices, tthereby sensitive
to vibrattion and sh
hocks that limits its application iin high reliiability systeem applicattions.
Moreove
er, optoelecctronic pho
otonic com
mponents reequire a laarge volum
me, high p
power
consump
ption, and require a great deal of real estatee and cost. TThe key to developmeent of
integrate
ed photonic componentts using Silicon CMOS, B
BiCMOS tech
hnology, elim
minates the need
for bulkyy and/or disccrete microw
wave components.
Figure 10‐70 show
ws the block diagram off integrated OEO circuitt using self ILPLL and M
Mode‐
Locking module
m
for vibration and shock in
nsensitive siggnal source for stable low phase noise
operation. As show
wn in Figure
e 10‐70, the long delaay line (1055) is coupleed to an op
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For instance, the fiber optic cables (101), (103) and (105) can be integrated in small form
factor mandrels each with a diameter of about 1 inch or less. In some examples, the mandrels
could be covered by resin emulsions for mechanical stability. The optical detectors (111), (113),
and (115) may be monolithically integrated silicon photodiodes. The amplifiers (121), (123),
and (125) may include SiGe HBT devices for degenerative feedback amplification. Like the Si
based components described above, the VCO (140) may also be any Si CMOS based voltage
controlled oscillator (e.g., a Clapp oscillator, Colpitts oscillator, etc.) The VCO (140) may include
a varactor, such as a MOS varactor, Schottky diode, or a reverse biased PN junction diode
varactor, or other semiconductor device, which functions as a voltage‐controlled capacitor. The
effective capacitance of the varactor may vary with changes in the voltage of the processed
signal received from RF amplifiers (123) and (125). By adjusting or tuning the effective
capacitance of the varactor in the VCO (140), the frequency at which the VCO (140) resonates
can be tuned for optimum phase noise performance.
The most critical module for integrated OEO solution shown in Figure 10‐70 is Mach Zehnder
Modulator (104) and metamaterial resonator based VCO (140).
10.6.1 Mach Zehnder Modulator (MZM)
The MZM may be implemented using a combination of guest and host polymers with strong
electro‐optic (EO) properties (r33>500pm/V at wavelength of 1550nm and even stronger
1150pm/V at wavelengths of up to 1060nm). An EO polymer is based on a variety of stable
polymers that are spun and poled on Si substrate to achieve desirable EO properties. The MZM
may be implemented using nonlinear optical (NLO) chromophores doped polymer systems that
exhibit ultrafast (e.g., Pico‐second) speeds with large electro optic coefficients (100pm/V or
greater) and low optical loss (1.5dB/cm or less). A guest‐host system may be formed using a
physical mixture of chromophores and an EO polymer host [22]. The EO polymer based MZM
may be stabilized using control poling of an electric field between about 10V/µm to about
200V/µm, preferably between about 75V/µm to about 150V/µm. This may be combined with
thermal and optically assisted poling processes at temperatures around 110 degree C. With
electrical poling techniques performed at temperatures close to glass melt (i.e., around 110C),
polarization dipoles under a nitrogen rich environment can remain polarized as the
temperature is reduced. In some examples of disclosure, the control poling may involve lateral
electrical poling. In other examples, it may involve transverse electrical poling.
10.6.1.1 Electro Optic Polymer (EO Polymer)
The efficient integration of EO polymer based MZM with Si based voltage controlled oscillator
and their associated control circuits are an important aspect of low cost and efficient
manufacturing. The use of EO polymers is preferable over the use of Lithium Niobate (LiNbO3)
in the modulator. However, the length of the modulators should be carefully selected in order
to achieve a sufficient range of operation frequencies. The maximum operation frequency, fmax,
of the modulator is inversely related to its length L [22]:
∈

(10‐26)

where c is speed of light in free space, neff is the effective optical index of refraction of the EO
material, and eff is the effective RF permittivity of the EO material.
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Because of large difference between the effective index of refraction at optical and RF
frequencies for LiNbO3, the maximum operating frequency of a modulator using such material
is relatively limited. In contrast, NLO polymer systems have a relatively small difference
between the effective index of refraction at optical and RF frequencies, and thus operate at a
relatively greater maximum operating frequency. Furthermore, a pinch‐off voltage Vis
required to be applied across one of the arms of the modulator in order to cause a 180 phase
shift of the optical wave travelling through that arm (relative to the optical wave travelling
through the other arm of the modulator), thereby effectively cutting the modulating signal
through wave cancellation effects (i.e., destructive interference or destructive combination in
the Mach‐Zehnder interferometer). This voltage Vcan expressed as:
(10.27)
where V is the wavelength of the optical wave, n is the index of refraction of the optical
waveguide, r is EO coefficient, d is separation between the modulator electrodes, and is the
optical confinement factor.
As seen from (10.19), a modulator having a greater EO coefficient (r) requires a lower voltage
drop (V) to be applied in order to achieve the 180‐phase shift. Because EO polymers have an r
value of about 735pm/V (as opposed to LiNbO3 which have an r value of about 30pm/V), the
EO polymer based MZM requires a lower V. As a result, the EO polymer based modulator of
the present disclosure, having a length of about 1 cm (in order to achieve greater maximum
operating frequency, as described above) may achieve a 180 degree phase shift at a V of as
low as 0.5V, as compared to a V of 5V obtained in a similarly dimensioned LiNbO3 MZM.
Further performance advantages of an EO polymer MZM, as compared to LiNbO3, are seen in
simulations for modulators having a length of 1 cm. The design of an MZM is integrated with
narrowband amplifiers to achieve a closed loop gain of unity. For an optical source power of
12dBm at 1550nm with relative intensity noise (RIN) value of ‐155dB/Hz, a 30dB amplifier is
required for an LiNbO3 based system, with a system noise floor level of ‐133 dBm/Hz. By
contrast, for an EO polymer based system, a 9 dB amplifier gain is sufficient, with a system
noise floor level of ‐152dBm/Hz. The modulator may be a poled polyimide having high EO
coefficients from NLO chromophores, a high degree of chromophores dipole orientation, and a
large r of 1250 pm/V at 1.3 μm. By modifying the electronic properties of the cross linking
reagents, the temperature window is optimized to achieve hardened materials with optimal
properties. The guest‐host EO polymers may have a low stabilization temperature since the
chromophores are not attached to the polymer matrix and are free to rotate. Guest‐host EO
polymers are particularly useful in the evaluation of new chromophores because these
polymers are easy to prepare and easy to pole.
As discussed above, the modulator (104) is an optical Mach‐Zhender modulator (MZM) having
an MZM interferometer realized on Si‐substrate using Si‐Photonic technology, such a modulator
is compatible with Si microelectronic steps and is suitable for metal‐oxide field effect transistors
(MOSFET), particularly for complementary MOSFET (C‐MOS) [23]. Figure 10‐71 depicts a
graphical intensity plot of a Si‐photonics based Mach‐Zhender modulator that is implemented
using Si compatible electro‐optic (EO) polymer material [22]. As shown in Figure 10‐71, a
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Figure 10‐7
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Figure 10‐7
73: Shows the typical block diagram
d
of 10 GHz source: Inntegrated realization of a higghly stable self ILPLL
RF Oscillattor (US Patent application No.: 61/746, 919; filed onn Dec 28, 20112 and US Pattent applicatio
on no.
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7; filed on Feb 06, 2013)
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As illustrated in Figure 10‐73, an evanescent mode resonator combiner network (206), such
as a metamaterial resonator is realized using printed micro‐stripline resonator in Push‐Push
oscillator configuration. The evanescent mode resonator combiner network (206) is coupled
(capacitively) to each of the dynamically tuned resonator networks (224) and (228). The
evanescent mode resonator combiner network (206) acts as an evanescent mode (EM) buffer,
storing a portion of the excess radio frequency (RF) energy coupled into the resonator network
for a given period of a signal cycle so that the conduction angle of the device can be reduced,
thereby reducing the average noise performance for a given period of time. The evanescent
mode resonator combiner network (206) is also coupled to the tuning voltage block (220). As
such, the tuning circuit (220) can operate as a variable capacitor, thereby improving the loaded
Q factor due to the evanescent phenomena of the resonator. The evanescent mode resonator
combiner network (206) may be coupled to a tapered optical fiber with a few nanometers
position resolution system. The microwave carrier is generated by locking the optical phase
modulation to a free spectral range resonator, which occurs in this case in 10 GHz region.
Moreover, this carrier is detected by a standard photodiode.
As shown in Figure 10‐73, a phase detecting network or phase detector (260) is coupled
between resonator networks (224, 228) and combiner network (232). The phase detector
network (260) may be realized by using a divider, amplifier and balanced mixers arranged in a
conventional manner. The divider may comprise MC10EL32, made by ON Semiconductor, Inc.,
and the amplifier and balanced mixers may, respectively, comprise OPAMP TL071 from Texas
Instruments and mixers available from Synergy Microwave [22]. The phase detector network
(260) dynamically compensates for phase errors between each oscillator during wideband
operation. The phase detector network (260) detects random fluctuations in the free‐running
frequency and translates those fluctuations into phase errors. The phase errors are then fed
back to the combiner network (232) and used to control the phase and frequency of the
buffered signal (250) during tuning operation. The phase errors are also fed back to the
dynamically tuned coupled resonator networks (224, 228) and used to tune the oscillating
frequencies of the each of the three terminal devices.
The tunable phase coupling network (208) is also coupled to the evanescent mode resonator
combiner network (206) to dynamically tune the phase of the resonating wave. A select portion
of a signal from the combiner network (232) as well as a select portion of a signal from the
evanescent mode combiner resonator network (206), are also fed back to the tuning block
(220). A portion of the signal (254) is then fed to tunable phase coupling network (208) and
used to dynamically tune the phase of the output signals (238, 240), so that each of these
signals remain in phase during a tuning operation. A portion of the signal (254) is also fed to
each of the dynamically‐tuned coupled resonator networks (224, 228), so that the frequency, f0,
present at block (238) is at the same frequency as the signal present at block (240).
Accordingly, as the tuning voltage, Vtune, is adjusted the frequency of the signals, f0, present at
each of the terminals (2022 and 2042) are tuned over the operating frequency band through the
coupled resonator networks (224, 228), while the phase coupling network (208) keeps the two
devices (202, 204) operating in an anti‐phase mode at the fundamental frequency, f0 (e.g.,
push‐pull behavior), while the second harmonic, 2f0, interferes constructively (e.g., push‐push
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10.7 Design Challenges, Pros & Cons: Monolithic OEO Circuits
Monolithic integration of the OEO circuit is challenging. For example, while utilization of a
long fiber optic delay line can yield significant gains in Q factor, the long delay can also cause
very small mode spacing [73]. In order for the multi‐mode OEO system to function at a stable
frequency, the OEO must be capable of suppressing side modes with a low side modes
suppression ratio (SMSR). While use of additional electrical loops can improve SMSR, this can
only make the mode spacing greater and the OEO will still be subject to frequency hopping, for
example upon startup. While injection locking (e.g., an OEO coupled with a monolithic hetero‐
junction phototransistor (HPT) oscillator, or an electrical oscillator) may mitigate these
problems and yield a single mode output, such a design would result in a significant increase in
cost.
Addressing the above concerns, a multi‐mode injection‐locking effect may be incorporated
into the OEO system using a Fabry–Pérot laser diode (FP‐LD) [22]. Using the laser diode, a
single OEO mode may be locked while other mismatched modes are suppressed due to the gain
competing and phase‐synchronization effect. This ensures that the oscillation frequency and
modulation frequency are synchronized in a single‐mode operation, and further does not
require the addition of any more high speed optoelectronic devices to the OEO system. The
laser diode arrangement may lead to an SMSR of 75 dB or better [23].
Tunability of the OEO system as illustrated in Figure 10‐70 is also a significant concern.
Conventional OEOs generally have densely spaced oscillation modes due to the long length of
fiber optic delay lines, and a fixed microwave bandpass filter (MBPF) having a relatively small
frequency‐tunable range (e.g., in the range of a few MHz) must be used to ensure single‐
frequency oscillation. The reported technique [22] allows for use of a tunable MBPF
implemented in the optical domain which is incorporated in an OEO [23]. One possible
technique of frequency tuning may be performed by changing the wavelength of the incident
light wave or the longitudinal modes of the FP‐LD. Changing the wavelength is possible by
changing the operating temperature. However, temperature changes can often deteriorate the
quality of a sustained microwave signal. Another possible frequency tuning technique may be
performed using a two‐port phase modulator (PM) and a linearly chirped fiber Bragg grating.
The frequency tuning is realized by tuning the dispersion of the linearly chirped fiber Bragg
grating. However, ensuring a large frequency‐tunable range requires that the tunable range of
the dispersion must be very large, which is hard to realize for practical applications.
A further concern is that the frequency of the generated microwave is usually low, being as
that frequency is significantly limited by the bandwidth of the modulator and the central
frequency of the MBPF. One could use two optical carriers at two different wavelengths
instead of a single optical carrier. In such an arrangement, the MZM modulator may be biased
at the quadrature point at one wavelength, to generate a fundamental oscillation, and at the
minimum transmission point at the other wavelength, to generate a frequency‐doubled
operation. However, this arrangement is subject to poor stability due to drift. While a
polarization modulator (PolM) may address the bias drifting issues, the frequency‐doubling
OEOs nonetheless require a fixed MPBF, which again leaves a relatively limited frequency‐
tunable range for the OEO system.
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The above concerns may be addressed using a wideband tunable frequency‐doubling OEO
incorporating a photonic MBPF based on a PM and a phase shifted fiber Bragg grating (PS‐FBG).
The key benefits of such an OEO are that: (1) it is capable of generating a frequency‐doubled
microwave signal while using low‐frequency components in the OEO loop, and that (2) it can
realize wideband frequency tuning by simply tuning the wavelength of the incident light wave.
In addition, no bias control is needed. This simplifies implementation and improves the
operation stability. The PM and PS‐FBG could be potentially integrated in a photonic integrated
circuit chip, which would significantly improve its overall performance.
In an OEO system having a frequency shifter (FS), the oscillating frequency may be tuned by
changing the optical pump wavelength. Compared to tunability of an OEO with an MZM, this
arrangement may be capable of greater RF power output for a given amplifier gain and laser
output. The optical storage element of the OEO system is generally an optical fiber delay line.
However, use of this storage element raises certain difficulties in operating the OEO system. For
starters, the delay line can be relatively bulky and can make transportability of the OEO
difficult. Further, the delay line would need to be temperature‐stabilized, which would require
a significant amount of energy. Last, the delay line is capable of generating spurious peaks very
close to the carrier (few tens of kHz), which can be detrimental in several applications.
In the light of these difficulties, in some examples, the optical fiber delay line may be replaced
by an ultra‐high Q whispering gallery‐mode (WGM) optical resonator. The WGM optical
resonator stores energy by trapping laser light, while also defining the oscillation frequency
(which is defined by the free spectral range of the resonator). OEOs using WGM technology are
generally compact, do not generate delay‐induced spurious peaks in the RF spectrum, and are
compatible with compact temperature control systems. Thus, use of WGM technology can
yield a portable OEO that is capable of producing an ultra‐pure microwave signal. This is a
highly desirable feature in many applications, such as in aerospace engineering for example.
This feature also permits for phase modulation, instead of intensity modulation, of the
sustained signal. While intensity modulators are environment sensitive devices (which is not
desired when high device stability is required, e.g., for pure tone generation), phase modulation
involves a differential phase‐to‐intensity conversion, which is less sensitive to electro‐optic
drifts (e.g., slow charge re‐distribution). Since the resonator is effectively an imbalanced
interferometer, it is clearly useful for differential phase‐to‐intensity conversion. Like standard
differential optical phase modulation techniques, the WGM optical resonator offers superior
performances at very high modulation speeds (e.g., >10 Gb/s). Also, configuration of an
ultra‐high Q WGM optical resonator is compatible with chip integration, and therefore makes
for a feasible and transportable source for ultra‐pure microwave generation.
As discussed above, the reported OEO system in Figure 10‐65 can generate a very high
frequency signal (from 5 GHz to 100 GHz). Generally, in order to generate such a high
frequency signal, an OEO requires high frequency components (e.g., a 100 GHz photo‐detector,
a 100GHz intensity modulator, a 100GHz RF amplifier, etc.) which are generally expensive and
difficult to implement. The OEO of the present disclosure is in fact capable of producing a high
frequency signal using relatively low frequency optical and microwave devices. This aspect of
the design can be modeled by a dual loop OEO operating at a low frequency using a directly
modulated distributed feedback laser (DFB). By injecting a continuous lightwave into the
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directly modulated DFB laser, and properly adjusting the injection power as well as the
polarization, the laser diodes are injection locked, thereby generating higher harmonics. The
harmonic order can be controlled by varying the frequency difference between the free running
DFB laser and the continuous lightwave. Simulated data predicts that a 100 GHz microwave
may be produced from an OEO having optical and electrical devices that operate at the
frequency no more than 10 GHz [22]‐[23].
The advantage of the tunable OEO system illustrated in Figure 10‐74 is its superior phase
noise performance. The phase noise performance of a tunable OEO is directly related to the
fiber length, i.e., increasing the fiber length results in decreasing the phase noise of the OEO.
However, an OEO generates multiple resonance frequencies with a mode spacing that is
inversely proportional to the fiber length. Thus, increasing the fiber length also results in
unwanted modes. Including an extremely narrow pass‐band RF filter in the feedback loop of
the OEO system can suppress the unwanted modes. Furthermore, the frequency selectivity of
the RF filter may be relaxed by use of multi‐loop configurations (e.g., additional optical loops,
additional electrical loops). However, frequency tuning over a spectral range that is wider than
the mode spacing of the longest feedback loop is hard to perform because any change of the
frequency is directly related to a change of the loop length. An electrical phase shifter in
conjunction with a standard high‐pass filter in a dual‐loop configuration may be used to make a
tunable OEO with an ultra‐wide tuning range that overcomes these difficulties.
In summary, the above described OEO system provides for a dramatic reduction in the size,
weight, and power of a conventional OEO, using a platform that monolithically integrates optics
and RF electronics in silicon (CMOS/BiCMOS/HBTs). Moreover, the disclosed OEO system
provides a significant decrease in the RF power consumption of the integrated versus the
discrete version of the OEO. While an OEO made of discrete components can include RF
amplifiers that use as much as 10‐20W, the entire integrated RF chain of the disclosed OEO may
use less than 200 mW. Even further, the integrated components are capable of operating from
a less than 2V power supply (e.g., a Si device) and do not need matching input and output
drivers that discrete components generally require. Additionally, the modulator driver may
typically use <1000 mW.
10.8 Conclusion
This research work details integrated optoelectronic oscillators with frequency and phase
stability over operating temperature (‐400C to +850C), provides an integrated optoelectronic
filtering system having higher frequency selectivity in a relatively small size (compared to the
larger size of a higher order electrically realized RF filter), reduced temperature sensitivity, and
minimized frequency drift.
The reported EMSIPL (evanescent mode self‐injection phase‐locked) OEO configuration
shown in Figure 10‐74 is amenable for MMIC in silicon, enabling compact, low noise and low
cost solution in which it is possible to synthesize any precise RF frequency by adjusting the
optical source wavelength, leading to satisfying stable oscillation conditions for a new RF
frequency in highly dispersive photonic bandgap fibers [21].
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Chapter 11
Conclusion
11.1 Summary of work
Modern communication systems require two kinds of signal sources: (i) ultra low phase noise
fixed frequency reference signal sources, and (ii) low phase noise tunable frequency signal
sources. But the common denominator for both sources is identical, which is low cost, low
power consumption, and compact size. Intrinsically, high Q-factor resonators (Crystal, SAWSurface Acoustic Wave, BAW-Bulk Acoustic Wave, Ceramic, Dielectric, MEMS, and Optical Fiber)
based oscillator circuit exhibits ultra low phase noise characteristics for fixed frequency or
narrow band (< 1%) signal source solutions but at the cost of high power-consumption,
vibration sensitive, and significantly expensive. On the other hand, broadband tunable signal
sources are realized by using either YIG resonator based or else printed transmission line
resonator based tunable oscillator circuits. YIG (Y3Fe5O11) oscillators are known for low noise
broadband signal source but at the cost of size, power and integrability in IC (integrated circuit)
form. In addition to this, YIG is sensitive to vibration, lighting, electromagnetic interference
(EMI), microphonics, phase hits, and frequency modulation, all of which have a detrimental
effect in designing modern communication systems]. Even though, printed resonator based
oscillators offer low cost, vibration insensitive and integratable solution, these limit the
applications due to poor phase noise and larger real estate area.
During the last decades, design engineers have been improving the phase noise performance
of both fixed frequency reference signal sources (using Crystal resonator for low frequency
application-100 MHz and below; and Optical fiber delay line resonator for high frequency
applications-10 GHz and above) and tunable signal sources (using printed resonator based
oscillator circuits) for satisfying the new requirements. This development has taken place in two
distinct lines of approach. The first one dealt with the reducing the size and improving the Qfactor of the printed resonator and the second is related with the exploring different novel
oscillator tolpogies (self-injection locking, phase-locking, mode-locking, evanescent-mode
coupling, mutual-injection-locking, noise-filtering) for stable and reliable performances.
This research report presents novel techniques to design signal sources using crystal
resonator, dielectric resonator, SAW resonator, printed transmission line resonator and optical
resonator networks for low cost and high performance applications. The slow-wave
evanescent-mode metamaterial and Möbius configuration based resonator topology enables
superior performance, can partly or fully meet the criteria of new requirement posed by 4 th
generation communication systems. A quality-factor enhancement technique based on
employing slow-wave resonator is discussed and experimentally verified by designing frequency
synthesizer using oscillator employing a slow-wave resonator, slow-wave metamaterial
resonator and mode-coupled slow-wave metamaterial resonator oscillators. A procedure is
introduced to determine the quality factor of various resonator (passive and active) topologies
for low phase-noise oscillators. Active resonators are analyzed and a design procedure is
introduced to optimize their performance for low-noise applications. It is shown that, despite
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their excess noise, active resonators can be used to design very low phase-noise oscillators,
however, at the cost of increased power consumption. In other words, they compromise the
DC-to-RF power efficiency for lower phase-noise. This problem can be mitigated by designing
MCSWR (mode-coupled slow-wave resonator), which can provide high quality-factors at lower
power consumptions and also amenable to integrated circuit design. MCSWR topology not only
helps reduce the oscillator’s size, but also eases the frequency tunability. An X-band voltagecontrolled-oscillator is designed based on the proposed technique. The oscillator achieves a
state-of-the-art phase-noise and figure-of merit (FOM) among planar oscillators reported to
date. The proposed VCO structure reported in this report occupies a relatively small area
making it suitable for integrated circuit fabrication at mm-wave frequencies. The methods
discussed in this thesis can be applied to design miniaturized very low phase-noise voltagecontrolled-oscillators at microwave and mm-wave frequencies. The slow-wave metamaterial
based Möbius resonators have received increasing attention for integrated oscillator design;
these resonators present several advantages in comparison with conventional planar resonator, as
for example:
 High Q-factor and Improved selectivity
 Easy integration in MIC/MMIC technologies, Small dimensions and weight
 Multi-band characteristics
 Relatively insensitive to EMI and EMC
The intended application is the development of multi-band low phase noise signal source
solutions for current and later generation communication systems. With the development of the
MMIC fabrication techniques, the fuure research work is to use the slow-wave metamaterial based
Möbius resonators technology for biomedical sensors, imaging, and energy harvertsing
applications. The following patent applications listed below are are the part of the completion
of this research work:
1. Metamaterial Resonator Based Oscillators, US Patent applications No. 61976185, April 2014
2. BALUN, US Patent applications No. 61976199, April 2014
3. Integrated production of self injection locked self phase loop locked Opto-electronic
Oscillators””, US Patent application no. 13/760767 (Feb 06, 2013).
4. “Self Injection Locked Phase Locked Looped Optoelectronic Oscillator”, US Patent application
No. 61/746, 919 (Dec 28, 2012).
5. User-definable, low cost, low phase hit and spectrally pure tunable oscillator, European
Patent No. 1 783 893 - January, 9, 2013
6. Wideband Voltage Controlled Oscillator Employing Evanescent Mode, Japanese Patent No.
5102019 - October 5, 2012
7. Passive Reflection Mixer, CA. Patent No. 2524751 - March 1, 2010
8. Tunable Oscillator, CA. Patent No. 2533623 - March 1, 2010
9. Tunable Frequency, Low Phase Noise and Low Thermal Drift Oscillator, CA. Patent No.
2534370 - February 9, 2010
10. Low Noise And Low Phase Hits Tunable Oscillator, US Patent No: 7,636,021 - December
22, 2009
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11. Visually Inspectable Surface Mount Device Pad, US Patent No: 7,612,296 - November 3,
2009
12. User-Definable Low Cost, Low Noise, and Phase Hits Insensitive (Multi-Octave-Band
Tunable Oscillator), US Patent No: 7,605,670 - October 20, 2009
13. User-Definable Low Cost, Low Phase Hits and Spectrally Pure Tunable Oscillator, US
Patent No: 7,586,381 - September 8, 2009
14. User-Definable Low Cost, Low Noise, and Phase Hits Insensitive Multi-Octave-Band
Tunable Oscillator, CA. Patent No. 2568244 - September 24, 2009
15. Passive Reflection Mixer, U.S. Patent No. 7,580,693 - August 25, 2009
16. Integrated Low Noise Microwave Wideband Push-Push VCO, CA. Patent No. - 2548311 August 5, 2009
17. User Definable Thermal Drift Voltage Oscillator, CA. Patent No. 2548317 - August 5, 2009
18. Low Noise, Hybrid Tuned Wideband Voltage Controlled Oscillator, U.S. Patent No.
7,365,612 - April 29, 2008
19. Multi-Octave Band Tunable Coupled - Resonator Oscillator, U.S. Patent No. 7,292,113 November 6, 2007
20. User-Definable Thermal Drift Voltage Controlled Oscillator , U.S. Patent No. 7,265,642 September 4, 2007
21. Low Thermal Drift, Tunable Frequency Voltage Controlled Oscillator, U.S. Patent No.
7,262,670 - August 28, 2007
22. Tunable Frequency, Low Phase Noise and Low Thermal Drift Oscillator, U.S. Patent No.
7,196,591 - March 27, 2007
23. Wideband Voltage Controlled Oscillator Employing Evanescent Mode CoupledResonators
U.S. Patent No. 7,180,381 - February 20, 2007
24. Oscillator Circuit Configuration, U.S Patent No. 7,102,453 - September 5, 2006
25. Integrated Low Noise Microwave Wideband Push-Push VCO U.S. Patent No. 7,088,189 August 8, 2006

11.2 Futuristic Work
The slow-wave metamaterial based Möbius resonators have received increasing attention for
integrated oscillator design; these resonators can provide high quality-factors while occupying a
small area due to small wavelengths at mm-wave frequencies. The Metamaterial Möbius
technology discussed in this thesis can open new era in the field of imaging and sensors
applications. Following research work as futuristic technology is in under progress:
 Telecom, Biomedical, and Sensors application
 Energy Harvesting, Solar Cells, Go Green Solution
 Subdiffrcation Imaging, Superlens
 High Resolution 3-D printers
 Antenna, Invisbility Cloak
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Symbol

Description
Linear time variant
Nonlinear time variant
Linear time invariant
Active tunable inductor

AI

Active Inductor
Tunable inductor or Tunable active inductor
Tunable Active Inductor Oscillator
Active tunable inductor oscillator
Active inductor oscillator
Voltage controlled oscillator

/
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Modified Bessel function of order n
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( )
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Collector reverse current

(

Total noise voltage

)

Noise due to source
(

)

Noise due to network
Generator admittance
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Minimum achievable noise figure
Noise resistance

[

]

Y-parameter noise correlation matrix

[
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ABCD Correlation Matrix
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Mean square value of noise due to base current
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(
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Noise power spectral densities due to collector current

(
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(
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Noise power spectral densities due to source resistance
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[

Mean square value of noise due to gate current

]

(
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FET noise coefficient
]
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FET noise coefficient
√[
[

]
]
0.67 for JFETs and 1.2 for MESFETs
0.2 for JFETs and 0.4 for MESFETs
0.4 for JFETs and 0.6-0.9 for MESFETs
Complex source impedance

[

]

Modified factor
Drive-Level
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[
[
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Drive-Voltage

( )
]
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Fundamental component of current

( )
]
( )

Second harmonic component of current
Conduction angle
Transformation factor
Optimum transformation ratio
Parallel loss resistance
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Loaded quality factor
Center frequency
Flicker corner frequency
Frequency offset
Average power at oscillator output
Oscillator voltage gain
Noise factor
Noise Figure
(

)

Ratio of sideband power in a 1 Hz bandwidth at fm
Vector of harmonic-balance (HB) errors
Vector of real and imaginary parts of all HB errors
Vector of state variable (SV) harmonics
Vector of forcing terms
Perturbation of the circuit state
Jacobian matrix of the HB errors

( )

Phasor of the pseudo-sinusoidal components

( )

Noise power spectral density

( )

Normalized correlation coefficient

( )

Side-band noise sources

( )

Side-band noise sources
Noise power spectral density

( )

Power spectral density of the input phase error
Peak phase deviation
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Noise signal voltage
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Time variant negative resistance
Boltzmann’s constant (1.38E-23 J/K)
4.1  1021 at 300 K0 (room temperature)
Equivalent noise resistance of tuning diode
Compressed power gain of the loop amplifier

(

)

Closed loop transfer function

(

)

Open loop transfer function
th

〈|

( )| 〉

PM noise at k harmonic

〈|

( )| 〉

PM noise due to contribution of modulation
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〈|

th

( )| 〉

〈

( )
〈|

AM noise to carrier ratio at k harmonic

( )〉

( )

( )|〉

th

PM-AM correlation coefficient for the k harmonic
Correlation matrix
Conjugate-transpose
Row-matrix
Frequency transfer matrix

(
|

|

)
(

Trans-admittance matrix
)

( )
( )

th

k harmonic of the steady-state current through the load
Correlation coefficient of the upper and lower sidebands
Modulating signal
Phase sensitivity
Modulation index of the modulating signal
Signal to noise ratio
Sideband amplitude of a phase modulation
th

Coefficient of Fourier series, 0 order of the ISF
Noise bandwidth
1/f noise corner frequency of the device/transistor

⁄

Maximum charge on the capacitors in the resonator
( )

Noise transfer function due to resonator loss resistance

( )

Noise transfer function due to transistor base resistance

( )

Noise transfer function due to the transistor base current

( )

Noise transfer function due to flicker noise

( )

Noise transfer function due to collector current
Flicker noise constant
Flicker noise exponent

( )

Complex envelope of the frequency modulated signal

/ (x)

Impulse sensitivity function
Electromotive force
Large-signal current gain
Large-signal input admittance
Large-signal transconductance

A(t)
(t)

Amplitude fluctuation
Phase fluctuation
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Steady state phase difference

Yn

Normalized noise admittance

Ye

Even mode admittance

Y0

Odd mode admittance

e

Even mode

0

Odd mode

Gn

In-phase component of noise source

Bn

Quadrature component of noise source

m

Ratio of loaded and unloaded Q

mopt

Optimum value of m for minimum phase noise

Q0

Unloaded quality factor

ij

Coupling parameter

i

Free-running amplitude of the i oscillator

Ai(t)

th

th

Instantaneous amplitude of the i oscillator
th

i(t)

Instantaneous phase of the i oscillator

i

Free-running frequency of the i oscillator

MEMS

th

Micro-electro-mechanical-system

SMD

Surface mounted device

SRF

Self resonance frequency

MSL

Microstripline

einj(t)

Injected signal voltage

lock

Locking bandwidth

inj

Injected signal frequency

ij

Magnitude of the coupling coefficient

ij

r

Phase of the coupling coefficient
Capacitance ratio of the tuning diode

CV0

Capacitance of tuning diode at zero bias voltage

CVB

Capacitance of tuning diode at breakdown bias voltage
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Pn

Average power dissipated by the network



Empirical nonlinear parameter

Rn(t)
Cn

[C ]

Time variant negative resistance
Fourier series coefficient
Matrix representation of arbitrary coupling topology

C

Coefficient of correlation

n

Phase of the n harmonic

We

Average stored electrical energy

We

Average stored magnetic energy

diff

Modulation frequency

VNA

Vector network analyzer

VDP

Van der Pol

SWR

Slow-Wave resonator

DR

Dielectric Resonator

th

MCPR

Möbius coupled printed resonator

RTRD

Real Time Signal Retention Device

IFFT

Inverse Fast Fourier Transform

DPS

Double Positive substrates

ENG

Epsilon Negative Substrate

MNG

Mu Negative Substrate

DNG

Double Nagtive substrates

NRIM

Negative Refractive Index material

SRR

Split-ring resonator

TLM

Transmission line model

CRLH

composite right/left-handed structures

SWMR

Slow Wave Metamaterial Resonator

SIW

substrate integrated waveguide

CSRR

complimentary split ring resonators

MCSWMR

Mode-Coupled Slow-Wave Metamaterial Resonator
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OEO

Opto-Electronic Oscillator

B

Injection locking loop gain

DRO

Dielectric resonator oscillator

DSIL

Dual loop Sefl-injection locking

DSILPLL
DSPLL

Dual loop Self-injection locked and phase locked loop
Dual loop Self-phase locked loop

fm

Fourier frequency

fosc

Oscillation frequency

G

Phase locking loop gain

IL

Injection locking

ILPLL

Injection locked phase locked loop

Kd

PLL phase detector gain

Kh

PLL low pass filter gain

Ko

PLL VCO tuning sensitivity

L(fm)

Single sideband phase noise

MMS

Metamaterial Mobius Strip

PLL

Phase locked loop

SIL

Sefl-injection locking

SILPLL

Self-injection locked and phase locked loop

SLC

Sapphire loaded cavity

SPLL

Self-phase locked loop

Sφ(fm)

Power spectral density of phase

ζ

Damping factor of PLL loop

θe

Phase error between input and VCO

θi

Phase angle of input signal

θo

Phase angle of VCO

τ

Time delay associated with an optic fiber

Sφ(fm)
θi

Power spectral density of phase
Phase angle of input signal
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θo

Phase angle of VCO

θe

Phase error between input and VCO

ϕi

Instantaneous phase of input signal

ϕo

Instantaneous phase of VCO signal

ζ

Damping factor of PLL loop

ωn

Natural frequency of PLL loop

fosc

Oscillation frequency

fm

Fourier frequency

τ

Time delay associated with an optic fiber

τi

Time delay of the fiber used in self-injection locking

τd

Time delay of the fiber used in self-phase locked loop
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Appendices
Appendix A
A1

Noise Analysis of the N-Coupled Oscillator

The objective of this section is to find the analytical expression of the phase noise of the N-coupled
oscillators relative to a single free running uncoupled oscillator for different coupling configurations.
Three types of coupling topology (global, bilateral and unilateral) are described for the noise analysis of
the N-coupled oscillator systems. For uncoupled oscillator coupling coefficient  ij  0 , the expression
of the coupling dynamics can be characterized as [Ref. 1: pp. 284, Equation 10-191]

  i  2
  
[ Ai ( )]uncoupled  
[ i  3 A i2 ][ Ai ( )]uncoupled   i  A i Gni ( ) ; i  1,2,3...N (A.1)

 2Q 
 2Q 
  
[ i ( )]uncoupled    i  Bni ( ) ; i  1,2,3...N
(A.2)
 2Q 
 AiGni ( )
From (A.1),
(A.3)
[ Ai ( )]uncoupled 
 2 Q 
2
2


   [3 Ai   i ]
 i 
The noise spectral density due to the amplitude fluctuation is given by
2
A i2 Gni ( )

 Ai ( ) uncoupled 
2

2

 2 Q 
2
2 2
2

   [3 Ai   i ]
 i 

(A.4)

The noise spectral density due to the phase fluctuation for single uncoupled free running oscillator is
given from Equation (A.2) as

 i ( ) uncoupled 
2

Bni ( )

2

 2Q 


 i 

2

(A.5)

For series tuned free running oscillator, Equations (A.4) and (A.5) can be rewritten as
2
2
A i2 Gni ( ) R 2
2e
 Ai ( ) uncoupled  2 2

4 L   (  R) 2 [3 A i2   i2 ]2 4 L2 2  ( A0 ) 2
2
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2e

(A.6)

2

4 2 L2 A02

(A.7)

2
2
,  A0  ( R) [3 A i2   i2 ] , e  A i2 Gni ( ) R 2

Equation (A.6) and (A.7) represents the AM and PM noise for the uncoupled free-running series tuned
oscillator and this has same form as given in (Ref. 1, Eq. 10-173, Eq. 10-177).

A1

A2

Globally N-Coupled Oscillator Systems

Figure A-1 shows the globally N-coupled oscillator system.
Osc#1

Osc#N

Osc#2

Osc# N-1

Osc#3

Osc# N/2

Figure A-1: Globally N-coupled oscillator system
From Equation [Ref.1, pp. 286, Equation 10-194]
N
 2Q 
[


(

)]
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j 1
 i 
j i

i  1,2,3..N

(A.8)

For globally coupled topology, considering coupling coefficient  ij   for any ith and jth oscillators
and all the oscillators are in phase, Equation (A.8) can be rewritten as
N
 2 Q 
[ i ( )  [ j ( )]  Bni ( )
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j i
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(A.9)

Expanding the series of the Equation (A.9) as
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From [Ref.1, pp. 286, Equation 10-196]:
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From [Ref.1, pp. 288]:

( N  x)
1
;

 x ( N  x) x
j 1
From [Ref.1, Equation 10-205], the total output phase noise is given by
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Comparing Equation (A.15) with the single oscillator phase noise Equation (A.5), we find
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 i ( ) uncoupled
N

(A.15)

(A.16)

From Equation (A.16) the total PM noise for N globally oscillators is reduced by the factor N of that of
a single oscillator.

A3

Bilateral N-Coupled Oscillator Systems

Figure A-2 shows the nearest neighbor bilateral N-coupled oscillator system.



Osc#1

Osc#3

Osc#2

 



Osc# N-2

Osc# N-1

Osc# N

Figure A-2: Nearest neighbor bilateral N-coupled oscillator system

The coupling parameter  ij for the Figure A-2 is defined as [1]
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i  j 1
otherwise

(A.17)

Assuming constant phase progression along the array of the N-coupled oscillator system as [2]

i  i 1  

(A.18)

From [Ref.1, pp. 286, Equation 10-195], [C ] for bilateral coupling can be described as
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N
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From [Ref.1, Equation 10-197],
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(A.20)

From [Ref.1, Equation 10-205], the total output phase noise is given by
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Comparing Equation (A.22) with the single oscillator phase noise Equation (A.5) we find

 total ( ) 
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1
2
 i ( ) uncoupled
N

(A.22)

Unilateral N-Coupled Oscillator Systems

Figure A-3 shows the nearest neighbor unilateral N-coupled oscillator system.
   

Osc#1

Osc#2

Osc#3

Osc# N-2

Osc#N

Osc# N-1

Figure A-3: Nearest neighbor unilateral N-coupled oscillator system
In this topology, each successive oscillator in the array of N-coupled oscillator system is slaved to the
previous oscillator and the first oscillator in the array is considered as master oscillator.
The coupling parameter  ij for the Figure A-3 is defined as [1]
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otherwise

From [2], [C ] for unilateral coupling
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From (A.26), rows and columns of the Equation (A.25) form geometric series; the expression of
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From [Ref.1, Equation 10-205], the total output phase noise is approximately given as
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(A.27)

(A.28)

From Equation (A.29), there is noise degradation with respect to the single uncoupled free running
oscillator and the noise of the unilateral coupled oscillator increases quadratically, away from the
carrier, and linearly with increasing number of the oscillator of the array of the N-coupled oscillator
systems. In general z  1and near the carrier frequency the noise is just that of the first-stage
oscillator, thereby the total noise could be significantly reduced by making the first-stage oscillator as a
master oscillator having low noise performance.
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Appendix B
B1

Active Resonator using Gain Feedback Loop

Figure B-1 shows the typical active resonator circuit topology using active feedback loop [1, 2].

C2: Noise Wave

C1: Noise Wave

(a)
(b)
Figure B-1: A typical square open-loop resonator with an active feedback-loop for loss compensation, resonator is
doubly loaded through input and output coupled-lines with external quality-factor of Qe: (a) layout representation,
(b) simplified circuit schematic representation, the amplifier is matched to 50 Ω at the input and output [1, 2]

As shown in Figure B-1 (a), the external quality factor Qe, represents the resonator’s input and output
loadings, external-quality-factors, Q1 and Q2, denote the loading effects due to the gain stage’s input and
output coupling, and G is the voltage gain of the amplifier. The phase of the active feedback-loop should
be an integer multiple of 360o for loss compensation.
Figure B-1 (b) shows the simplified equivalent circuit of the active resonator for the analysis of noise
characteristics. As shown in Figure B-1 (b), RLC network models the passive resonator coupled to the
amplifier through the transformers with turn ration n1 and n2. The active resonator’s input and output
external couplings are represented by the transformers Ti and To. For simplification in analysis, the
amplifier is bilaterally conjugate matched at its input and output. The resonator is fully losscompensated when this negative resistance is equal in magnitude to the positive resistance of the
passive resonator, Rr. This requirement is fulfilled when the gain of the amplifier is chosen such that [1]
√

[

]

where

(B.1)
(B.2)
(B.3)
(B.4)

The active feedback loop shown in Figure B-1 (a) can be represented equivalently as a negative
resistance as
(
(

(

)
){(

)
)

(B.5)

}
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The noise sources of the amplifier in the feedback loop generate two noise-waves, C1 and C2 (Fig. B1b), which degrade the doubly loaded resonator’s noise figure. It is very important to minimize the
effect of the added-noise introduced by the amplifier, especially when the active resonator is intended
for low phase-noise oscillator applications. Noise analysis of active resonators has been performed in [1,
2], where it is shown that the contribution of the noise-wave C1 (shown in Figure B-1) to the noise-figure
of the resonator is nullified when the active feedback-loop is designed such that:
(B.6)
From (B.2)-(B.6), the optimum feedback loop design parameter for a lossless high – Q factor resonator
with minimum noise degradation can be given by
(B.7)
(B.8)
[

(

)

(

)]

[

(

)]

(B.9)

Where
is the noise-figure of the passive resonator; m and FA are the noise-measure
and noise-figure of the amplifier, is defined by
(B.10)
(

)

(B.11)

Figure B-2 shows the CAD simulated S21 responses of the passive and active resonators with gain
feedback for brief insights about the resonator frequency characteristics. Figure B-3 shows the CAD
simulated noise-figures of passive and active resonator using different gain feedback-loop parameters
(m= 0.103, 0.425, 0.778) with Qu=200 and Qe=200, where “m” is the noise-measure of the amplifier
used in the active feedback-loop.
As shown in Figure B-3, the noise-figure is measured at the resonant frequency (o) and each marker
represents an active resonator designed with different feedback-loop parameters. From (B.6), the
minimum noise-figure is achieved when
, as also observed in Figure B-3, the noise degradation
for active resonator is about 0.5 dB as compared to passive resonator. However, if the design parameter
is not optimized (
), significant noise-figure degradation could occur.

Figure B-2 CAD simulated frequency responses of the passive and active resonators (Qu=200 and Qe=200) [2]

B2

Figure B-3: Simulated noise-figures of passive and active resonator using different gain feedback-loop parameters
(m= 0.103, 0.425, 0.778), Qu=200 and Qe=200; m: noise-measure of amplifier used in the active feedback-loop [2].

B2. Active Resonator using negative resistance devices
Figure B-4 shows the typical square loop resonator along with a negative-resistance circuitry for its
loss compensation. The external quality factor, Qe, represents the input and output loadings, and Q-r is
the resonator’s quality factor due to coupling to the negative–resistance device. The square loop active
resonators shown in Figure B-4 can be equivalently described by the shunt RLC network which
represents the passive resonator coupled to the input and output ports through the transformers with
turn ratio ne. Figure B-5 shows the equivalent electrical circuit representation where the current source
In models the extra noise introduced by the active device, and the coupling to the negative-resistance
device is modeled by the transformer with turn ratio nr.

Figure B-4: A printed square loop resonator along with its negative-resistance circuitry for loss compensation [2]

Figure B-5: Shows the simplified circuit representation of active resonators using typical microstrip square loop
resonator along with its negative-resistance circuitry for loss compensation [2]

B3

Theoretically, the resonator’s losses are fully compensated when the negative resistance presented to
the RLC network is equal in magnitude to the positive resistance Rr [3]-[4]
(B.12)
(B.13)
(B.14)
(B.15)
From (B.12), the negative-resistance coupling gap as shown in Figure B-4 can be optimized by HFSS or
2.5D EM simulation for the condition:
. But the drawback of the negative resistance circuit is
excess noise generator (noise associated with the active device: transistor), its noise level is determined
through the equation for noise-measure defined as [5]
(B.16)
where K is the Boltzmann’s constant, T0 is the reference temperature and B is the bandwidth used to
measure the exchangeable noise power Pe of the active device. For low phase noise oscillator’s
application, due care must be taken in designing the negative-resistance device considering lowest
minimum noise measure “m”. As shown in Figure B-4, the optimum Xg and Xs values can be determined
for minimum noise-measure is given by
(

(B.17)

)

where Fmin and Ga are the transistor’s minimum noise-figure and associated gain, respectively. The
minimum noise-figure of the active resonator can be derived in terms of the circuit and device
parameters by analyzing the equivalent circuit as shown in Figure B-5. The output noise contributions
are from the input noise (In, 50), passive resonator losses (In,Rr), and the negative-resistance device (In,-50),
with the power spectral densities [2] :
̅̅̅̅̅̅
(B.18)
̅̅̅̅̅̅

(B.19)
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)] (B.21)
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From (B.21), Factive and Fpassive are the noise-figure of the active and passive resonators, encapsulates
the noise effect of the active device on the resonator’s noise-figure, indicating that a low noise-measure
transistor should be selected for the active resonator design. As shown in Figure B-5, negative-resistance
device amplifies RF power in order to compensate for the energy loss within the passive resonator.
Assuming the input power at port #1 is Pin, the voltage across the LC resonator is given by
√

(B.23)
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Considering the amount of the power added by the negative-resistance device (Padded) is equal to the
power dissipated by the tank’s positive resistance:
(

B3.

)

(B.24)

Oscillator Design Methodology Using Active Resonator

As discussed in section B1 and B2, active resonators can be realized either by using active feedbackloops or negative resistance devices to compensate partial or full loss compensation with minimum
noise-figure degradations. Theoretically, both loss compensation techniques yield a similar performance
in terms of noise-figure and power consumption but designer has to make a choice depending on the
implementation constraints for a given figure of merit (FOM).
The important point to note in active resonators, the loaded and external quality-factors are equal
because the unloaded quality-factor is infinity due to full loss compensation. From (B.21) to (B.24) [2]:
(B.25)
(B.26)
(

)

(B.27)
(B.28)

where Fpassive and Factive are the noise-figures of the passive and active resonators, respectively. QL,active, Qe
and Qu are, respectively, the loaded quality-factor of the active resonator, the external quality-factor,
and the unloaded quality-factor of the passive resonator. Pin is the power input to the resonator and
Padded is the power added by the loss compensation network.
From (B.25-B.28), high Q-factors of active resonators enable low phase-noise oscillators provided
there is power budget (active resonator consume DC power) and impact of excess noise associated with
active resonator is mitigated either by noise filtering and cancellation techniques or optimization of
resonator design for minimum noise measure [4]-[9]. In other words, in oscillators using single active
resonators as their frequency stabilization elements, DC-to-RF power efficiency is traded for lower
phase-noise.
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Appendix C
C1

Planar Resonator Oscillators

Microstrip/stripline/Suspended-Stripline resonators are the most common choice due to their low
fabrication cost for planar oscillator designs, can be easily integrated with active circuits such as MMICs
and RFICs. Unfortunately, a major drawback of using planar resonators is their large size and low qualityfactors, which makes it difficult to design small size low phase-noise oscillators. Various methods have
been explored [1]-[14] to improve the Q-factor and achieve miniaturization; these are categorized in
two groups: (i) passive planar resonator oscillator, and (ii) active planar resonator oscillator [1].

C2

Oscillators Based on Passive Planar Resonator

Figure C-1 shows the 8 GHz oscillator employing an amplifier gain block to support sufficient loopgain, and 4-pole elliptical bandpass filter as a frequency stabilization network and a parallel feedback
network for phase matching [2]. As shown in Figure C-1, the active device is a packaged SiGe HBT
transistor from NEC (NECNESG2030M04) DC biased at VCE=2V, IC=11mA. Figures C-2, C-3, and C-4,
illustrate the BPF layout, plots of printed BPF characteristics for X-band oscillator, and phase noise plot
(simulated and measured) [1]-[4].

(a)
(b)
Figure C-1: Shows the typical printed resonator oscillator: (a) Schematic of printed resonator oscillator, and (b)
Layout of printed resonator oscillator (Rogers RT/Duroid 5880 substrate) Frequency=8.05 GHz, power output
=3.5dBm, DC power consumption=22mW, DC-RF conversion efficiency=10%, oscillator FOM=-207dBc/Hz [1]

(a)
(b)
Figure C-2: (a) Layout of printed resonator (Roger 5880 subs.) BPF, (b) Insertion loss of the 4-pole elliptical BPF [1]

C1

(a)
(b)
Figure C-3: Shows the simulated and measured (a) quality-factor, and (b) resonator figure of merit of 4-pole BPF [1]

Figure C-4: Simulated (dashed line) and measured (solid line) phase noise plots of oscillator (Figure C-1) [1].

C3

Oscillator Based on Active Planar Resonator

High Q-factor planar active resonator can be realized by incorporating gain block for compensating
resonator loss characteristics. Possibly, high Q active resonator can offer solution for low phase noise
oscillator but most of the time this is not the case [5]. The resonator’s excess noise associated with the
gain block increases the noise level in the oscillator’s loops which adversely affects its phase-noise. Due
care must be taken to minimize the excess noise due to gain block embedded in the active resonator [6].
In addition to this, phase-noise reduction using active resonators comes at the cost of increased power
consumption. The FOM of active resonator
is given by [1]
(

)

(C.1)

(
where

[

)

(

)

(

(C.2)
)]

(C.3)

The active device in a resonator’s loss compensation network consumes DC power in order to generate
RF energy to compensate for the energy dissipation within the passive resonator. The power added by
the active device is given by [7]-[9]
(

)

(C.4)

The power added by the active device given in (C.4) shows the influence of active resonator’s loaded
quality-factor, increasing the active resonator’s loaded quality-factor for lower phase-noise, which
directly translates into higher power consumption with a rate of 10dB/decade, shown in Figure C-5 [10].

C2

(a)
(b)
Figure C-5 Shows typical plot of phase noise and power consumption of oscillators versus the loaded quality-factor
of the active resonators as their frequency stabilization elements: (a) Phase-noise, and (b) Power consumption.

Figure C-6 shows the typical circuit schematic of the printed active resonator oscillator consisting of an
amplifier, the resonator, and a π-feedback-network, where the loaded quality-factor of the active
resonator is controlled by adjusting the input/output coupling gaps (g) [1]. Figure C-7 shows the CAD
simulated oscillator’s phase-noise versus the active resonator’s loaded quality-factor.
As shown in Figure C-7 (a), the simulated phase-noise plot monotonically decreases by increasing the
resonator’s loaded quality-factor (increasing g). The rate of the phase-noise improvement is close to
10dB/decade as predicted in Figure C-5 obtained from theoretical analysis (C.4). It can be seen from
Figure C-7(a) that the active resonator with the loaded quality factor of 2000 improves the phase noise
performance by 25 dB (-150dBc/Hz @ 1 MHz offset) as compared to oscillator using passive square loop
resonator. However, this improvement comes at a price, which is increased power consumption.
As shown in Figure C-7(a), for the quality-factor of 2000, the amplifier in the resonator’s loss
compensation network should generate 28dBm of RF power (Red), which is about 125 times higher than
the oscillator’s output power level. Therefore, DC-to-RF power conversion efficiency is less than very
poor (< 0.5%), and not suitable for handheld applications. The drawback of poor DC-to-RF power
conversion efficiency can be overcome by incorporating Multi-coupled resonator based elliptical filter,
which can provide higher loaded quality-factors compared to single resonators because of higher
frequency-selectivity due to the presence of close-to-passband transmission zeros [2]-[13].

From ref [1], the simulated unloaded
Q-factor of the passive microstrip
square-loop resonator implemented on
a 32 mils thick RO4003C substrate is
72, loss of the resonator compensated
with an active feedback loop using an
ideal amplifier with 7 dB insertion
gain and 2 dB noise-figures.

Figure C-6: A typical schematic of an 8 GHz oscillator using a square-loop active resonator with 7dBm output

C3

(a) Simulated phase-noise plot (Black) at the resonance
frequency 8 GHz, amount of the power added (Red)
by the amplifier (Padded) in the active resonator’s loss
compensation network [1]

(b) CAD simulated noise Figure calculated at the
square loop resonance frequency of 8GHz [1]

Figure C-7: (a) CAD Simulated oscillator’s phase-noise @ 1 MHz offset from the crier frequency 8 GHz versus the
loaded quality-factor of its active resonator, and (b) CAD simulated noise-figure [1]

C4

Oscillator Based on Printed Multi-Coupled Active Resonator

Figure C-8 shows the typical open-loop square resonator designed at 8 GHz implemented on a Rogers’
RO3035TM substrate with a dielectric constant of 3.55 and a thickness of 0.8 millimeters (32 mils) [1].
The passive resonator’s unloaded quality-factor is 180. An ATF-33143 pHEMT transistor from Avago
Technologies is selected to implement the amplifier in the feedback loop. The amplifier provides a gain
of 7 dB with 1.2 dB noise figure.

(a) open-square resonator (dimensions are in millimeters)

(b) CAD simulated S21 response

Figure C-8: (a) An open-square resonator with an active feedback-loop for loss compensation, (b) Measured and
simulated frequency response of the loosely-coupled active resonator compared to a similar passive resonator [1]

C4

The optimum active resonator’s feedback-loop design parameters are designed corresponding to
Input/output coupling gaps (g1 and g2) as depicted in Figure C-8(a). Figure C-8 (b) illustrates the
simulated S21 plot of the active resonator shown in Figure C-8(a); it can be seen the unloaded-qualityfactor of active resonator is approximately 4000. The measured resonant frequency of the active
resonator is slightly shifted to the higher side due to tolerances and parasitics. Figure C-9 shows the
typical schematic of the elliptic filter in which the input and output resonators have been cross-coupled
to realize the transmission zeros (built on a RO3035TM substrate).

Figure C-9: A typical active four-pole elliptic-response band-pass filter [3]

(a) The simulated insertion loss and loaded-Q-factor

(b) Simulated noise-figure of the active and passive filter

Figure C-10: Shows the CAD simulated plots: (a) insertion loss and loaded-quality-factor of the passive and active
filter center frequency is 8 GHz with 130 MHz bandwidth, 10 dB return loss and normalized transmission-zerolocation of 1.2), and (b) noise-figure of the active and passive filters (Noise-figure simulation results of various
other active filters with different feedback-loop parameters Q1 and Q2 are also shown for comparison) [2].
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As shown in Figure C-9, the gain block (Gain= 7dB, NF=1.2 dB) is not incorporated for compensating
the loss at the input and output resonator loop because their loaded quality-factors are limited by
primarily the external loadings rather than the internal resonators’ losses. Figure C-10 shows the CAD
simulated insertion loss and loaded quality-factor of the active filter, exhibits a peak loaded-qualityfactor of 720 at the pass-band edge, which is about six times higher than that of the passive filter,
suitable for the design of low phase-noise oscillators. As shown in Figure C-10, The 2.2 dB insertion loss
of the active filter is due to the uncompensated input and output resonators’ losses [2].

(a) Measured and simulated insertion loss

(b) R-FOM of the active and passive filter

Figure C-11: The frequency performance plot of active filter: (a) Measured and simulated insertion loss of the
active filter as shown in Figure C-9 [1, 2], and (b) R-FOM of the active and passive filter (without Q1 and Q2) shown
in Figure C-9 (Lower R-FOM values are desired for low phase-noise oscillator applications) [1, 2]

Figure C-12: Shows the layout of 8 GHz oscillator using multi-coupled active filter (transistor is biased at the
collector voltage of 2 volts and collector quiescent current of 10 mA, the active device in the oscillator loop is an
NESG2030M04 HBT SiGe transistor. The transistors of the active filter are ATF-33143 pHEMT devices; the πnetwork consists of a series capacitor and two shunt microstrip open stubs) [1, 2].
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Figure C-11 shows the measured insertion loss of the active filter, shown in Figure C-9. A slight shift in
its center frequency is due to the fabrication tolerances. The resonator FOM of the active filter is
calculated based on (C.2) using the measured quality-factor and simulated noise figure of the active
filter.
(

)

(

)

(C.5)

As shown in Figure C-11 (b), the active filter demonstrates up to 8 dB improvement in resonator FOM,
compared to a passive filter with similar design parameters. Figure C-12 shows a picture of the
fabricated oscillator using amplifier in the oscillator loop employs an NESG2030M04 HBT transistor from
NEC with a gain of 8 dB [1, 2].
Figures C-13 (a) and C-13 (b) show the plot of phase noise and output power spectrum, the measured
phase-noise at 1 MHz offset from the carrier is about -150 dBc/Hz, compared to an oscillator utilizing a
similar passive filter, the oscillator with the active filter provides about 7 dB lower phase-noise at 1 MHz
offset from the carrier. As shown in Figure C-13 (b), the oscillator resonance frequency is 7.990 GHz with
an output power of 10 dBm. The total DC power consumption for oscillator is 200mW, corresponding to
DC-to-RF efficiency of 5%. The core oscillator efficiency, not including the active resonators, is 31%.

(a) Measured phase-noise plot of GHz oscillator

(b) Measured output spectrum of the oscillator

Figure C-13: The measured plots of: (a) phase-noise plot of 8 GHz oscillator using multi-coupled active filter (Figure
C-9) at 1 MHz offset from the carrier is about -150dBc/Hz, and (b) Measured output spectrum of the oscillator
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Compact Oscillator using Active Printed Resonator

Figure C-14 shows the typical circuit schematic of the compact size dual-mode oscillator using series
feedback network. As shown in Figure C-12, the series feedback is realized by connecting the second
port of the filter to a reactive termination (jxT) in Figure C-14(a), to boost the filter’s instability. The
simulated input reflection coefficient of the active filter is shown in Figure C-14 (b) for two cases of
matched and reactive terminations. From Figure C-14 (b), it can be seen that the reactive termination
causes a strong peak in the input reflection coefficient. The peak frequency depends on the termination
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value, jXT, and is set at the filter’s pass-band edge for highest frequency selectivity and lowest phasenoise [12]. At the vicinity of the peak reflection coefficient, the reactively-terminated active filter
behaves like a high-Q LC resonator having a negative resistance in shunt. The resonator is then
connected to the load through the matching network. The matching network is designed based on the
well-known device-line theory in order to maximize the oscillation power [10]. Figure C-15 shows the
photo of the compact (physical size of the resonator is 7 × 7 mm2) prototype oscillator consisting of the
high-Q dual-mode active filter, reactive termination, and the external load matching network [1, 13].

(a) A typical schematic of the oscillator

b) Plot of Input reflection coefficient of the active filter

Figure C-14: (a) Dual-mode oscillator (reactive termination XT, and load matching network) consisting of the dualmode active elliptic filter, and (b) Input reflection coefficient of the active filter (reactive termination causes a
strong peak in the input reflection coefficient, at the vicinity of the peak the reactively terminated active filter
behaves like a shunt LC resonator having a negative-resistance in shunt)

Figure C-16: The schematic shows an
arrangement of varactor diodes coupled to
the resonator for frequency tuning [1]
Figure C-15: Photo of tunable oscillator (8.15-8.25GHz) [1, 13

C8

As shown in Figure C-15, active device (2-NESG2030M04 SiGe HBT transistors) with 2 dB noise figure
and 8 dB associated gain is used to generate the negative-resistance for resonator loss compensation.
The tuning diode (hyper-abrupt varactor diodes MA46H120 with capacitance ranges of 0.2-1 pF) is
coupled with dual-mode resonator (Figure C-16), for frequency tuning. The measured oscillation
frequency range is 8.150-8.255 GHz, with typical 7 dBm output and 12.5 % DC-RF conversion efficiency
[13]. Figure C-17 shows the measured phase noise plot, typically better than -149dBc/Hz @ 1 MHz
offset from the carrier frequency [14]. As shown in Figure C-17, the flicker phase-noise corner frequency
is approximately 90 KHz. The VCO operates at 8.2 GHz with 105 MHz tuning range with 7 dBm output
power and 12.5% DC-RF conversion efficiency, FOM is -211.7dBc/Hz [1, 13].

Figure C-17: Shows the measured phase-noise plot of dual mode resonator oscillator (resonant frequency: 8. 2GHz)
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Appendix D
D1

Multi-Mode Resonator Oscillators

Printed resonator structure can support multi-band multi-mode resonance condition for modern radio
architecture. In multi-band multi-mode radio architectures, a number of local oscillator (LO) frequencies
are required in order to process the information in various frequency bands. Various methods have been
explored to mitigate the mode-jumping and improve the quality factor (Q-factor) and achieve
miniaturizations. Since oscillators consume a substantial part of the chip area and battery power, in order
to mitigate these issues, the design approach described in here uses a slow-wave resonator. The tunable
multi-band multimode injection-locked oscillator can simultaneously generate multiple frequencies, with
the user having an option to select the frequency or the combination of frequencies. This eliminates the
need for lossy switch to swap the frequency band and thereby improves the throughput. [1-20].

D2

Multi-Mode Resonator Configurations

Figure D-1 shows typical resonator topologies used for multi-mode operation. These topologies possess
a pair of degenerate resonant modes whose resonant frequencies split when a perturbation element is
strategically introduced. In recent years, multi-mode resonators have been increasingly used in wireless
communication systems and other RF applications for their low-loss and compact properties [1]-[7].
Because of their multi-mode resonant characteristics, a multi-mode resonator of a certain order requires
half as many resonators when compared to a single mode-resonator for a given Figure of Merit [8].

Figure D-1 resonator topologies for dual-mode operation (a) square shape (b) triangular shape (c) circular shape [2].
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Frequency Modes of Planar Resonator Networks

A closed circular annular ring and square loop are most common planar resonators for low cost
oscillator applications. Figure D-2 shows the typical configurations of the 1-port closed loop square and
ring resonators used in oscillator circuits. As shown in Figure D-2, the total length l of any general shaped
ring resonator can be divided into l1 and l2 sections, whereas in the case of the square ring, each section is
considered to be a transmission line associated with coordinates z1 and z2 respectively [8].

(a) Circular close loop
(b) square loop
Figure D-2A: (a) A planar closed loop 1-port resonator (a) 1-port annular ring and (b) 1-port square resonator [8].
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For a lossless transmission line, the voltages and currents associated with the sections l1 and l2 can be
described by
( )
(D.1)
( )
(
)
(

)

( )

(

)

where
is the incident wave propagating in the +
direction,
reflected wave propagating on the direction, is the propagation constant,
coefficient at
, Zo is the characteristic impedance of the ring

(D.2)
( )
is the
( ) is the reflection

From (D.1) and (D.2), resonance occurs when the ring circumference (l1+ l2=2πr) is equal to an integral
multiple of a guided wavelength, initiating standing wave dynamics on the ring structure. The minimum
length of the ring resonator that supports standing wave dynamics can be derived from the location that
corresponds to maxima of these standing waves, calculated by letting the derivatives of the voltages and
currents equal to zero in (D.1) and (D.2):
(

)

( )

(

(

)

)

( )

|

(D.3)

From (D.1)-(D.3), the absolute maximum value of voltage is given by
(

(

)
(

)
(

)

|

(

)

(
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(

)|

) (D.4)
(

at location

)

(D.5)

Figure D-2B: A typical representation of standing wave dynamics on section (l1 and l2) of the square ring resonator.

Similarly, the absolute values of the maximum currents from (D.2) is given by
|

(

(

)|

(
(

)|

)
(

)

)

(D.6)
(D.7)

Equations (D.4) and (D.6), show the absolute values of voltage and current standing waves on each
section l1 and l2 of the square ring resonator and as illustrated in Figure D-2b, standing wave dynamics
repeat for multiples of g/2 on each section of the ring. Therefore, to support standing wave dynamics
corresponding to the fundamental mode, the minimum length of each section is equal to g/2. Whereas,
for higher order modes, each section length can be given by
(

)

(n: mode number for square ring)
(n: mode number for annular ring)

(D.8)
(D.9)
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Equations (D.8) and (D.9) are general expressions for frequency modes of any closed loop configuration
of microstrip ring resonators [5]-[9]. The multi-mode dynamics is composed of two or more degenerate
modes or splitting resonant frequencies, generated by perturbing stubs, notches, or asymmetrical feed
lines.
For example, if a ring resonator without perturbations is excited by symmetrical feed lines, only one of
the degenerate modes exists, since both modes traveling clockwise and counter-clockwise on the ring
resonator are orthogonal to each other without any coupling. However, if the ring resonator is perturbed,
two degenerated modes are excited and couple to each other.
Figure D-3 illustrates the dual mode dynamics corresponding to single perturbation at 45o on microstrip
square ring resonator designed at fundamental mode of 2 GHz, fabricated on a RT/Duroid 6010.2, εr
=10.2 substrate with a thickness h = 25 mil [8].
As illustrated in Figure D-3, multi-mode dynamics is set up with a perturbing stub at the corner of the
square resonator (Φ = 45o) for the value of n = 1 and the n = 2 modes. For n = 1 mode, one of g/2
resonators is perturbed, thus two g/2 resonators fail to balance each other, creating two splitting
electrical currents of different resonant frequencies, depicted in Figure D-3 (a) and (b).
For the n = 2 mode, as shown in Figure D-3 (c), the perturbing stub is located at the position of zero
voltage which is a virtual short circuit. Hence, the perturbation does not disturb the resonator, both g/2
resonators balance each other without frequency splitting.

(a)Low splitting n = 1 mode

(b) high splitting mode n = 1

(c) Mode n = 2

Figure D-3: Shows a typical illustration of electrical currents of the square ring resonator with a perturbation with
0
small stub at Φ = 45 : (a) low splitting resonant frequency of n = 1 mode, (b) high splitting resonant frequency of
mode n = 1, and (c) mode n = 2 [8]

Figure D-4 shows the measured S21 confirming the splitting frequencies for the n = 1 mode around 2
GHz, whereas resonant frequency at the n = 2 mode of 4 GHz is not affected by the perturbation.

Figure D-4: The measured results for modes n = 1 and 2 of the square ring resonator with a perturbed stub at the
0
corner of microstrip square resonator ring (Φ = 45 ) [8]
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Resonant Properties of Dual-Mode Resonators

Figure D-5 shows the typical configuration and field pattern of perturbed dual-mode square-loop
microstripline resonator [6]. As shown in (Figure D-5), two orthogonal resonant modes exist along its
vertical and horizontal axes, where the excited resonant mode is associated to
mode when Port #
1 is excited, where z is the axis perpendicular to the ground plane [5]. When the excitation port is
changed to Port # 2, the field patterns are rotated by 90o for the vertical degenerate mode that
corresponds to
mode (Figure D-6). Interestingly, the two modes exhibit identical resonant
frequencies without the perturbation (d=0), however, for a small perturbation (d≠0), the modes are
coupled to each other causing splitting in resonant frequencies as depicted in Figure D-7. The coupling
coefficient ‘k’ depends upon the geometry of the perturbation, and it can be described by
[

∫
√∫

∫
∫

√∫

]

(D.10)

∫

where Ea and Ha are, respectively, the electric and magnetic ﬁelds produced by the square loop ring
resonator, and Eb, Hb are the corresponding ﬁelds due to the perturbation (d≠0) or nearby adjacent
resonator (second square loop resonator). The deﬁnition of ‘k’ given in (D.10) is not practical for
calculation purposes since it requires the knowledge of the electromagnetic ﬁelds everywhere on the
closed loop. A useful practical alternative expression for ‘k’ can be obtained from a well-known fact in
physics: in presence of small perturbation (d≠0), the modes are coupled to each other causing splitting in
resonant frequencies f1 and f2, diﬀerent from their original resonant frequency f0. These two frequencies
f1 and f2 are associated with two normal modes of oscillation of the coupled system, and their diﬀerence
increases as the coupling due to perturbation between stub (d≠0) and the resonator increases, and can
be approximately formulated as [10]-[11]
(D.11)
where f1 and f2 are the lower and upper resonant frequencies.
From (D.11), the sign of ‘k’ depends on the nature of coupling and geometry of the perturbation. For
example, a square small patch perturbation (d > 0), exhibits electric coupling with positive k, whereas
magnetic coupling with negative k is created through a corner cut (d < 0) [12]-[13].

Figure D-5: A typical configuration and field pattern of perturbed dual-mode square-loop microstripline resonator
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(a) Horizontal mode

(b) Vertical Mode
Figure D-6: CAD simulated Field pattern of square loop ring resonator: (a) horizontal mode, the electric and
magnetic field patterns indicate that the excited resonant mode is corresponding to
mode when port 1 is
excited, where z is the axis perpendicular to the ground plane, and (b) Field pattern of vertical mode, When the
o
excitation port is changed to Port # 2, the field patterns are rotated by 90 for the vertical degenerate mode that
corresponds to
mode [6]

(a)

(b)

Figure D-7: Shows the CAD simulated plots of perturbed (d≠0) square loop dual-mode resonator periphery l= 950
mils and w=32 mils thick RO4003C substrate at 8 GHz, the modes are coupled to each other and resonant frequency
splitting occurs: (a) frequency splitting due to mode-coupling in a square-loop dual-mode resonator shown in Figure
D-5), and (b) calculated coupling coefficient ‘k’ versus perturbation size d [6]
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As shown in Figure D-8, the input/output ports can be coupled to both modes through offset-to-center
feeding lines, where external loading effects on the horizontal and vertical modes are represented by the
external quality-factors,
and
[6]. The quality factor of the dual-mode square loop resonator is an
important yard stick for designing low phase noise oscillator circuits, Q-factor can be described by [10]
(D.12)
where f+90 and f-90 represents the frequencies at which the phase of S11 (for horizontal mode) or S22 (for
vertical mode) shows +90o and -90o difference with respect to the phase at center frequency, f0 [6]-[10].
For brief insights about the Q-factor, Figure D-8(b) shows the calculated external quality-factor curves
versus the feeding line’s dimensions.

(a) Input/output coupling structure

(b)

for various feeding

(c)

for various feeding

Figure D-8: A typical I/O coupling structure for the dual-mode square-loop resonator with periphery l= 950 mils and
w=32 mils thick RO4003C substrate at 8 GHz (a) I/O port is coupled to both modes through offset to center feeding
line, (b) calculated
for various feeding line dimensions, and (c) calculated
for various feeding line dimensions
( and
are horizontal and vertical modes external quality-factors due to the loading from I/O line.
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Dual Mode Resonators Examples

D5.1

Dual-mode Resonator Using a Single Ring Resonator

The dual-mode consists of two degenerate modes, which are excited by asymmetrical feed lines, added
notches, or stubs on the ring resonator (Figure D-9) [14]-[17]. The coupling between the two degenerate
modes is used to construct a high Q resonator for dual-mode oscillator applications. As shown in Figure
D-9 (a), asymmetrical structure perturbs the field of the ring resonator, excites two degenerate modes,
without the tuning stubs, there is no perturbation on the ring resonator and only a single mode is excited.

(a)

(b)

(c)

Figure D-9: Dual-mode resonator: (a) layout, (b) L-shape coupling, and (c) square ring resonator for Q measurement
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Comparing the dual mode resonator (Figure D-9) with conventional ones (Figure D-8), which use
perturbing notches or stubs inside the ring resonator, the conventional filters only provide dual mode
characteristics without the benefits of enhanced coupling strength and performance optimization. Table
D-1 shows the comparative analysis of 3-cases by varying gap size s with a fixed length L = 13.5 mm that
generate dual-mode characteristics [8]. The coupling coefficient between two degenerate modes and
mid-band insertion loss LA is given by
(D.13)

[

(

⁄

)

]

(D.14)

where
and
are the resonant frequencies, LA is mid-band insertion loss, Qu and Qe are unloaded
and external Q-factor, and K is coupling coefficient. Figure D-10 (a) shows the square perturbation stub at
on the ring resonator, where square stub perturbs the fields of the ring resonator in such a
way that the resonator can excite a dual mode around the stopband in order to improve the narrow
stopband. By increasing (decreasing) the size of the square stub, the distance (stopband bandwidth)
between two modes is increased (decreased). The equivalent circuits of the square stub and the filter are
displayed in Figure D-10 (b) and (c), respectively. It can be seen in Figure D-10 (b); the geometry at the
corner of
is approximately equal to the square section of width
, subtracting an
isometric triangle of height . Also, the equivalent L-C circuit of this approximation is shown in Figure D10(c) where
. The equivalent capacitance and inductance of the right angle
bend, Cr and Lr, are given by [18]
)(
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{

)
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(

[

)

)]

(D.15)

]}

(D.16)

(
)
(D.17)
Figure D-11 shows the typical cascaded multiple ring resonators, exhibit narrower and shaper rejection
band than the single ring resonator.
Table D-1: Measured Dual mode Microstrip Line Square Ring Resonator Characteristics [8]
Case 1:
Case 2:
Case 3:
Resonant Frequency:
Coupling coefficient: k
External :
Midband Insertion loss
3-dB Bandwidth
Coupling condition
Substrate
Dielectric Constant : εr
Width of Line: w
Feed line :a
length of the coupling stub: b
gap size: g
Length: c
Thickness of substrate
Medium

0.075
6.24
2.9dB

)
0.078
7.9
1.63dB

Undercoupled
RT/Duroid 6010.2
10.2
1.191mm
8 mm
18.839 +s mm
0.2 mm
17.648 mm
50-mil
Micro stripline

Undercoupled
RT/Duroid 6010.2
10.2
1.191mm
8 mm
18.839 +s mm
0.2 mm
17.648 mm
50-mil
Micro stripline

(

)

(

(

)
0.08
9.66
1.04dB

Undercoupled
RT/Duroid 6010.2
10.2
1.191mm
8 mm
18.839 +s mm
0.2 mm
17.648 mm
50-mil
Micro stripline
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(a) Dual-mode resonator

(b) Equivalence of the perturbed stub

(c) Equivalent circuit
Figure D-10: A typical dual-mode resonator: (a) layout, (b) equivalence of the perturbed stub, (c) equivalent circuit.

(a): Dual mode with 2-identical resonators

(b) Dual mode with 3-identical resonators

(c) Cascaded dual-mode ring resonator
Figure D-11: Shows the dual-mode resonator: (a) with two identical resonators and L-shape coupling arms, (b) 3identical resonators with L-shape coupling arms, and (c) cascaded configuration of dual-mode ring resonator
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D6

Dual-mode Printed Active Resonator

Figure D-12 shows the typical dual-mode miniaturized active resonator, each resonant mode is coupled
to a negative-resistance device for loss compensation.

(a) Layout of dual-mode resonator

(b) Compact layout of dual-mode resonator

Figure D-12: A typical dual-mode printed active resonator, horizontal and vertical resonant modes are coupled to
negative resistances for loss compensation: (a) Layout, and (b) Compact version of the resonator using a
meandered-loop resonator [8]

The two lossless resonant modes are coupled to each other by the small patch perturbation at the two
inner corners. The input and output ports are coupled to both modes through offset-to-center feeding
lines. The resonant modes are loss compensated by coupling to negative-resistance devices realized by
using two NESG2030 SiGe HBT transistors, the high-Q and low-noise properties of the dual-mode active
filter make it attractive for low phase-noise oscillator designs.
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Appendix E
E1. Radio over Fiber (RoF) Link Characterization
Characterization of MZM Link [1]-[4]

Figure E-1: Experimental Setup for Open Loop Characterization of RoF link using MZM

Figure E-2:. MZM Output Optical Power as a Function of Bias Voltage
Table E-1 Link Loss of Different MZM Bias Point
MZM Link 1
MZM Link 2

MZM Bias

Link Loss

0V
-0.5V

47dB
42dB

Characterization of EAM Link

Figure E-3: Experimental Setup for Open Loop Characterization of RoF link

Figure E-4: RF Power vs EAM Bias (Optical Input = 7dBm, RF Driving = 10dBm)

w/o EDFA
w/ EDFA

Table E-2 Link Loss of EAM Link w/ and w/o EDFA
EAM Bias
Link Loss
1V
40dB
1V
4dB

E1

E2. Noise Estimation of RoF Link
Analysis of MZM Link
Table E-3
Noise Parameters
RIN = -140dBc

Laser RIN

Iphoto=2mA

DC photo current of the photo detector

R=50Ω

Load resistance of photo detector

f =1MHz

Amplifier flicker frequency

G =10dB

Amplifier Large Signal Gain

C

A

Noise Spectral Density
E1-1)
SSB phase noise

(E1-2)

where

and

Figure E-5: CAD Simulated noise floor and measured phase noise of different circuit topologies

Analysis of EAM Link
Table E-4
Noise Parameters
RIN = -120dBc

Laser RIN

Iphoto=2mA

DC photo current of the photo detector

R=50Ω

Load resistance of photo detector

f =1MHz

Amplifier flicker frequency

G =10dB

Amplifier Large Signal Gain

C

A
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Figure E-6: Simulated noise floor and measured phase noise of different circuit topologies

E3. OEO Characterization
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Table E-5: Phase Noise for Different Delays
10kHz
100kHz
1MHz
-101
-121
-134
-112
-124
-135
-120
-130
-135
-127
-131
-121

10MHz
-144
-143
-144
-140

E4. Loop Filter Characterization
An active low pass filter is constructed using an op-amp. The circuit of the active filter is shown in
Figure D1. Different resistors and capacitors are used to achieve different PLL loop bandwidth. The
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calculated loop bandwidth is given in Table E-6. Figure E-8 shows the active filter circuit topology.
Experiments are performed to verify the PLL loop BW estimation. In the experiment, a DRO (Ch-9, Figure
9-23) is locked to a synthesizer (HP 8340B), and the loop bandwidth is deduced from the measured phase
noise of the DRO under locked condition, experiment data is shown in Figures E-8a, E-9, E-10, and E-11.

E5. Comments: OEO Phase Noise and Side-Mode Suppression
The experimental results of a dual self-injection locking (DSIL) and dual self-phase locked loop (DSPLL)
employing short and long delays have been considered for side-mode suppression, while maintaining
same amount of phase noise reduction provided by the long delay. As an example of DSIL, side-mode
suppression of more than 20 dB for fiber delay links of 1 km and 5 km are experimentally achieved
compared to a single 5 km long SIL with a phase noise reduction of 40 dB (in reference to free running
oscillator) at 10 kHz offset from carrier for both standard OEO and a self-seeded with 3 port oscillator at
10 GHz. For a DSPLL fiber delay lines of 3km and 5km, a side-mode suppression of 29 dB is achieved
compared to SPLL of 5km with phase noise reduction of 30 dB (in reference to free running oscillator) at
10kHz offset from carrier.

Figure E-8: Active Filter Circuit Topology
Table E-6: Different resistors and capacitors are used to achieve different PLL loop bandwidth
Board
Resistor and Capacitor Values
Loop BW for Kd=0.1 and Ko=200kHz/V
1
R1=51Ω, R2=1kΩ, C=4.7nF
about 200kHz
2
R1=51Ω, R2=3.3kΩ, C=0.27nF
about 700kHz
3
R1=51Ω, R2=100Ω, C=470nF
about 20kHz
Circuit 1: R1=51Ω, R2=1kΩ, C=4.7nF

Figure E-8a: Measured phase noise plots of DRO when it is locked to HP8340B. PLL Loop bandwidth about 200kHz
Circuit 2: R1=51Ω, R2=3.3kΩ, C=0.27nF

Figure E-9: Figure D.3 Phase noise of DRO when it is locked to HP8340B. PLL Loop bandwidth about 700kHz
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Circuit 3: R1=51Ω, R2=100Ω, C=470nF

Figure E-10: Figure D.4 Phase noise of DRO when it is locked to HP8340B. PLL Loop bandwidth about 20kHz

For the case of SPLL, phase locking performances of a 10GHz oscillation signal are experimentally
evaluated as various methods of phase locking are compared. The phase locking methods are based on a
5 port bandpass filter as tunable electrical phase shifter, a tunable three port electrical VCO, tunable
Mach-Zehnder modulator (MZM) as an optical phase shifter, and a tunable VCO using electro-absorption
(EA) modulator. Experimental results that demonstrate the benefit of SILPLL incorporating dual delays
have been reported for the first time corroborating analytical predictions. A dual SILPLL (DSILPLL) system
with 3 km and 5 km fiber delay has been implemented, and the measured phase noise reduction of 40 dB
provided by DSILPLL is the same as DSIL at 10 kHz offset. However, at 1 kHz offset, DSILPLL provides a
phase noise reduction of 52 dB which is 11 dB higher than DSIL; at 300Hz offset, DSILPLL provides 70 dB
reductions while DSIL provides only 42 dB reduction. Using low flicker noise HBT based amplifier
(fc=10kHz), low Vπ MZM and low RIN laser (RIN=-160dBc) in the SILPLL system; SILPLL based OEO exhibits
phase noise of -150 dBc/Hz at 10kHz offset for a 10GHz carrier.

Figure E-11: Phase noise plots for 10 GHz OEO, fc=10kHz, NF=20dB, RIN=-160dBc

In summary, DSILPLL is effective for side-mode suppression and phase noise reduction, where SPLL
using tunable MZM with DSIL of a VCO provides the best performance improvement over other
investigated topologies. Due to the advances in low noise electronics and broad bandwidth of the optical
components used in the DSILPLL system, the DSILPLL technique has the potential to create highly stable
RF oscillators approaching 100GHz.
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Appendix F
F1. Forced Oscillations Using Self-Injection Locking
Frequency stability of local oscillators is paramount in a number of coherent detection systems. Phase
noise of oscillators can be reduced by injection locking to an external ultra-low noise source. The lowest
phase noise achievable is determined by the noise of the external source in the case of conventional
injection locking. However, in many cases we are reaching limits of stability of stable sources to lock freerunning oscillators; and ultra-high stability and low noise sources are not readily available at microwave
frequencies and beyond for future instrumentation systems. Self-injection locking (SIL) has been
developed and demonstrated to be an effective method for phase noise reduction. SIL can be
implemented by feeding part of the past oscillator output signal back to itself after passing through a
delay line or resonator. It has also been shown that long delay or high quality factor (Q) is crucial for
substantial phase noise reduction. Although it is possible to have phase noise reduction using an
electrical delay, the improvement is poor because the delay length is limited due to high loss in the
electrical delay lines or a limited Q of resonators at microwave frequencies. To overcome the loss due to
limitations of electrical delay lines, low loss fiber optic delay lines are proposed for the realization of SIL.
However, the side-modes associated with the long optical delay lines become undesirable since they
appear as spurious oscillations at offset frequencies very close to carrier frequency and are hard to be
removed using standard electrical filtering. Hence, a multi-loop configuration is proposed in Optoelectronic oscillators (OEO) as a side-mode suppression scheme. There are two different topologies
reported in multi-loop OEO: (i) oscillation is not established in individual loops since the loop gain is kept
to be smaller than unity in each loop, while the combined loop gain of all the loops is equal to or greater
than one for joint oscillation [1]-[2], and (ii) the second approach suggests oscillations in each individual
loops and the side-mode suppression is achieved using a coupled oscillation scheme [3]. In this thesis,
the new approach is to realize oscillation in one loop using positive feedback and just coupling in other
loops using negative feedback. Even though dynamic modeling of injection locked oscillator (ILO) is
reported in [4]-[9], only conventional injection locking topologies are considered and the focus is on
numerical computation of locking range and power spectrum. In this Appendix F, a system level analysis
is presented for the phase noise of ILO within locking range, and topologies of both external IL and SIL
with delays in μs are described. Experiments are performed to demonstrate the concept of SIL using fiber
optic delay lines. This section provides a comprehensive analytical modeling and experimental
verification results of self-injection locking of an electrical oscillator in terms of close to carrier phase
noise and performance of spurious oscillations using two optical delay loops. In addition to this, analytical
modeling and experiment results are reported for self-injection locked OEO using one and two optical
delay lines in terms of close in to carrier phase noise and spurious oscillation power levels. Discussions
are also provided in terms of physical limitations of SIL technique.

F1. 1 Analysis of IL Phase Noise
In this section, a system level modeling is used as a unified model for phase noise modeling of oscillators
with injection scheme. Since the phase dynamics of injection locking process is equivalent to that of first
order type I phase-locked loop (PLL), it is intuitive to derive the phase noise expression of ILO using PLL
model. This approach is preferred as there is opportunity to extend modeling to PLL and implement a
unified modeling of injection locked phase locked loop (ILPLL) oscillators [10]-[12]. As a part of the
modeling, let yi and yo be the injecting signal and the output signal of the oscillator in the free running
case, respectively:
yi = cos(ωt + θi(t))
(F.1)
yo = cos(ωt + θo(t))
(F.2)
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Defining φi(t)=ωt+θi(t), φo(t)=ωt+θo(t), and using (F.1) and (F.2) with the famous Adler’s Equation [1],
then phase dynamics of IL can be written as
dθo(t)/dt=ρω3dBsin(θi(t) - θo(t))
(F.3)
where ρ=√(Pi/Po) is the injection strength, and ω3dB=ωr/2Q is half the 3dB bandwidth of the oscillator
resonator. When the frequency difference between the injecting signal and the free running oscillator is
small, the phase difference between them is also small. Thus we can linearize (F.3) to have
dθo(t)/dt = B(θi(t) - θo(t))
(F.3)
where B=ρω3dB. Equation (F.4) is of the same form of the phase dynamics as that of the first order type I
PLL. Performing the Laplace transform of the above time domain variable, (F.4) can be expressed in sdomain as
sθo(s) = B(θi(s) - θo(s))
(F.4)
The transfer function of phase of IL can be found as
Hθ(s) = θo(s)/θi(s) = (B/s)/(1 + B/s)
(F.5)
The block diagram representing (F.6) is depicted in F-1(a). We can see that IL resembles a negative
feedback control loop that contains an integrator. The integrator is usually a voltage-controlled oscillator
(VCO), which is suitable for integration of PLL function. The loop behavior in the presence of noise
sources is systematically presented in F-1(b), where the major noise contributors in IL are n1(s) at the
injection point that contains injecting signal noise and residual noise of the system, and n2(s), which is the
oscillator phase noise.

(a)
(b)
Figure F.1: Conceptual block diagram representation of IL using control theory representation; a) without noise
sources present; b) with noise sources of n1(s) and n2(s) added in the loop.

Assuming the noises are a small perturbation to the steady oscillation, thus linearity still holds in the IL
system. Then we can find the oscillator output due to noise using superposition principle. We first use
standard loop analysis to find out the output θo1 due to input noise n1 only as
θo1 = -(B/s)θo1 + (B/s)n1
(F.6)
After rearranging (3.7) in terms of θo1, results in
θo1 = (B/s)/(1 + B/s)n1 = Hθ(s)n1
(F.7)
Similarly, the output θo2 due to oscillator phase noise n2 only is expressed as
θo2 = 1/(1 + B/s)n2 = (1-Hθ(s))n2
(F.8)
Hence the output θo due to contributions of both noises is
θo = Hθ(s)n1 + (1 - Hθ(s))n2
(F.9)
The power spectral density of the output phase θo of offset angular frequency ωm becomes
Sθo(ωm) = |Hθ(jωm)|2Sn1(ωm) + |1 - Hθ(jωm)|2Sn2(ωm)
(F.10)
where Sn1(ωm) and Sn2(ωm) are the power spectral densities of n1 and n2 respectively.
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F1. 2 Analysis of SIL
(a) Derivation of Oscillator Phase Noise with SIL
The conceptual block diagram of SIL using control theory representation is shown in Figure F-2. A
portion of the oscillator output signal is delayed by a long delay (τd) and is fed back to the oscillator with
coupling factor of ρ. The phase of the delayed signal is then compared against that of current signal to
generate an error signal for self-injection to the oscillator similar to the one shown in Figure F-1(b).

Figure F-2: Conceptual block diagram of SIL using control theory representation with a self-feedback after a delay of
τd with coupling factor of ρ integrated to system

The phase noise of the SIL can be found by using the same procedure as presented in section F1.1 for
external IL. The only difference is that n1 in this case does not contain the injecting signal noise but only
the residual noise of the system. We can first find the output θo1 due to n1 as
θo1 = -(B/s)θo1 + exp(-sτd )(B/s)θo1 + (B/s)n1
(F.11a)
From (F.11a)

θo1 =

B
s+B( -e-sτ )

n

(F.11b)

θo2 (output) due to oscillator phase noise ‘n2’ is given by
θo2 = -(B/s)θo2 + exp(-sτd )(B/s)θo2 + n2
From (F.11c)
θo2 =

s
s+B( -e-sτ )

n2

(F.11c)
(F.11d)

The effective output θo is calculated as
θo= θo1+ θo2 =

B
s+B( -e-sτd )

s

n

s+B( -e-sτd )

n2

The power spectral density of θo can be described by
Ssil(ωm)= |Ha(jωm)|2Sn1(ωm)+|Hb(jωm)|2Sn2(ωm)
where

Ha(s)=

B
s+B(

-e-sτd )

and Hb(s)=

s
s+B( -e-sτd )

(F.12)

(F.13)
(F.14)

Note that the transfer functions H(s) has resonant peaks that are related to the harmonic of frequencies
s=jω, where e-jsτd = . Sn1(ωm) is the residual noise at offset frequency of fm:
Sn1(fm) =

TB fc
( +1)
2Ps fm

(F.15)

while Sn2(ωm) is expressed using Leeson’s Equation [13]
Sn2(fm) =
-23

TB
2Ps

f3m

(

f2o fc
2
L

)+

f2m

0

(

f2o

f

2
L

)+ f c + )
m

(F.16)

where k=1.38x10 J/K is the Boltzmann constant; T=290 K is the room temperature in Kelvin; B=1Hz is
the noise bandwidth being considered; F is the system noise figure; Ps is the carrier power level; fo is the
oscillation frequency; fc=1MHz is the flicker noise corner frequency; QL is the loaded Q of the oscillator
resonator. For oscillator phase noise Sn2(ωm), a roll-off rate of 30dB/decade is expected when fm<fc and
20dB/decade for fm>fc. A higher QL provides lower SSB phase noise in the region where fm>fc. Advantage
of opto-electronic oscillators is that QL could be enhanced by increasing the fiber delay length.
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(b) Simulated Phase Noise of Electrical Oscillator with and without SIL
Single side-band phase noise simulation is provided below for an electrical oscillator with SIL using
(F.14). Figure F-3 shows the CAD Simulated SSB phase noise of Opto-electrical oscillators.

(a)
(b)
Figure F-3: Simulated SSB phase noise of electrical oscillator; (a) SSB phase noise without (Black: free running
electrical oscillator) and with SIL for ρ=0.03 6 with different delays (Magenta: m; Green: 3 m; Blue: 5 m; Red:
8km). b) Phase noise of 8 m long SIL with different injection strengths. (Green: ρ=0.003 6; Blue: ρ=0.0 ; Red:
ρ=0.03 6.) In all plots the oscillator output power is PS=16dBm, with fiber optic link NF=60dB, and PN=-114dBm.

In Figure F-3(a), the black dotted curve shows the SSB phase noise of a free running electrical oscillator
(cf. section F.1), whose practical values of loaded quality factor, QL =500 and noise figure, NF=32 dB are
considered, even though dielectric resonator oscillators (DRO) with QL=2000 and NF=18 dB have already
been developed, achieving an SSB phase noise of -111 dBc/Hz at 10 kHz offset [2]. The phase noise drops
at a rate of 30dB/decade at offset frequencies until flicker corner frequency of about 500 kHz. Other
curves in various colors show the phase noise of SIL with various optical delays of 1km to 8 km. From the
simulation results, a 1km delay in SIL improves the phase noise by 22 dB at 1 kHz offset and the slope
rolls off at a rate of 30dB/decade until corner frequency of 100 kHz. A number of spurious oscillations are
also manifested as side-modes of every 200 kHz. When the delay increases to 8 km, the improvement is
about 39 dB with a slope of 30dB/decade until corner frequency of 10 kHz and side-modes of every 25
kHz. We can see that long delay is crucial for phase noise reduction. Figure F-3(b) shows the simulation
results for 8 km optical delay with various injection strengths. The green, blue and red curves show the
phase noise of SIL with ρ=0.003 6, 0.0 and 0.03 6 (i.e., injection ratio of -50dB, -40dB, and -30dB),
respectively. The best phase noise is achieved when the injection strength is strongest at a level of -30dB.
(c) Simulated Phase Noise of OEO with and without SIL
An electrical oscillator is replaced by an Opto-electronic (OEO) oscillator with fiber delay line of 1km for
achieving high loaded quality factor. By using (F.14), phase noise of OEO with SIL is also simulated. Figure
F-4 shows the phase noise of a standard OEO and SIL OEO with various feedbac delays when ρ=0.03 6.
optic link NF=60dB, PN=-114dBm).The phase noise of this standard OEO is shown in black dashed curve;
other colored curves show the phase noise of SIL OEO with different optical delays in the feedback loop.
The simulated phase noise is the lowest in the case of 8km delay. Phase noise performance for OEO with
8km SIL delay remains the same under injection strengths of 0.00316, 0.01 and 0.0316. The spikes that
appear in Figure F-4 are the poles associated with the transfer functions of different delays, and they may
not represent the actual location and level of the spurious signals.
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Figure F-4: Simulated phase noise of a standard OEO realized using a 1km long fiber delay without (Black: standard
OEO) and with SIL (Green: standard OEO with 3km SIL; Blue: standard OEO with 5km SIL; Red: standard OEO with
8 m SIL). The SIL is accomplished for injection ratio of ρ=0.03 6 for different fiber delay lengths (PS=16dBm, fiber).

F1. 3 Analysis of DSIL
From the previous simulations, longer delay is required for better phase noise reduction in SIL
configuration. However, the side-modes originated from the spurious oscillation in long delay lines
appear as prominent noise sources at offset frequencies very close to the carrier. These side-mode levels
are very high because the frequency selectivity of practical RF filtering is not high enough to remove
these side-modes. A feasible way to suppress these spurious signals is by implementing two different
non-harmonically related delays in the feedback path. Because the two delays have different mode
spacing, only those modes that are common to both delays will survive. Other modes are hence being
suppressed. This alternative filtering is similar to transversal optical filters reported by others [14]-[16].
(a) Derivation of Oscillator Phase Noise using DSIL
The control theory representation of a dual loop SIL (DSIL) configuration is shown in Figure F-5. In this
case, the feedback is split into two separate paths, one passes through a long delay and another passes
through a short delay. Phases of two different delayed signals are compared with the current signal
separately and error signals are injected to oscillator. When the loop lengths are not harmonically
related, then the resultant output becomes the sum of individual loop actions as periodic resonances are
suppressed in strength. The system level modeling is employed to derive the phase noise of DSIL.
Assumption is made that the two injection loops do not interact with each other, so that the output is a
superposition of the actions of individual loops. The residual noise of the system is also going to be the
superposition of the noises in each loop (i.e. n1=nd1+nd2). Then, the output θo1 due to noise n1 is
B

B

B

B

B

B

θo (s) = – ( s ) θo + exp(-sτd ) ( s ) θo – ( s2 ) θo + exp(-sτd2 ) ( s2 ) θo + ( s ) nd + ( s2 ) nd2
(F.17)
where B1=ρ1ω3dB and B2=ρ2ω3dB. If equal power split in the loops are assumed, then B1=B2=B and (F.17)
can be described by
B
θo (s)=
n (s)
(F.18)
-sτ
-sτ
s+B( -e d )+B( -e d2 )

Similarly, the output due to VCO phase noise n2 is found as
θo2 (s)=

s

-sτd

s+B( -e

n2 (s)
-sτ
)+B( -e d2 )

(F.19)

Adding them together, phase noise for DSIL at offset angular frequency of ωm is expressed as:
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SDSIL (ωm )=|Ha (s)|2 Sn (ωm )+|Hb (s)|2 Sn2 (ωm )

(F. 20)

where Sn1(ωm) and Sn2(ωm) are defined as in (F.15) and (F.16), and
Ha (s)=

2B
-sτd

2s+B( -e

)+B(

-sτ
-e d2 )

Hb (s)=

2s
-sτd

2s+B( -e

-sτ
)+B( -e d2 )

(F.21)

Figure F-5: The block diagram of DSIL using control theory representation. n di for i=1, 2 are noise sources associated
with each delay line being fed back to injection port of the oscillator and n2 is output noise power.

(b) Simulated Phase Noise of Electrical Oscillator with DSIL
Figure F-6 illustrates the CAD simulated phase noise of an electrical oscillator using different injection
topologies. Simulation using (F.20) for an electrical oscillator with DSIL is depicted in Figure F-6(a). The
parameters for the electrical oscillator are kept the same as in the previous simulation. The two delays in
the DSIL configuration are 1km and 8km.
By combining two delays, the phase noise is maintained at the same level of 8km SIL while the spurious
level is reduced by about 25dB compared to 8km SIL. Phase noise performances for DSIL electrical
oscillator with various length combinations are also simulated, and the simulated results are provided in
Figure F-6(b). The SSB phase noise level of DSIL is determined by the longer delay in the loop and the
spurious level is determined by proper selection of length combinations. The simulated SSB phase noise
result is superior for a combination of 5km and 8km delay elements.

(a)
(b)
Figure F-6: (a) Comparison of the simulated phase noise of an electrical oscillator using different injection topologies
(Red: Dual-SIL 1km and 8km; Green: SIL 1km; Blue: SIL 8km). b) Simulated phase noise of DSIL with various
combinations. Black: DSIL 100m and 8km; Magenta: DSIL 500m and 8km; Green: DSIL 1km and 8km; Blue: DSIL 3km
and 8km; Red: DSIL 5km and 8km. (PS=16dBm, fiber optic link NF=60dB, PN=-114dBm).
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(c) Simulated Phase Noise of OEO with DSIL
Simulations for DSIL in a standard OEO are provided in Figure F-7. The combinations of extra delay with
a longer delay of 8km provide superior phase noise than the combination with shorter delay of 5km. This
result is also intuitively expected.

Figure F-7: Simulated phase noise and spurious signal levels of a standard 1km OEO with DSIL, Red: 3km + 5km;
Blue: 3km + 8km; Green: 5km + 8km. (PS=16dBm, fiber optic link NF=60dB, PN=-114dBm).

F2 Experimental Results of SIL Electrical Cavity Oscillator
F2.1 Electrical Cavity Oscillator Realization
The electrical oscillator consists of a band-pass filter (BPF) constructed using a metallic cylindrical
resonant cavity with Q=2500 at 10 GHz and a power amplifier (Amp) from B&Z (BZ3-09801050-602422102020) with small signal gain of 27dB and 1dB compression level of 24dBm. The metallic cylindrical
resonant cavity unloaded Q factor of 2500 was estimated from the injection locking of this electrical
oscillator. The oscillation power is coupled to spectrum analyzer (R&S FSUP26) for SSB phase noise
measurement (cf. Figure F-8). The oscillation frequency is 9.818GHz and the carrier power level is 16dBm.
The measured phase noise of this oscillator is shown in the black curve of Figure F-9a. The phase noise of
the electrical oscillator is -58dBc/Hz at 1kHz offset and -81 dBc/Hz at 10kHz offset with a roll off rate of
about 30dB/decade after 10kHz offset carrier. The flicker corner frequency is estimated to be about
1MHz and the noise figure is approximately 32dB. The loaded Q factor is about QL=500 based on the
measured phase noise. The free running phase noise for this oscillator is poor because of relatively low Q
resonator characteristics of this metallic cylindrical resonant cavity.

F2.2 SIL Phase Noise
The block diagram for electrical oscillator with SIL is depicted in Figure F-8. The oscillator is controlled
using an Opto-electronic delay line by driving a Mach-Zehnder modulator (MZM) from JDSU
(MN21024083) with electrical oscillator signal of 16dBm at 10GHz. The optical input power of 16dBm to
the MZM is provided by a DFB laser from Mitsubishi (FU-68PDF-510M67B) whose output is amplified by
an EDFA from Nuphoton (NP2000). The modulated optical output of the MZM passes through an optical
delay, which is detected by a photodetector from Discovery Semiconductors (DSC50S), and the received
RF signal is amplified by a 24dB low noise amplifier from Kuhne Electronic (101A & 101B) and fed back to
the oscillator for SIL. The measured NF is 58dB while the calculated NF is 60dB that agrees with the
measured data, and these values are used for analytical predictions. The experimental results of the close
in to carrier phase noise of the SIL agree well with the analytical modeling predictions. The impact of
various delay lengths on the close-in to carrier phase noise was evaluated and the measured phase noise
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of the 10GHz electrical oscillator is shown in Figure F-9a. In the experimental setup, the injection strength
ρ is kept at 0.0316 for different delays of 1km to 8km. The phase noise for 1km delay improves by 20dB
to -101dBc/Hz at 10kHz offset; in the case of 8km delay, the phase noise is -94dBc/Hz at 1kHz offset and 118dBc/Hz at 10kHz offset, corresponding to an improvement of 37dB with respect to the free running
case. The diamonds in Figure F-9(a) are the actual spurious levels for the first dominant spurious sidemode associated with the different delays. Note that the diamonds are measured in unit of dBc using
super-heterodyning function of R&S FSUP26 while the solid curve are measured in unit of dBc/Hz using
PLL function of R&S FSUP26. As the delay becomes longer, the spurious side-mode moves closer to the
carrier frequency and the level becomes higher. For 8km delay, the spurious signals are located at offset
frequencies of every 25 kHz, and the level is -42dBc for the first side-mode.

Cavity Oscillator

Figure F-8: Block diagram of electrical cavity oscillator with SIL

This spurious level is undesirable for a signal generator and is to be reduced. The effect of different
injection strengths is shown in Figure F-9(b). In this case, the delay is fixed at 8km. Three different levels
of injection strength with increment of 10dB are considered. The strongest injection strength is -30dB
compared to carrier power, we can see that the phase noise under the strongest injection is 20dB lower
than the case of weakest injection of -50dB. However, the spurious signal level for weakest injection is
10dB lower than the case of strongest injection.

F2.3 DSIL Phase Noise
The block diagram for the electrical cavity oscillator with DSIL is depicted in Figure F-10. For DSIL, the
output of the MZM is split into two paths with different delays using 50% optical coupler from Newport
(F-CPL-S12155). The optical signals are detected by two identical optical receivers from Discovery
Semiconductor (DSC50S); the received signals of two different delays are then combined and fed back to
the oscillator as dual loop SIL after amplification by low noise amplifier of 24dB gain from Kuhne
Electronic (101A & 101B). The estimated fiber optic noise figure is 60dB and corresponds to noise power
level of -114dBm. Experimental result for electrical oscillator with DSIL is reported for the first time
(Figure F-11). Three different optical delay line combinations are used, the phase noise for ‘3 m+8 m’
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case and ‘5 m+8 m’ case are practically the same while ‘ m+8 m’ case suffers a 5dB degradation at
1kHz offset.

(a)
(b)
Figure F-9: (a) Measurement of SSB phase noise and spurious signal levels of SIL for ρ=0.03 6 with different delays
(Magenta: 1km; Green: 3km; Blue: 5km; Red: 8km. Magenta Diamond: 186699Hz, -60dBc; Green Diamond:
66145Hz, -50dBc; Blue Diamond: 40072Hz, -45dBc; Red Diamond: 25147Hz, -42dBc). b) Experimental measurement
of SSB phase noise and spurious signal levels of SIL for 8km delay with different injection strengths (Green:
ρ=0.003 6; Blue: ρ=0.0 ; Red: ρ=0.03 6. Green Diamond: 22576Hz, -53dBc; Blue Diamond: 24733Hz, -50dBc; Red
Diamond: 25147Hz, -42dBc). Oscillator characteristics are PS=16dBm, NF=32dB, optical link NF=60dB for both cases.

Figure F-10: Block diagram of electrical cavity oscillator with dual loop SIL
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One interesting phenomenon for DSIL is that the location and level of the first major spurious mode are
all different in three cases. Neither do they appear at 25kHz (mode spacing related to 8km) nor do they
appear at 200kHz (mode spacing related to 1km). In fact, they appear at 175kHz, 126kHz and 75kHz
offsets respectively. The spurious suppression is significant in DSIL as we can see all the spurious signal
moves away from the carrier and the levels are dropped to below -60dBc, which is more than 20dB lower
than SIL. Moreover, the spurious signals associated with 8km delay that would have appeared at offset
frequencies about 25kHz, 50kHz and 75kHz with high power level are being filtered-out and somewhat
suppressed by the shorter loops. The dominant side-modes of 25kHz, 50kHz and 75kHz now appear as
humps with a reduced side mode level as seen in the measurement results of Figure F-11. Therefore, a
more dominant side mode is observed at 126kHz. However, the mechanism for mode selection in DSIL
requires to be explored analytically for optimum delay length in each fiber optic delay lines for dual loop
SIL systems.

Figure F-11: Experimental measurement of SSB phase noise and spurious signal levels of DSIL with different fiber
length combinations (Green: 1km and 8km; Blue: 3km and 8km; Red: 5km and 8km; Green Diamonds: 175447Hz, 73dBc; Blue Diamonds: 125753Hz, -68dBc; Red Diamonds: 75879Hz, -64dBc). Oscillator characteristics are
PS=16dBm, NF=32dB and optical link NF=60dB.

F3 Experimental Results of SIL OEO
The block diagram for standard OEO configuration is depicted in the dashed black box of Figure F-12
where the metallic resonant cavity is employed as a narrowband band-pass filter. Two low noise
amplifiers (LNA) and two power amplifiers (Amp) are used to compensate for the RF signal loss in the
MZM link. The power amplifiers employed here have very high 1dB compression points to achieve higher
oscillator output power while in the current form of the OEO a 1 dB compression is experienced in MZM
at a lower power level than the power amplifiers. Hence, the saturation is due to the MZM but not the
amplifiers. The fiber optic delay line of 1km long is selected for the OEO and the RF filtering is performed
using the metallic cylindrical resonant cavity with unloaded Q of 2500. The measured oscillation is at
10GHz and output power of this standard OEO is 16dBm. Phase noise performance for this standard OEO
is shown in the black curve in Figure F-3. The measured phase noise is -83dBc/Hz and -109dBc/Hz at 1kHz
and 10kHz offset, respectively. The black diamond shows the actual location of the first spurious signal at
197kHz offset and the level is -40dBc. The measured performance is significantly better than the
electrical feedback oscillator presented in section 3.1 and somewhat resembles the performance of
electrical oscillator with SIL using a 1km long fiber delay line in Figure F-9.
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F3.1 SIL Phase Noise
The block diagram of SIL OEO is depicted in Figure F-12. The output of the MZM is split into two parts;
one passes through a 1km delay and another passes through a longer delay and a 10dB optical
attenuator. The RF gain is sufficient to compensate for the loss in the 1km loop, but not the second delay;
hence, optoelectronic oscillation will take place in the 1km loop and not at the longer delay. Because of
the optical attenuator, the longer delay will not get enough gain to oscillate thus it forms a SIL to the
OEO. Phase noise for SIL OEO is shown in Figure F-13 for various long delays. Delays of 3km, 5km and 8km
are selected, and the lowest phase noise is achieved using an 8km delay as predicted (Figure F-14 at
levels of -96dBc/Hz at 1kHz offset (13dB lower than standard OEO) and -118dBc/Hz at 10kHz offset (9dB
lower than standard OEO). The spurious level of -69dBc for 8km delay is also the lowest which is 29dB
lower than standard OEO.

Figure F-12: System block diagram of 1km long standard OEO with SIL using various fiber delay lengths. Optical
attenuation provided by bloc of “Attenuator.” assures a negative feedbac using the longer delay and the 0dB
optical attenuation results in ρ≈0.06.

Figure F-13: Experimental measurement results of SSB phase noise of a standard OEO (Black: standard 1km OEO)
with various SIL lengths (Green: 3km; Blue: 5km; Red: 8km) and spurious signal levels (Black Diamond: 196627Hz, 40dBc; Green Diamond: 199645Hz, -60dBc; Blue: Diamond: 200485Hz, -63dBc; Red Diamond: 201002Hz, -69dBc).
The OEO electrical characteristics are PS=16dBm, PN=-114dBm and NF=60dB.
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F3.2 DSIL Phase Noise
The concept of dual loop SIL is employed to reduce the spurious signal levels. Experimental setup for
OEO with DSIL is conceptually depicted in Figure F-14. The OEO portion of the setup is the same as in the
SIL case. In the feedback path, the optical signal is further split into two branches using 50% optical
coupler from Ascentta (CP-S-15-20-22-XX-S-L-10-FA).
The delay lengths in the branches are both selected to be longer than the delay in the standard OEO.
The signals from the two branches are combined at the same photodetector using another 50% optical
coupler from Ascentta (CP-S-15-20-22-XX-S-L-10-FA). Optical attenuator is omitted since the insertion
loss of optical couplers is high enough to prevent optoelectronic oscillation in the feedback path. In order
to limit the injection strength, RF signal in the OEO is amplified before combining with the feedback
signal. Phase noise for OEO with DSIL is shown in Figure F-15 as different lengths of delay lines are used in
DSIL loops. Various length combinations are selected to experimentally evaluation of the phase noise
behavior of DSIL OEO and the level of spurious signals. The phase noise for different combinations
remains almost the same in close-in offset range but there is a noticeable noise floor variation among the
cases. or example, the noise floor for the ‘5.5 m+8 m’ case is about -108dBc/Hz while it is -122dBc/Hz
for the ‘3.5 m+8 m’ case. The first spurious signal for different length combinations are tabulated in
Table F.1. Spurious level of ‘3.5 m+8 m’ combination is significantly lower than other combinations as
the performance is also better in terms of close in to carrier phase noise. In order to understand the
behavior of DSIL OEO, the side-mode spacing for different delays are tabulated in Table F.2. It can be
seen that 1km, 3km, 5km and 8km long fiber all have common modes at 200kHz while 3.5km and 5.5km
long fiber don’t have modes at 200 Hz, hence the spurious level for these 2 cases are lower than other
cases, especially for 3.5km fiber. The phase noise of 5.5km fiber is poor; possible reason is that the
modes of 5.5km fiber are too close to those of 8km fiber.

Figure F-14: System block diagram of 1km long standard OEO with DSIL optical delay lines. Optical power levels for
short optical delay compared to the longest and longer delay lines are indicated in the figure.
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Figure F-15: Results of SSB phase noise of the OEO with various fiber length combinations of DSIL for P S=16dBm.
Table F.1. Locations and signal levels of the first spurious for different length combinations of DSIL
DSIL Delay
3km + 5km
3km + 8km
3.5km + 8km
5km + 8km 5.5km + 8km
Combinations
Spurious Freq. (Hz)
197,658
196,791
196,644
197,147
196,215
Spurious Level (dBc)

Fiber Length

-34

-35

-38

Table F.2. Approximate side-mode spacing for different fiber delay lengths
1km
3km
3.5km
5km
5.5km

8km

Mode Spacing

200kHz

-36

66.7kHz

-48

57.1kHz

40kHz

36.4kHz

25kHz

F4 Conclusion and Discussions
This section provided analytical modeling and experimental measurements of SSB phase noise of
forced electrical cavity oscillator and OEO using SIL and DSIL techniques. These results provide insights
into understanding of forced oscillation behavior in general and are very attractive in performance for
optically realized stable clock signals. These stable clocks will play an important role in many coherent
communication and target tracking radar systems. Comparison of SSB close in to carrier phase noise for
different electrical cavity oscillator configurations is rendered in Table F.3. The simulated results agree
well with the actual measurement results. Moreover, it is clear from Table F.3 that SIL and DSIL are
effective for phase noise reduction in electrical oscillator.
Table F.3 Comparison of SSB phase noise for the electrical oscillator with different circuit configurations
Phase Noise Comparison
Simulated (dBc/Hz)
Measured (dBc/Hz)
Offset-frequency( fm)

1kHz

10kHz

1kHz

10kHz

Cavity Osc.

-52

-82

-58

-81

SIL 8km

-93

-120

-94

-118

DSIL 5km+8km

-93

-120

-92

-116

Comparison for the spurious levels is provided in Table F.4. The DSIL provided a 22dB reduction in
terms of the spurious levels, while it has pushed to the 3rd harmonic at 75kHz. On the other hand,
comparison of phase noise performance for OEO with different circuit configurations is rendered in Table
F.5. For the case of DSIL case, the simulated results do not agree well with the measured results. Possible
reason is that the modes in the two feedback branches interact with each other hence the noise floor
becomes much higher.
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Table F.4 Measured dominant spurious signals for the electrical oscillator with different circuit configurations
Spurious Comparison
Freq. (Hz)
Level (dBc)
SIL 8km

25147

-42

DSIL 5km+8km

75879

-64

Comparison for spurs of different OEO configuration is given in Table F.6. The higher spurious level in
the DSIL case is understandable since DSIL has much higher noise floor. The mode competition between
the side-modes of 8km and 5km delays degrades the spectrum purity of forced oscillation for OEO. If so,
approaches that mode-lock these spurious frequencies have to be explored, which will reduce the modepartition noise contributions [17].
Table F.5 Comparisons of phase noise for OEO with different circuit configurations
Phase Noise Comparison
Simulated (dBc/Hz)
Measured (dBc/Hz)
1kHz

10kHz

1kHz

10kHz

Standard OEO

-92

-112

-83

-109

SIL 8km

-92

-120

-96

-118

DSIL 5km+8km

-92

-118

-66

-95

Table F.6 Measured Spurious for OEO with different circuit configurations
Spurious Comparison
Freq. (Hz)
Level (dBc)
Standard OEO

1,966,627

-40

SIL 8km

201,002

-69

DSIL 5km+8km

196,644

-48

To improve the overall performance of SIL and DSIL for electrical cavity oscillator or OEO with long fiber
optic delay lines, it is important to reduce the overall amplitude noise of the fiber optic delay lines. From
the measured data, the noise floor of the optoelectronic system is around -114dBm/Hz, corresponding to
a NF of about 60dB, which is typical for an external modulated optical link with the commonly
experienced optical power of 10dBm, Vπ = 6V of Mach-Zehnder modulator (MZM), and RIN of -140dB/Hz.
However, the NF could be reduced by increasing the optical power, using a lower Vπ MZM, and limiting
the optical source laser RIN [18]. Figure F-16 shows the phase noise of SIL OEO with different NF values,
where the best performance is observed at a minimum reported noise figure of 4dB [19].

Figure F-16 Simulated SSB phase Noise for injection power ratio of 10dB of SIL OEO 8km with different values of
noise figure for fiber optic link delays (Black: NF=60dB; Green: NF=30dB; Blue: NF=15dB; Red: NF=4dB).

It is clear from the figure that phase noise is reduced because of a lower noise floor in the system. On
the other hand, the RF link loss of the fiber optic link is about 47dB and to compensate for the excessive
loss, more than one stages of amplification are required to maintain operation at appropriate power
level. Even though low noise amplifiers are used in the amplification chain, an increase in the overall NF
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of the system is experienced. A proper selection of amplifiers will definitely reduce AM-PM conversion of
the OEO.
The need for electronic amplifiers can be minimized by using a higher optical power source; a low
phase noise is expected [20]. Another mechanism for minimization is phase locking. The phase of the
modes associated with the long delay is not locked through injection locking and their frequencies are
locked to one another. The mode partition noise becomes a major noise contributor in the coupled mode
systems, hence, raising the noise floor and degrading the phase noise performance. By implementing
self-phase locked loop (SPLL) combined with SIL low phase noise is expected [11]-[12], [21]-[25].
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Appendix G
G1. Forced Oscillations Using Self-Phase Locking
As demonstrated both analytically and experimentally in Appendix F, the forced injection locking could
improve the close in to carrier phase noise. The reported results in literature [1]-[2] indicate that forced
stability using phase locking also results in improved performance of close in to carrier phase noise. In
this section G.1, a comprehensive analytical modeling for various methods of self-phase locking are
introduced for both single and multiple self-phase locked loops. Moreover, performance improvements
studied in terms of loop filter performance in terms of natural resonance and damping factors of type II
phase locking circuits. The experimental evaluation of self-phase locking are presented in section G.2
using a VCO, in section G.3 using a conventional tunable phase shifter, and in section, G.4 for a MZM
based optical phase shifting. The performance comparisons of the experimental and analytical results are
summarized in section G.5.

G1.1 Phase Noise Analysis of Self-Phase Locking
(a) Conventional PLL
Let us express the input signal yi and the output signal yo as
( )

(

( ))

(G.1a)

( )

(
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(G.1b)

The phase detector output is
( ( )

( ))

(G.2)

After the filter,
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( ))
Then the relationship between the VCO output frequency and u2 becomes
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(
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(G.4)
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Now perform Laplace transform on both sides
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Then we can find the transfer function of the PLL as
( )
where

( )
( )

(G.7)

( )

From the system transfer function, we can represent the PLL system in frequency domain as shown in
Figure G-1: Control theory representation of conventional PLL
Assuming that the noise is a small perturbation to the steady state solution, thus the linearity still
holds, then we can derive the overall output noise using superposition principle. The first step is to find
out the output noise
due to the input noise n1. Using basic loop analysis, we have
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(G.8)
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Then the noise spectrum can be found as
(

)
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Similarly, we can find the output noise

due to the VCO noise n2 as follows
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The noise spectrum is
(

)

The overall output noise spectrum becomes
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Figure G-1: Control theory representation of conventional PLL

G1.2 SPLL
The control theory representation is shown below in Figure G-2 for SPLL. A portion of the VCO output is
being delayed and the phase of the delayed signal is compared against the phase of the current signal.
Again, we can use superposition principle to find out the overall noise of the SPLL system. We first find
out the output noise
due to the input noise n1. Using standard loop analysis, the transfer function of
output phase
is given as
( )
( )
( )
( )
(G.15)
From (G.15)
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Output noise
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Then the noise spectrum becomes
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is given by
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due to VCO noise n2 can be found in a similar fashion as
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The CAD simulation results of SPLL OEO using (G.19) is shown below in Figure G-3. The black dashed
curve is measured phase noise of an OEO with 100m delay in the free running case. Colored curves
represent phase noise of OEO with SPLL for different delays. From the simulation results, phase noise
decreases as the delay in SPLL increases. As shown in Figures G-3 and G-4, CAD simulation is performed
to investigate the impact of different filter components, where SPLL delay is fixed at 5km while different
‘Mixer Filter’ boards are used. It can be noticed from Figure G-4, board #3 provides best phase noise
reduction due to its large filter bandwidth. It should also be noted that when constructing SPLL, loop
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stability is of practical concern. A combination of large filter bandwidth and a long fiber delay may result
in an unstable loop as the long fiber delay will introduce additional poles (side-modes) in the system.

Figure G-2: Control theory representation of SPLL

Figure G-3: Simulated phase noise of SPLL with Circuit 1 (medium loop BW) for different delays using RoF Link 2.
Kd=0.01V/rad and Ko=2π×200kHz/V

OEO 100
Board 1
Board 2
Board 3

Figure G-4 Simulated phase noise of SPLL with 5km delay for different ‘Mixer+LPFA’ boards using RoF Link
2.Kd=0.01V/rad and Ko=2π×200kHz/V
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G1.3 DSPLL
Control theory representation is shown in Figure G-5 for DSPLL. Phase noise expression of DSPLL can be
found using loop analysis in a similar fashion to single loop SPLL, and is given as
(
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Figure G-5: Control theory representation of DSPLL

Phase noise simulation of DSPLL using (G.20) is shown in Figure G-6. From the simulation results, DSPLL
provides similar phase noise reduction compared to SPLL, but the side-mode level is greatly reduced in
DSPLL due to additional loop.

Figure G-6: Simulated phase noise of DSPLL with Circuit 1 (medium loop BW) for different combinations of delays
using RoF Link 2.

Impact of different filter components on phase noise is simulated for a length combination of 3km and
5km to identify the optimum filter parameters, simulation results are shown in Figure G-7. Once again,
we can see that the best phase noise is provided by board #3. However, in terms of physical
implementation, loop stability has to be considered in order for the PLL to function properly.
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OEO 100
Board 1
Board 2
Board 3

Figure G-7: Phase noise of SPLL with delay combination of 3km and 5km for different circuits using RoF Link 2.

G2 Experimental Results of SPLL VCO
G2.1 VCO Realization
The VCO circuit is shown in Figure G-8. It consists of a tunable filter and an amplifier (Avantek AMT
9634) with small signal gain of 28dB and 1dB compression of 12dBm referred to the output. The tunable
filter is constructed using an open circuit microstrip line terminated with two varactor diodes (Aeroflex
MGV125-08). The tunability of the filter is achieved by changing the reverse bias voltage of the diodes.
The VCO free running frequency is at 8.5GHz with an output power of 0dBm, and the tuning sensitivity is
about 200kHz/V at 5V bias voltage. The measured phase noise is shown in the black dashed curve of
Figure G-10. The phase noise slope is about 30dB/decade up to 10MHz offset which indicates a flicker
noise dominated system. This high flicker noise is usually associated with an FET based amplifier, and
flicker noise could be reduced if HBT based amplifier is used.

DC bias
control

RF
through
ports

RF
coupled
ports

(a)

DC bias
control

RF
through
ports

RF
coupled
ports

(b)

Figure G-8: Picture of the VCO (a) Top view (b) Bottom View

G2.2 SPLL
Experimental setup of SPLL is depicted in Figure G-9. As shown in Figure G-9, the output of the VCO is
amplified by amplifier block for and driving the MZM. The modulated optical signal is passed through the
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3km fiber delay, and converted to electrical signal by a photodetector. The delayed signal is sent to the
RF port of the ‘Mixer+Filter’ board #1 for comparison with the non-delayed signal coupled directly from
the VCO output. Measured phase noise of SPLL VCO is shown in blue curve of Figure G-10.
The phase noise of the SPLL VCO is reduced from -26dB of free running case to -71dB at 1kHz offset
corresponding to an improvement of 45dB; at 10kHz offset, phase noise is improved by 20dB reaching 78dBc/Hz. Simulation result using (G.19) is also depicted in red curve of Figure G-10. It can be seen that
there is excellent agreement between analytical and experimental results. SPLL with 5km delay is
attempted to achieve further phase noise reduction, but the long delay introduces strong side-modes
that are spaced every 40kHz away from the carrier causing the loop to be unstable, and the PLL fails to
acquire a locked state. In the next section, DSPLL has been demonstrated to be effective for side-mode
suppression leading to a stable loop operation and eventually a better phase noise reduction.

Figure G-9: Experimental Setup of SPLL VCO

Figure G-10: Phase noise of SPLL with 3km delay and Circuit 1 using RoF Link2. Blue curve is measured phase noise
for Kd=0.01V/rad, Ko=2π×1MHz/V; Red curve is simulated phase noise.
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G2.3 DSPLL
Experimental setup of DSPLL is depicted in Figure G-11. The circuit diagram of DSPLL is similar to that of
SPLL. The difference is output of the MZM is split into two: one passes through a 5km delay while the
other passes through a 3km delay. The two delayed signals are received by two diodes independently,
and are combined in a 3dB coupler. The combined signal is amplified and sent to the ‘Mixer+Filter’ board
to be compared with a non-delayed signal from the VCO output. Experimental result is shown in blue
curve of Figure G-12. The phase noise of the DSPLL VCO is reduced from -26dB of free running case to 91dB at 1kHz offset corresponding to an improvement of 65dB; at 10kHz offset, phase noise is improved
by 42dB reaching -100dBc/Hz. Simulation result of DSPLL using (G.20) is also provided in red curve of
Figure G-12, and it matches up well with the measurement result. Phase noise comparison between SPLL
with 3km delay and DSPLL with 3km and 5km delay is shown in Figure G-13. We can see that DSPLL
provides 20dB more reduction than SPLL in offset frequencies from 1kHz to 50kHz.

Figure G-11: Experiment Setup of DSPLL for VCO

Figure G-12: Phase noise of DSPLL with delay combination of 3km+5km and Circuit 1 using RoF Link2. Blue curve is
measured phase noise for Kd=0.01V/rad, Ko=2π×1MHz/V; Red curve is simulated phase noise.
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Figure G-13: Phase noise comparison of SPLL and DSPLL

G3 Experimental Results of SPLL OEO based on Tunable BPF
G3.1 OEO realization
The block diagram for standard OEO configuration is depicted in the dashed black box of Figure G-14,
where the 5-port BPF is employed as a tunable band-pass filter that determines the OEO oscillation
frequency. One low noise amplifiers (Kuhne Electronic 101A) and a power amplifiers (B&Z BZ3-09801050)
shown as ‘LNA1’ and ‘PowerAmp1’ in Figure G-14 are used to compensate for the RF signal loss in the
MZM link. The fiber optic delay line of 100m long is selected for the OEO. The measured oscillation is at
8.5GHz and output power of this standard OEO is 6dBm. Phase noise performance for this standard OEO
is shown in the black curve in Figure G-15. The measured phase noise is -53dBc/Hz and -81dBc/Hz at 1kHz
and 10kHz offset, respectively.

G3.2 SPLL
Block diagram of SPLL OEO is shown in Figure G-8. In addition to a standard OEO, a portion of the
optical power is coupled out and passes through a longer fiber delay of 3km. The delayed signal is
amplified by a low noise amplifier (Kuhne Electronic 101A) followed by a power amplifier (Miteq AMF-3D)
shown as ‘LNA2’ and ‘PowerAmp2’ in Figure G-8 respectively; the delayed signal is then compared with
the non-delayed OEO output at the ‘Mixer+LPFA’ board to generate an error signal to control the bias
voltage of the varactor diode for frequency adjustment of the OEO. The measured phase noise of SPLL
OEO is provided in Figure G-9. The phase noise of SPLL OEO at 1kHz is -91dBc/Hz, which is 38dB lower
than free running OEO; and at 10kHz, -108dBc/Hz is achieved corresponding to a 27dB improvement.

G3.3 Impact of Different ‘Mixer+LPFA’ Boards on phase noise for a fixed delay
Different ‘Mixer+LPFA’ boards are used to investigate the impact of PLL loop bandwidth on phase noise
for an optical fiber delay of 3km.
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Figure G-14: Experiment Setup of SPLL OEO based on BPF

Experimental setup is the same as depicted in Figure G-14. From the measurement results, the best
phase noise performance is provided by Board #1 with a loop bandwidth of about 100kHz rather than
Board #2 with a loop bandwidth of about 1MHz, which contradicts the analytical prediction. Possible
reason for the discrepancy is that the 5km delay introduces too many side-modes within the PLL loop
bandwidth, and the interaction between the side-modes degrades the performance of SPLL. Measured
phase noise performance is tabulated in Table G.1 for comparison.

Figure G-15: Comparison of SPLL phase noise between measured and simulated. RoF Link 2 is used and the loop
parameters are Kd=0.01V/rad and Ko=2π×200kHz/V.
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Table G.1 Comparison of Different Boards for a fixed delay
1kHz
10kHz
Board 1
Board 2
Board 3

-89.2
-78.9
-68.1

-105.5
-95.7
-96.9

Figure G-16: Measured phase noise of SPLL OEO for 3km delay with different ‘Mixer+LPFA’ Boards. RoF Link 2 is
used and the loop parameters are Kd=0.01V/rad and Ko=2π×200kHz/V.

G4 Experimental Results of SPLL OEO based on MZM
G4.1 Realization of OEO
The block diagram for standard OEO configuration is depicted in the dashed black box of Figure G-11, it
is similar to the one depicted in Figure G-11 of section G3. The differences are: (i) power amplifiers with
30dB gain between 8.5 – 9.6GHz from Avantek (AMT 9634) are used in blocks of ‘Amp1’, ‘Amp2’, and
‘Amp3’; and (ii) the error signal is sent to the MZM bias port rather than 5-port BPF bias port to achieve
the frequency control of the OEO. The MZM control is advantageous over BPF control since the optical
phase deviation introduced by MZM will be increased as the light propagates along the fiber, hence more
tuning sensitivity. On the other hand, MZM has much wider bandwidth as opposed to electrical BPF.
The measured oscillation is at 9.6GHz with output power of 6dBm. Phase noise performance for this
standard OEO is shown in the black curve in Figure G-12. The measured phase noise is -69dBc/Hz and 96dBc/Hz at 1kHz and 10kHz offset, respectively.
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Figure G-11: Experiment setup of SPLL OEO based on MZM

G4.2 SPLL
Experimental phase noise of SPLL OEO with MZM control is shown in Figure G-12. The phase noise
reduces as the delay in SPLL increases as expected from the analytical modeling. Best result is obtained
using a 5km delay in SPLL, and the noise level is reduced by 20dB reaching -89dBc/Hz at 1kHz offset and
by 23dB reaching -119dBc/Hz at 10kHz offset. Note that in section G3 where a BPF control is used for
SPLL operation, 5km delay results in an unstable loop operation. In contrast, SPLL is functioning for MZM
control with 5km delay and provides improved phase noise reduction. Figure G-13 shows the excellent
agreement between simulation (red curve) and measured (blue curve) results of SPLL OEO using MZM
control for 5km delay.

G5 Experiment of SPLL VCO using EAM Link
In this section, a DFB laser module integrated with an electro absorption modulator is used in the fiber
optic link. The small form factor of the module and the integration of laser and modulator provides
avenue of a compact system.

Figure G-12: Measured phase noise of SPLL with Circuit 1 (medium loop BW) for different delays using RoF Link 2.
The loop parameters are Kd=0.01V/rad and Ko=2π×200kHz/V. Black curve: phase noise of free running 100m OEO;
Red curve: phase noise of SPLL with 1000m delay; Blue curve: phase noise of SPLL with 3000m delay; Green curve:
phase noise of SPLL with 5000m delay
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Figure G-13: Comparison of SPLL phase noise between measured and simulated. RoF Link 2 is used and the loop
parameters are Kd=0.01V/rad and Ko=2π×200kHz/V.
DC Bias

RF Port
Figure G-14 BPF based on FR4

G5.1 Realization of VCO using tunable BPF with FR4 substrate
A different tunable BPF is built using FR4 substrate to achieve higher tuning sensitivity, shown in Figure
G-14. The measured tuning sensitivity is shown in Figure G-15, maximum sensitivity is 5.5MHz/V at 1V
and the sensitivity at 5V is 1MHz/V which is much higher than 200kHz/V of the 5 port BPF based on
RT/Duroid. Measured phase noise of SPLL VCO using EAM link is provided in Figure G-17. Degradation of
phase noise performance of 5km SPLL is most like due to the side-modes associated with the 5km delay.

G12

R &S F S U P 2 6 S i gna l S o urc e A na l y ze r
S ettings
T uning

R es ults

V oltage

F requenc y

S ens itivity

L evel

C urrent

V min

0 .0 0

V

8 .6 0 2

GHz

5 .4 5

M H z/V

8 .7 9

dB m

3 .9 7

mA

V c urrent

5 .0 0

V

8 .6 1 7

GHz

1 .1 1

M H z/V

8 .8 0

dB m

3 .9 7

mA

1 5 .0 0

V

8 .6 1 3

GHz

- 1 .7 3

M H z/V

8 .1 9

dB m

3 .9 7

mA

V max

T uning C harac teris tic s
F requenc y

S ens itivity

T op 8 .6 2 G H z

6 .5 M H z/V

*
8.6174

5.50

8.6154

4.50

1 FREQ
CLRW R

8.6134

3.50

2 SENS
CLRW R
SMTH 1%

8.6114

2.50

8.6094

1.50

8.6074

0.50

8.6054

-0.50

8.6034

-1.50

8.6014

-2.50

A

0.0 V

1.5 V/di v

15.0 V

Figure G-15: Tuning sensitivity of VCO using BPF based on FR4.
M eas urement A borted

G5.2 SPLL VCO using EAM Link
Date: 24.APR.2014
17:59:24
Experimental setup for SPLL VCO using EAM link is shown in Figure G-16.

Figure G-16: Experiment setup of SPLL VCO using EAM Link.

G5.3 DSPLL VCO using EAM Link
Benefit of DSPLL has been experimentally demonstrated where a delay combination of 3km + 5km is
used. Mismatch of the pole locations between short and long delay effectively reduces the number and
level of the side-modes, helps to stabilize the PLL operation, provides better phase noise reduction.

G6 Summary
This chapter is dedicated to analysis, design, and experimental performance evaluation of self-phase
locked loop oscillators using long optical delay lines. Tables G.1, G.2, and G.3 summarizes the
experimentally achieved phase noise improvement results at 1kHz and 10kHz offset frequencies using
MZM link in comparison to analytically predicted performance. Table G.4 summarizes the experimentally
achieved phase noise improvement at 1kHz and 10kHz offset frequencies using EAM link. Measurement
results of Table G.1 and Table G.4 indicate that EAM link provide phase noise reduction comparable to
that of MZM link, and it is desirable to construct a compact system using EAM link. As demonstrated [8][9] for ILPLL oscillators both close-in and far away from carrier phase noise could be reduced by combing
IL and PLL function; therefore, one could employ forced self-injection and self-phase locking to build a
SILPLL oscillator to improve performance of an oscillator. The merits of the SILPLL techniques are to be
investigated in Appendix H.
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Figure G-17: Phase noise of SPLL with EAM Link and Board #3 for various delays. Black: VCO free run; Red: SPLL 1km;
Blue: SPLL 3km; Green: SPLL 5km. Kd=0.02V/rad, Ko=2π×1MHz/V

Figure G-18: Experimental setup of DSPLL VCO using EAM Link

Figure G-19: Phase noise of DSPLL with EAM Link and Board #3 for various delays. Black: VCO free run; Red: DSPLL
1km+3km; Blue: DSPLL 1km+5km; Green: DSPLL 3km+5km. Kd=0.02V/rad, Ko=2π×1MHz/V
Table G.1 Comparison of SSB phase noise for VCO with different circuit configurations
Phase Noise Comparison
Measured (dBc/Hz)
1kHz

10kHz

VCO w/ 5port VCO

-26

-58

SPLL 3km

-71

-78

DSPLL 3km+5km

-91

-100
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Table G.2. Comparison of SSB phase noise for free running OEO and SPLL OEO with BPF Control
Phase Noise Comparison

Measured (dBc/Hz)
1kHz

10kHz

OEO 100m

-53

-81

SPLL 3km

-91

-108

Table G.3. Comparison of SSB phase noise for free running OEO using Avantek Amplifiers and SPLL OEO with MZM
Control
Phase Noise Comparison
Measured (dBc/Hz)
1kHz

10kHz

OEO 100m

-69

-96

SPLL 5km

-89

-119

Table G.4. Comparison of SSB phase noise for free running VCO w/ FR4 BPF and SPLL VCO with MZM Control using
MZM Link
Phase Noise Comparison
Measured (dBc/Hz)
1kHz

10kHz

VCO w/ FR4 BPF

-29

-58

SPLL 3km

-69

-86

DSPLL 3km+5km

-74

-91
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Appendix H
H1 Forced Oscillations Using Self–Injection Locking and Phase Locked Loop (SILPLL)
It has been demonstrated that SIL and SPLL techniques provide excellent phase noise reduction in farout and close-in offset respectively (Appendix G) [1]-[3]. Combining SIL and SPLL simultaneously, low
phase noise level in wider offset range is expected. A control theory based linear model of SILPLL is
described to predict the phase noise of SILPLL in locked state, the linear model agrees with experimental
data within 5-10% accuracy. The nonlinear model would give correct prediction but convergence
problems related with spice and harmonic balance tools can give erroneous result if nonlinearity and
mode jumping associated with optical components are not taken care of. Experimental result that
demonstrates the benefit of SILPLL over SIL in close in to carrier offset is reported in section H2.
Performance of dual loop SILPLL with various delay combinations are reported in section H3, and the
performance comparison of the experimental results is summarized in section H4.
H1 Analysis of SILPLL
From Appendix F1 and G1 IL and PLL phase dynamics can be described by
IL Phase Dynamics

[

]

(H.1a)

PLL Phase Dynamics

[

]

(H.1b)

where
and
, and Kd is the phase detector sensitivity in V/rad; Kv is the VCO
tuning sensitivity in rad/V; f(t) is the impulse response of the loop filter.
Assume linearity still holds when the system is in locked state, the ILPLL phase dynamics can be
obtained by adding IL and PLL phase dynamics as
[

]

[

]

(H.2a)

The phase dynamics of ILPLL in the presence of noise can be described in a similar fashion in cases of IL
and PLL (Appendix F1 and G1)
[

]

[

]

[

]

(H.2b)

From (H.1) and (H.2), the output phase of SILPLL due to noise can be found by converting the above
Equations into Laplace domain as
(

)

(

)

(

)

(

(H.3)

)

where
is used for converting time domain into Laplace domain.
From (H.3), the power spectrum for phase of SILPLL becomes
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(H.4)

H2 SILPLL OEO using MZM as SPLL control
The technique of SILPLL is applied to a standard OEO for phase noise reduction, and the experimental
results have been reported. The block diagram of SILPLL OEO is shown in Figure H-1. A standard OEO with
100m fiber delay is shown within the black dashed box. A portion of the optical signal of the OEO is
coupled out and is being delayed by a longer fiber of 5km.
As shown in Figure H-1, the delayed optical signal is converted to electrical signal by a photodetector. It
can be seen in Figure H-1 that half of the photodetector output is sent back to the standard OEO directly
to form an SIL path (shown in a green curve) and another half is amplified and is sent to the ‘Mixer+LPFA’
board for comparison against the non-delayed signal to generate an error signal for frequency
H1

adjustment of the OEO by changing the MZM bias voltage. The SPLL portion is shown in purple in Figure
H-1.

Figure H-1: Block diagram for SILPLL OEO

The measured SILPLL phase noise with 5km delay is shown in blue curve of Figure H-2. The achieved
phase noise is -96dBc/Hz at 1 kHz offset and is -120dBc/Hz at 10 kHz offset, which demonstrates a
reduction of 27dB and 24dB at 1 kHz and 10 kHz offset, respectively. Simulated phase noise of SILPLL
using (H.4) is also provided as red curve in Figure H-2, which agrees well with the measurement. Phase
noise of OEO with different frequency stabilization techniques are plotted in Figure H-2, the spot noise at
1 kHz and 10 kHz are also tabulated in Table H.1. From the measured results, the distinction between
different technologies are insignificant even though SILPLL is expected to achieve lower phase noise than
SIL in the close-in to carrier offset region while maintaining same noise level of SIL in the far-out offsets. A
possible reason for the limitation could be due to the high noise level of the system (Appendix E) and PLL
operation. The input power at the mixer RF port is limited which results in a low sensitivity (estimated to
be 0.01V/rad) of the phase detector function. In addition, the tuning sensitivity of OEO using MZM
control is limited to 200 kHz/V at 5V. These parameters result in a PLL loop BW of about 80 kHz, which is
not sufficient to provide significant phase noise reduction.

Figure H-2: SILPLL OEO phase noise for 5km delay. Parameters for SPLL portion: Kd=0.01V/rad, Ko=2π×200kHz/V and
Board #1 is used. Red curve is simulated; blue is measured.
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Figure H-3: Comparison for OEO with different frequency stabilization techniques.
Table H.1: Comparison of SSB phase noise for free running OEO and SPLL OEO with BPF Control
PN at 1kHz
PN at 10kHz
OEO Free-Run
-69dBc/Hz
-96dBc/Hz
SPLL 5km
-89dBc/Hz
-119dBc/Hz
SIL 5km
-91dBc/Hz
-119dBc/Hz
SILPLL 5km
-96dBc/Hz
-120dBc/Hz

H3 SILPLL VCO with EAM Link
In this section, a VCO with higher tuning sensitivity and an EAM link with less loss are used to construct
the SILPLL function for achieving higher PLL BW and eventually improving the SILPLL performance.
H3.1 SILPLL VCO
Figure H-4 shows a typical Block diagram of experimental setup of SILPLL VCO using EAM link, where
VCO module is identical one used in Appendix G5 with FR4 BPF. The output of the VCO drives an EAM,
which is integrated with a DFB laser in a small package. The output of the EAM is amplified by an EDFA
whose output passes through a 1km fiber delay, and is received by a photodetector.
The output of the photodetector is sent to ‘Mixer+LPFA’ board #3 with power level of 13dBm after
amplification, exhibiting an improved phase detector sensitivity of about 0.1V/rad as opposed to
0.01V/rad in MZM link.
The delayed signal is compared with non-delayed signal for phase comparison, and the generated error
signal will control the reverse bias voltage of the varactor diodes on the BPF to adjust the VCO frequency.
The tuning sensitivity is increased to 1MHz/V at 5V compared to 200 kHz/V in an OEO.

Figure H-4: Block diagram of SILPLL.

It can be noticed that there is not a dedicated path for SIL, but the power at Mixer RF port will leak into
the VCO due to finite isolation between RF and LO ports of the mixer. The VCO is very sensitive to
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injection locking due to the very low Q BPF, and this power leakage of about -25dBm is strong enough to
form a SIL path. The effect of this leakage induced SIL is measured, when the ‘Mixer+Filter’ board is
switched off, and the phase noise due to the leakage is shown in green curve of Figure H-5.
Measured phase noise of SILPLL with 1km delay is plotted as blue curve in Figure H-5. As shown in
Figure H-5, the measured phase noise is -69 dBc/Hz at 300Hz offset from the carrier; this corresponds to
a reduction of 58dB and is -87dBc/Hz at 10 kHz corresponding to a reduction of 29dB. It can be pointed
out that when the SPLL is functioning, the SIL due to power leakage from mixer RF port is also present;
the overall phase noise is really due to the combination of SIL and SPLL. For comparison, phase noise of
SIL alone with 1km delay is also provided in red curve of Figure H-5.
Note that SILPLL phase noise is superior to SIL phase noise up to 3 kHz offset, beyond 3 kHz SILPLL
phase noise follows SIL phase noise, which is expected, from the analytical modeling. Phase noise of
different frequency stabilization techniques for VCO using EAM link are quantitatively tabulated in Table
H.2 to show the benefit of SILPLL over SIL.

Figure H-5: Experiment Results of VCO with SILPLL. Mixer Board #3 is used, 1km delay, Black: VCO free run; Red: SIL
1km; Blue: SILPLL 1km; Kd=0.1V/rad, Ko=2π×1MHz/V
Table H.2: Comparison of different circuit topologies utilizing single fiber delay for VCO with FR4 BPF
300Hz
1kHz
10kHz
VCO free run
-11
-29
-58
SIL 1km
-42
-58
-86
SILPLL 1km
-69
-68
-87

Fiber delays longer than 1km are also attempted to provide more phase noise reduction. However, the
side-modes of the long delay makes the PLL loop to be unstable, and dual loop SILPLL is proposed to
reduce the side-mode level of long delay for further phase noise reduction.
H3.2 Dual-Loop SILPLL VCO
The block diagram of dual loop SILPLL is similar to that of single loop SILPLL (Figure H-4). The difference
is the output of the EDFA is split into two paths: one with a 5km delay and another with a 3km delay.
Signals from the two-delayed path are picked up by two photo detectors independently, and the
converted electrical signals are combined in a 900 hybrid. The combined signal is amplified and then is
sent to the ‘Mixer+LPFA’ to complete the SPLL function. Once again, the leakage from mixer RF port will
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induce SIL function onto the VCO, and the resulting phase noise is shown in green dashed curve in Figure
H-2.

Figure H-6: Block diagram of DSILPLL

Figure H-7 shows the measured phase noise of DSILPLL with various delay combinations. The measured
results, combination of 3km and 5km delays yields the best phase noise of -82dBc/Hz at 300Hz offset
resulting in a 71dB improvement and -98dBc/Hz at 10 kHz offset resulting in a 40dB improvement. Phase
noise performance in the case of 1km and 5km delay is inferior to 3km and 5km delay even though the
length of the longer delay is the same.
This could be due to the side-modes of 1km (every 200kHz) and the side-modes of 5km (every 4 0kHz)
are harmonically related therefore the side-modes suppression is not so effective as in the case of 3km
and 5km delays, where the side-modes are non-harmonically related. They are spaced every 66.7 kHz for
3km delay and 40 kHz for 5km delay. Phase noise of DSILPLL and DSIL are shown in Figure H-8 for
comparison. Same delay combination of 3km and 5km is used for both stabilization techniques. We can
see that phase noise of DSILPLL is 29dB lower than that of DSIL, which demonstrates the advantage of
DSILPLL over DSIL alone. Spot noise with different circuit topologies are also tabulated in Table H.3 for
comparison of different techniques.

Figure H-7 Phase Noise of DSILPLL VCO. Mixer Board #3 is used, Black: VCO free run; Red: DSILSPLL 1km+3km; Blue:
DSILSPLL 1km+5km; Green: DSILSPLL 3km+5km. Kd=0.1V/rad, Ko=2π×1MHz/V
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Figure H-8 Phase Noise of DSILPLL VCO. Mixer Board #3 is used, 1km delay, Black: VCO free run; Red: SIL 1km; Blue:
SILPLL 1km; Kd=0.1V/rad, Ko=2π×1MHz/V
Table H.3: Comparison of different circuit topologies utilizing single fiber delay for VCO with FR4 BPF
300Hz
1kHz
10kHz
VCO free run
-11
-29
-58
DSIL 3km+5km
-53
-69
-97
DSILPLL 3km+5km
-82
-80
-98

H4 Summary
This Appendix is dedicated to the analysis and experimental performance evaluation of self-injection
locked phase locked loop (SILPLL) oscillators using long optical delay lines. Table H-4 summarizes the
reduction of phase noise data experimentally, at 1 kHz and 10 kHz offset frequencies using EAM link.
Table H.4: Comparison of different circuit topologies utilizing single fiber delay for VCO with FR4 BPF

VCO free run
DSIL 3km+5km
DSILPLL 3km+5km

300Hz
-11
-53
-82

1kHz
-29
-69
-80

10kHz
-58
-97
-98

References
[1]

[2]

[3]

L. Zhang, V. Madhavan, R.P. Patel, A.K. Poddar, U.L. Rohde, A.S. Daryoush, “Ultra low FM noise in passively
temperature compensated microwave Opto-electronic oscillators,” in Proc. 2013 IEEE International
Microwave & RF Conf.., New Delhi, India, pp. 1-4.
L. Zhang, A.K. Poddar, U.L. Rohde, A.S. Daryoush, “Analytical and experimental evaluation of SSB phase noise
reduction in self-injection locked oscillators using optical delay loops,” IEEE Phot. Journ., vol. 5, no. 6, Dec.
2013.
Li Zhang, Optoelectronic Frequency Stabilization Technique in Forced Oscillators, PhD Thesis, Drexel
University, 2014.

H6

Appendix I
I1 Phase Noise Performance of OEO Circuit Using Optical Transversal Filters
Applications in commercial and military require low-phase noise oscillators [1]. Techniques such as selfinjection locking (SIL), self-phase locking (SPLL), and use of a fiber delay have been demonstrated in
optoelectronic oscillators (OEO) to improve phase noise over standard oscillators (Appendix F, G, H) [2] .
These optical techniques, while demonstrate excellent performance, often have high spurious levels
close-in-to-carrier, which could only be removed using narrowband optical filtering such as dual SIL and
SILPLL [3]. Optical transversal filters, or Mach-Zehnder interferometers (MZI’s), are proposed as another
alternative to suppress the side-modes present in OEO’s. MZI filters RF signals in the optical domain, and
have been previously reported in [4]-[5]. The advantage of using optical transversal techniques over
equivalent electrical techniques lies in their inherent narrow bandwidth, small size and low loss for very
high order, and ease of tunability. Narrowband RF filtering is required for stabilization of optoelectronic
oscillators and forced oscillators. An optical transversal filter is proposed to perform narrowband RF
filtering in opto-electronic (OEO) oscillators by realizing a Mach-Zehnder interferometer (MZI) at RF
frequency of 8.8GHz. This 1st order optical filter is realized utilizing various lengths of SMF-28 fiber and
3dB couplers to perform RF filtering in the optical domain. With proper delay length, arm amplitude
balance, and filter implementation, a stable filter with large null depth can be achieved. A tuning of 33
kHz/nm is also achieved using standard fiber dispersion at 1550nm. The phase noise measurements of
standard OEO are performed using this transversal filter with excellent results.
I1.1 Optical Filter Analysis and Modeling
The feed-forward 1st order MZI consists of two ideal 3-dB fiber couplers having a delay arm and
reference arm as shown in Figure I-1(a). Light is injected into port 1 or 2 and received at port 3 or 4.
The filter transfer function is given at operating RF angular frequency of by
( ) |
( (
)|
(I.1)
where τd is due to the fiber delay at source wavelength of λo. For simplicity, (1) assumes 3-dB equal
split in the couplers. It is apparent that the filter frequency response is dependent on delay length and
optical wavelength tuning. The optical wavelength can be varied to determine the overall tunability of
the filter and is specified in units of kHz/nm.

(a)

(b)
st
Figure I-1: Optical transversal filter layout showing 3-dB couplers and fiber delays, a) 1 order filter with Delay; b)
th
N-1
N order optical transversal filter with delays of L, 2L, …2 L .
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This delay is related to index of refraction of fiber core at λo by ( ) , speed of light in free space c,
and
the fiber length difference between reference arm and delayed paths as:
( )
(I.2)
The term τD in (1) is due to fiber dispersion and provides option of narrowband filter tuning by adjusting
the optical source wavelength and is represented by
( )
(I.3)
where
is wavelength tuning away from λo wavelength of optical source and D is the dispersion
parameter in units ps/nm/km.
Simulated results of 1st order filter are depicted in Figure I-2(a) for a 150m long fiber. By cascading a
number of 1st order filters, a higher order optical filter can be realized as shown for an Nth order optical
transversal filter in Figure I-1(b). To achieve a narrowband filtering, delay #2 could be set as twice delay
#1.
In the high order transversal filters (Figure I-2a) combinations of fiber delays that are even multiples of
one another result in having filter tuned to the same center frequency, while the side-mode that pass in
the 1st order are removed as depicted in Figure I-2(b) for lengths of 50m and 100m loops. CAD
simulations are also performed for 2nd order transversal filter at source wavelengths of 1534nm and
1565nm to evaluate wavelength tuning of this filter.
Figure I-2(c) illustrates a complete change in passband and stopband in these two wavelengths.
Moreover, the simulated results depict filter tuning of 32 kHz/nm for standard fiber dispersion of
D=17ps/nm.km. A higher tuning range is expected for dispersive photonic crystal fibers, as reported in
[3]. Optical coherence effects are considered when designing an MZI. Upon injection of light into port 1
of the MZI, the light splits and remains coherent for a period defined as the coherence length.
Upon recombination at port 3, if the light remains coherent it will undergo optical interference-this is
not desirable as the goal of RF filtering is RF coherence, not optical coherence. To avoid optical
coherence, difference in delay between arms 1 and 2 of the MZI should be greater than the coherence
length. Assuming a Lorentzian distribution, the laser coherence length is given approximately by
⁄

(I.4)

where τcoh is the coherence time, c is the speed of light in a vacuum, and Δν is the laser line width.
The laser selected for experiments is a Eudyna FLD5F10NP C-band DFB laser with an electro-absorption
modulator (EAM). The laser line width is approximately 1MHz corresponding to a coherence length of
about 95m.

I1.2 Experimental Result
In order to validate the noise suppression performance of the optical transversal filter, the MZI is
placed in an Opto-electronic oscillator, as depicted in Figure I-3. Various realization of OEO are reported
in [1]-[2], particularly Opto-electronic frequency stabilization of forced oscillators are presented in [3].
The experimental results of Opto-electronic transversal filter are reported for the first time here. The MZI
follows the optical delay to provide side-mode suppression, as an alternative to multi loop ILPLL
techniques reported in [1]-[3].
Output ports 3 and 4 are electrically combined after detection by photodiode (PD) using a Wilkinson
power combiner (i.e., a 3dB coupler), as opposed to optical combination to avoid higher phase noise
generated due to the optical phase fluctuations for optical interference. For differential lengths longer
the coherent length of laser diode, the optical phase fluctuations is insignificant for optical MZI.

I2

(a)

(b)

(c)
st
nd
Figure I-2: Simulated performance of MZI’s at source wavelength of 1554nm for a) 1 order of 150m long and b) 2
nd
order 50m+100m; c) tuning of 2 order 50m+100m from 1534nm (in blue) to 1565nm (in green).
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A 1st order MZI was characterized first. The filter consisted of Corning SMF-28E fiber and Ascentta 2x2
3dB couplers for C-band. A Eudyna FLD5F10NP DFB laser is biased by a Lightwave LDC3900 controller and
externally modulated by a Gigatronics GT9000 Microwave Synthesizer.
The operating wavelength is 1554nm as measured with an Anritsu MS9710 optical spectrum analyzer.
The MZI output is fed to a Discovery DSC50S PIN photodiode, which produces an RF signal to be amplified
by a FET based Avantek 30dB amplifier. The amplified RF signal is monitored using a Rohde & Schwarz
FSUP-50 signal source analyzer.

Figure I-3: Experimental set-up of OEO with optoelectronic transversal filter, various lengths of fiber are considered
for Opto-electronic transversal filter implementations.

I1.2.1 Transversal Filter Measurement
The filter transfer function is measured for a 150m MZI and results are depicted in Figure I-4, where the
max-hold feature of spectrum analyzer is employed, while sweeping frequency of the RF synthesizer in 5
kHz increments. Comparison of simulated and measured results of 1st order transversal filter is
summarized in Table I.1.
Measurements were performed using an ID Photonics CoBrite DX4 laser driver module, Corning SMF28, and Ascentta 3dB 2x2 C-band couplers. The 100m 1st order filter was tested from 1534nm to 1565nm
and frequency response is shown in Figure I-5. A tuning of 33 kHz/nm is experimentally measured that is
comparable to the simulated performance.

st

Figure I-4: Transfer function of 1 order MZI with 150m delay, as an optoelectronic transversal filter.
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Filter
30-m
150-m
500-m

Table I.1: Measured and simulated 1 order transversal filter results
Full-null bandwidth
Max. rejection
Full-null bandwidth
Max. rejection (dB) (MHz) - measured
(dB) - measured (MHz) - simulated
simulated
5.45
31.3
6.71
inf.
1.04
29.7
1.34
inf.
0.41
30.0
0.40
inf.

st

Figure I-5: Experimental results of frequency tuning of a 1 order optical transversal filter using a100m long fibers at
wavelengths of 1534nm (blue) and 1565nm (green). Fluctuations are due to optical phase interference.

I1.2.2 Phase Noise Measurement Using Transversal Filter
Phase noise measurements are performed using the Rohde & Schwarz FSUP-50. A 3km delay is selected
for the OEO delay. The 1st order transversal filters with the lengths of 30m, 100m, 150m, and 500m are
inserted after the 3km delay; phase noise measurements are shown in Figure I-6.
The experimental results with the filters demonstrate phase noise roll-off slope of -30dB/decade at
close in to carrier and phase noise of -125 to -135dBc/Hz at 10 kHz offset. However, the OEO phase noise
levels of -145 dBc/Hz and -150 dBc/Hz is intermittently measured at 1 kHz and 10kHz offset carrier
respectively, as depicted in Figure I-6.
This intermittent improvement in performance was observed for the cases where a large number of
closely packed side-modes exist for the MZI lengths longer than 30m.
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Figure I-6: Measured close-in to carrier phase noise of a 3km OEO using various transversal filter lengths of 30m
(green), 100m (blue), 150m (black), 500m (magenta), and 100m during mode-locking (red).

I1.2.3 Summary
Opto-electronic transversal filter is analytically studied and experimentally validated for use as a
narrow band filter in OEO. Very low close in to carrier phase noise of better than -100dBc/Hz (and
frequently levels of -145dBc/Hz) is observed at 1 kHz offset. This unprecedented low phase noise is
attributed to mode locking [6]-[7] of the larger number of modes in the transversal filters.
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